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LOW POWER HIGHLY LINEAR CMOS OUTPUT BUFFER
FOR
LOW TEMPERATURE INFRARED FOCAL PLANE ARRAYS

By
David Paul Foley

ABSTRACT

A design for a low power highly linear CMOS output buffer is presented.
The buifer is designed for use on NASA's Atmospheric Infrared Sounder's
scanning focal planes, and is intended to operate at 60 K. Given the requirements
for power dissipation, load capacitance, and settling time a class A output buffer
would be unsuitable. The approach taken uses a class AB amplifier configured as a
charge integrator. Thus, it converts a charge packet in the focal plane
multiplexer to a voltage which is the output of the focal plane array.

Measured performance meets or exceeds design goals in the majority of
devices tested. With a quiescent current of 18 microamperes, and a load
capacitance of 100 picofarads, settling to .03 % is obtained in less than 3.5
microseconds. Integral nonlinearity is less than .03% over 5.5 volts with a 6 volt
supply. An output current limit imposed by device mismatch is responsible for
low slew rate in some units.

Measured performance agrees with predicted performance in most areas.
Excess high frequency noise is noted in the amgplifier input referred noise
voltage, but consistently high levels are also found in device measurements.
Excess sampled noise contributions from the switch elements is observed, with
RMS noise 3.5 times greater than the theoretical value. Measured maximum
positive output current is larger than expected.

A technique for calculation of loop gain, suitable for numerical
computation, is presented and shown to give results consistent with traditional
approaches.

Thesis Supervisor : Neil R. Butler, PhD

Title: Engineering Fellow, LORAL Infrared and
Imaging Systems
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1. INTRODUCTION

The Atmospheric Infrared Sounder (AIRS) is a research instrumant that
has been selected tc fly on the first Earth Observing System (EOS) polar orbiting
platform (4th qtr. 1996‘ launch)[1]). The EOS is designed to improve understanding
of the earth as a system through remote observation of our environment with a
comprehensive suite of instruments.

AIRS is the chief atmospheric sounder on EOS and will provide data for
NASA's earth science research programs as well as NOAA operational programs
(i.e. weather prediction). A major objective of AIRS is providing data which can
be used 1o determine atmospheric temperature profiles accurate to 1° K in a
vertical resolution of 1km.

To meet these and other requirements AIRS spectral resolution will cover
the range from 3.4 um to 15.4 um with more than 3600 spectral measurements at a
resolving power of A/AA = 1200. The noise equivalent change in temperature must
be 0.2°0 K.

The AIRS instrument design consists of two multi-aperture, pupil imaging
grating spectrometers.  One spectrometer covers the spectral region (3.4-8.6 um)
while the other (8.6-15.4 um). Each spectrometer contains an echelle grating and
utilizes detection in several grating orders. The optical design provides spectral
separation by imaging different spectral regions to different locations on the
focal plane.

The focal planc/dewar assembly consists of optical filters, IR detectors,
multiplexers, and dewar elements with stringent performance and alignment
requirecments. There are two focal planes within a common dewar both of which

operate at 60°K by means of a closed cycle refrigerator. The dewar assembly



isolates the 60°k focal planes from the 155°k optical benches. The focal planes are
comprised of linear mercury cadmium telluride (HgCdTe) detector arrays. Each
linear array is covered by a different optical bandpass filter 1o isolate the proper
grating order and reject stray radiation.

Every 2.667 scconds AIRS will scan a +/- 49.5 degree swath in a direction
perpendicular to the EOS satellite's ground track. The scanner employs a
continuosly rotating 45 degree mirror and provides a spectral calibration, and a
two point radiometric calibration. The AIRS instantaneous field of view (IFOV) is
1.1 degree, providing a 13.5 km diameter footprint while looking straight down
from a 705 km orbital altitude.

After considerable flowdown from the system requirements, a set of design

goals for the output buffers of the focal plane multiplexers were determined.

1,2 Buffer Char risti

Before considering the design goals for the AIRS output buffer a general
discussion of output buffer characteristics is appropriate. As a circuit block the
function of a buffer is to accept a signal from a previous circuit block and
present it as input to a following circuit block. In the simplest case the input and
output signals are circuit voltages. The signal domain of the buffer may be
continuous or discrete. The same distinction can be made with the time domain.
The AIRS buffer will deal with a continuous value , discrete time signal.

Figure 1.1 shows an idealized buffer for which Vout=Vin. Real buffers
have performance limitations which must be considered when considering there

suitability for a particular application.



VinC— —{>Vout

Fig. 1.1

When a signal passes from one stage in a circuit to another it is generally
reduced and distorted by the voltage divider that is comprised by the output
impedance of one stage and the input impedance of the following stage. The
principal reason for using a buffer is to improve the impedance relation that
would otherwise exist between two portions of a circuit. An ideal buffer would
have infinite input impedance and zero output impedance which would eliminate
that portion of signal distortion which arises from this voliage divider. The input
and output impedances of real buffers must be designed to interface with adjacent
circuit blocks.

Aside from impedance considerations a buffer may introduce additional
errors into the signal. For DC signals these limitations may be classified as input
range, offset, gain, and nonlinearity. An ideal buffer would have an input range
equal to the entire signal range, an offset of zero, a gain of one, and a
nonlinearity of zero.

For AC signals these limitations may be classified as bandwidth, supply
rejecticn,noise, and slew rate. An ideal buffer would have an infinite bandwidth,
infinite supply rejection, infinite slew rate and zc¢ro noise.

Other buffer characteristics would include power consumption, physical
size and semiconductor process. To design the AIRS output buffer values for the

above characteristics need to be developed.

1.3 Development of Design Requirements for OQutput Buffer



Some of the design requirements for the AIRS output buffer follow quite
naturally from system requirements, others have arisen from baseline budgets
which represented a system designer's best estimate of an optimal configuration.
With a projected 4th qtr. 1996 launch, the AIRS system will certainly undergo
many revisions before that date. The requirements form the starting point for
the design. An appreciation of the rational for these requirements is important
for a number of reasons. First it indicates the relative importance of the design
requirements. This is important because it may be possible to achieve better than
spec performance. In this case the designer should improve performance in that
arca of the design which will give the most system return. A better overall design
will result if the specifications convey more information than minimum
requirements.  Secondly, the designer may judge for himself the validity of the
requirements, An inaccurate or overly conservative requirement may render a
solution impossible or overly complex. A designer should know when 1o
challenge a requirement in order to achieve overall system improvement.

To minimize heat loss from the 60°K focal plane to the off focal plane
clectronics which will be at a substantially higher temperature, it is planned 1o
use interconnections which have low thermal, and therefore unfortunately low
electrical conductance. For this reason undesirable ground potential differences
between the focal plane and the electronics are expected. To combat this signal
corruption differential outputs are a requirement. For increased common mode
rejection the differential output must be balanced. This is to say, that the
impedance of each of the two lead outs must be matched. In this way their
response 1o external stimuli will be as matched as is possible and greater rejection

of common mode signals will result.



Due to the physical layout of the AIRS instrument, it is expected that three
feet of cable will connect the focal plane to the electronics. The capacitive load
due to this cable is projected to be 100pF.

The largest detector array is baselined to have 208 channels. Each channel
integrates photocurrent for 1.23 milliseconds. This time results from a dwell time
of 22.22 ms and a dcsirc to have 18 samplies per dwell in order to perform image
smear compensation. The output data rate from the largest FPA multiplexer must
therefore be greater than 208/1.23ms = 169 kHz. Because all channels are
designed to integrate simultaneously a sample and hold function must be
performed prior to readout and the output data rate requirement has been
specified at 200 kHz. This leaves 5 microseconds to output each pixel.

Available cooling capacity limits focal plane active power dissipation to 60
milliwatts. 8.5 milliwatts of this amount has been budgeted to outputs. NASA
redundancy requirements dictate two output buffers per multiplexer and with 17
multiplexers on the short wave focal plane this leaves 8.5mw/(17x2) = 250 uW
available for each output.

A 1.5 micron CMOS process has been selected for the focal plane
multiplexers. VDD-VSS is set for 6 volts. As large a signal range as possible is
desired as it increases the dynamic range of the system. A minimum signal range
of 3 volts has been baselined.

It is centainly desired that the output buffer not degrade the signal to noise
ratio of the signal being output. On the other hand as long as the noise introduced
by the output buffer is small compared to other noise sources then it is not worth
trading off other performance parameters in order to reduce the noise still
further. If one considers the channel of the AIRS instrument servicing the
wavelength 3.4um one finds that taking into account the scene which is being

viewed, the optics of the instrument, and the detector characteristics that the
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maximum number of signal photoclectrons that can be collected in the 1.23 ms
integration time is 4x10%. It is desired to integrate this charge onto a capacitor
small enough to generate a full signal range of 3V but the smallest capacitor that
can be consistently fabricated is estimated to be around 20 femtofarads. On this
size capacitor a signal of .3V results. The input cell on the focal plane multiplexer
which couples with the 3.4 um HgCdTe detector has an input referred rms noise of
40 electrons. These numbers indicate that the signal to noise ratio for this
channel will in no case be any better than about 1000 to 1. By providing gain to
this channel, the output signal could be brought up to 3Volts. In this case the rms
noise level of the signal would be 3mV. . Analysis of each channel shows that at
the output of the focal plane the signal will always have a rms noise greater than
1 millivolt. Based on this the rms noise of the output buffer has been specified at
500 microvolts. Since independent noise source combine in quadrature, output
read noise would always contribute less than 12% of the total noise.

Settling time requirements depend on off chip sample and hold
characteristics and the maximum signal change from one pixel to another. As
neither of these have been fixed, the author has adapted a goal of settling 10 .03%
(1 part in 3000) in 4psec for a 3V step output change. This leaves lusec for the
external sample and hold to acquire the output which will have settled to within a
millivolt for a full signal range step change.

An initial estimate of available real estate was set at .5x.75 mm2. As only
two output buffers exist on each focal plane this specification is not a very hard
limit and somewhat more space could probably be made available without very
much difficulty.

Focal plane multiplexer architecture dictated that the output buffer must
take charge as its input signal from a bus shared by up to 208 channels. Pixel

pitch is set at 50 microns which determines the length of the bus and therefore its
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capacitance. Including the capacitance from 208 source/drain diffusions
hanging on the bus, the total stray input capacitance is 1.7 picofarads. The sample
capacitor feeding the bus from each channel is 3pF (fig.1.2).

Nonlinearity of the multiplexer is targeted to be better than .5%. The
output buffer itself hase been budgeted to have .1% nonlinearity. This figure is
interpreted as integral nonlinearity over the specified output range. A

summary of output buffer requirements is given in Table 1.1

Semiconductor Process Orbit 1.5u twin well

Operating Temperature 60°K

Data Rate 200 KHz

Settling Time(to .03% for 3V step) 4us

Output Range 3 volts

Integral Nonlinearity 1%

Noise 500 pV RMS

Power 250 uW

Capacitive load 100 pF

Area .375 mm?2
TABLE 1.1

12
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The simplest output structure is the source follower (fig.1.3).

vDD
VinD——“
>— —>Voutl

J"CL& 1
1

Fig 1.3

Because of it's simplicity, this has been enormously popular. This circuit
comes in p and n channel variecties which may have their wells connected to
there sources if the fabrication allows. Characteristics of this circuit can be
found in introductory circuit texts. The current source is generally located off
chip to reduce on chip power dissipation. Because it is the prevalent output
buffer a summary of its characteristics follow.

Signal range: The output for the n channel follower is one Vg5 below the
input. This Vgs drop is often lost from the overall signal range. Unfortunately,
MOS transistor threshold increase by about .4 volts when cooled to LN2
temperatures so zero bias thresholds of up to 1.4 volts may be anticipated. If the
output transistor is not source connected a further increase in threshold occurs

due to Vgp. When operating in strong inversion the transistor Vgs exceeds the

threshold by an amount Av which depends on the bias current.

Av = v (QUk(W/L)) (1.1)
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Equation 1.1 is derived from the square law relation for MOS drain current and is
valid for Vgs sufficiently above threshold yet small enough so that mobility
degradation effects have not yet become apparent. Even at LN2 temperatures
(77°K) MOS device equations such as those used in SPICE are generally valid.
Certain parameter values do change in a way which is not consistent with the
temperature dependance assumed in SPICE. This is because SPICE was not designed
for cyrogenic operation. One must extract parameters from device data measured
al operating temperature to use for cryogenic circuit design. In order to recover
some of the lost signal range the source of an n channel follower can be allowed
to go below VSS if i's well is tied to it's source. In this configuration the voltage
on the well substrate junction exceeds VDD-VSS. This may be acceptable because
the well 1o substrate breakdown voltage is generally larger than the source/drain
diffusion to wel! breakdown voltage because it is a more lightly doped junction.
Offset, Gain, Linearity: The offset of a voltage follower has just been

described. The small signal gain of a source connected follower is given by

ay=  gmro/(1+gmro) (1.2)

This figure can be very close to unity at low currents because the product
Emro increases with decreasing current until the subthreshold region of
operation is entered. However n channel followers can suffer severe degradation
of ro at high V4g due to impact ionization. This degradation results in a drop in
small signal gain and a nonlinearity in the overall transfer characteristic.

Impact ionization occurs because the electric field in the pinch off region
of the transistor channel becomes quite large as the Vds increases. Despite
fabrication steps to keep this field low scaling laws dictate that smaller geometry

processes must use higher doping densities and the mechanisms for large electric
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field strengths are ever present. When electric field strengths reach a cerntain
value known as Ega; the energy acquired by a drift electron between collisions is
enough to create an electron hole pair. This energy loss mechanism is sufficient
to keep the drift velocity of the electron from increasing as the electric field is
increased beyond Egai. This is why Egay is known as the saturation field strength.
At large Vgs the field in the pinch off region is often large enough for impact
ionization to be a major effect. Because the electron created in the electron hole
pair is free to itself cause further ionizations avalanche multiplication takes place
and the drain current increases rapidly with V4s. In an n channel device the
excess clectrons created in the pinch off region are attracted to the drain while
the holes are attracted to the substrate. For this reason a corresponding increase
is seen in substrate current when impact ionization is taking place. Impact
ionization is not genecrally a problem in p channel transistors because holes have
lower mobilities and therefore larger saturation field strengths.

A follower which is not source connected will have a nonlinearity due to
the back gate effect. The back gate effect increases the threshold of the
transistor by an amount which depends nonlinearly on voltage between the
source of the transistor and the well of the transistor.

Bandwidth: The small signal bandwidth of a follower is given by

®3db = gm / CL (1.3)

As it consists of a single transistor, all the power dissipated by a source follower is

used in generating gm and hence bandwidth. In subthreshold operation the gn of

the transistor is given by

gm = M-V (1.4)
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while in strong inversion it is given by

gm =V (2l k -W/L) (1.5)

The transition between these expressions can be more than a decade broad in

drain current (fig 4.14). In order to obtain the most gm for a given current it is
desirable to operate the transistor in the subthreshold region. In the
subthreshold region the gn does not depend on the width and length of the
transistor so that if the transistor is too deeply into the subthreshold region it is
larger than it need be and has more gate and stray capacitance than it need be to
obtain a given g;m. A good tradeoff of these characteristics exists in the transition
region between subthreshold and strong inversion. Actual device measurements
are required to determine gm accurately in the transition region.

Slew Rate: A serious drawback of the follower is its siew rate limitation.
For the n channel follower shown in fig. 1.3 there is no positive slewing

limitation, but

SR- = I/CL (1.6)

This limitation can become severe if the capacitive load is large enough.
Operation at fixed power and speed can become impossible.
Noise: The input referred noise model of a MOS transistor has been given

by

Veq¥/Af = 8KkT/3gn + kp/WLCox2f (1.7)
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Since the source follower has relatively large gm and large gate area for a given
curreni it has good noise properties.

Input, Output Impedance: The source follower connection has good input
impedance since only a fraction of the Cgs of the transistor appears as input
impedance. Because the follower has near unity gain the voltage of the source
follows the voltage at the gate. For this reason Vgs changes by a small fraction of
the input volitage change and the effective capacitance presented by Cgs is
diminished by this fraction. The gate to drain overlap capacitance Cgd can be
quite small in all but very large devices. The output impedance is given by 1/gnm
and for a follower designed to give maximum bandwidth for a given power

dissipation the impedance is minimized.

1.4.1 r follower with ch input
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Fig. 1.4
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The source follower can also be configured to accept charge as an input.
This technique was prevalent in hybrid IR focal planc arrays with CCD
multiplexers and can also be used in CMOS multiplexers. It is basically the samc as
the floating diffusion amplifier used in silicon CCD imagers. All of what was said
about a voltage input source follower applies here.

In addition, another noise term is present duc io the resetting of the input
capacitance.  When a capacitor is reset to a given voltage it is found that the
voltage on the capacitor after the reset operation differs in a random way from
the reset voltage. This phenomenon is due the the thermal noise in the switch
clement. The spectral voltage noise power in the switch element is proportional
to its resistance. The switch resistance and the capacitor form a low pass filter
whose ncise bandwidth is inversely proportional to the switch resistance. The
mean square noise voltage is equal to the preduct of these terms and is
independent of the switch resistance. This fluctuating noise voltage is sampled on
the capacitor when the switch is opened. It is interesting to note that the switch
opening may be looked on as the switch resistance becoming very large. In this
modcl the noise bandwidth of the the low pass filter becomes very small and the
voltage on the capacitor is constrained to fluctuate quite slowly compared to when
the switch was in the on state. In this way the fluctuating noise vollage becomes

sampled when the switch is opened. The RMS value of this fluctuation is given by

VrRMs2 = kT/C (1.8)

Unlike CCD imagers the noise already present in the input charge packet Q
is gcnerally larger than the read noise of the output amplifier., Read noise of the
output amplifier is seldom a dominant noise source in hybrid IR focal plane

arrays so amplifier designs are not driven by low noise requircments.
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1.4.1.3 Source follower with bipolar buffer
In order to solve the negative slewing problem of the source follower, the

circuit of fig 1.5 has been used.
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Fig. 1.5
A detailed analysis of this circuit shows similar small signal characteristics as the
follower while the slewing characteristics can be determined by a much larger
current than the on chip quiescent current.  Unfortunately the number of lead
brought off chip must be doubled in this configuration. The pair of leads brought
off chip for this output buffer do not have matched impedance characteristics. To
provide a differential balanced output would require four leadouts which is a
doubling of the allotted two. This is not a problem for a focal plane with a single
output, but the airs focal planes (long wave and short wave) have a total of 68
outputs with an allotted 132 lcadouts. It would be a rather poor trade to double this

number.
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142 Monolithic CCD Image Sensor Output Amplifiers

Charge Coupled Devices (CCD's) were invented in 1970 [2].  Although
originally concecived as a memory device, the primary use of CCD’'s over the past
two decades has been as an imaging sensor.

Evolution of output amplifiers for CCD operation has been in the direction
of lower noise. These systems apparently have not required operation in a
domain where speed, power, and capacitive load are incompatible.  All outputs
have been based on a single transistor and differ only in the way in which the
signal charge is coupled to the transistor.

As process improvements in CCD manufacture improved the read noise of
the output amplifier became the dominant noise source.[3] This provided a
considerable impetus to improve the output amplifier design. This is especially
true at low light levels where the shot noise of the signal packet is very small.

The first CCD output amplifier was the floating diffusion amplifier [4,5]

which is shown in figure 1.6
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n substrate

> | >Vout
Fig. 1.6

The signal charge is transferred to a floating diffusion where it generates a

certain voltage according to the capacitance of the diffusion. This voltage

appears at the gate of a MOS transistor where it can be read out with the transistor

acting as a source follower. The diffusion is then reset to fixed voltage and the
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circuit is ready for the next output. There are three sources of noise in this
circuit. They are the kT/C reset noise of the floating diffusion, MOSFET 1/f noisc
and MOSFET thermal noise. The output noise voltage can be referred to the input
by multiplying by the diffusion capacitance.

The reset noise of the diffusion capacitor was climinated by a technique
known as correlated ddublc sampling (CDS) [6] in which two samples were taken
for each output, one just after resetting the floating diffusion and another after
the signal charge has been transferred to the floating diffusion. By subtracting
these two measurements, the reset noise is eliminated from the measurement.
This technique also reduces some of the low frequency 1/f noise.

The thermal noise is inversely proportional to the transconductance of the
amplifier so to reduce this a large width transistor is desirable. The 1/f noise is
inversely proportional to the gate area of a transistor so likewise a large
geometry device is desirable. A small diffusion capacitance is desired because this
increases the node sensitivity and reduces the input referred noise measured in
electrons. No consideration is required of the floating diffusion reset noise since
it has been eliminated by using CDS. The considerations to produce minimal noise
come into conflict because a larger transistor (lower 1/f and thermal noise)
introduces a larger parasitic gate to drain capacitance on the floating diffusion
(smaller node sensitivity).  Studies have been done to optimize these geometries
for minimum input referred noise electrons.[7]

Wen introduced the floating gate amplifier in 1974.[8] Figure 1.7 is a
diagram of a fioating gate amplifier. In the floai:ng gate amplifier the charge
packet is shifted directly under the 1ransistor gate electrode. The signal is
capacitively coupled to the transistor gate which can be operated as a follower.
The charge is then shifted out from under the gate and the amplifier is ready for

another input,.
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FLOATING QATE AMPLIFIER
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Fig. 1.7
The important thing to note about this technique is that it is nondestructive. The
same charge packet can be read out more than once. Reset noise is also eliminated
since there is nothing to reset.

More recent amplifier designs[9-13]have utilized novel fabrication steps to
achieve a higher node sensitivity and therefore smaller input referred noise
electrons.  Reducing parasitic capacitance at the transistor gate is one way to
reduce the input capacitance and increase node sensitivity. Lightly Doped Drain
(LDD) structures reduce the parasitic gate to drain capacitance by reducing the
overlap of the gate over the diffusion. The LDD tip is driven to a shallower depth
than a conventional source/drain diffusion and therefore diffuses laterally under
the gate by a smaller amount. Dynamic range is also an issue with designs with
high node sensitivity. Video sensors must operate with a wide bandwidth so
achieving low noise is more challenging than with slower readout rate
applications.

In astronomical applications readout rates can be much slower and thermal

noise can be reduced by using a smaller bandwidth. New floating gate



designs[13-14] are designed to output designated pixels repeatedly and average the

results off focal plane for a square root on N noise reduction.

1S Revi f Class AB_ CMOS. Amolifi

Class AB CMOS amplifiers may provide potential solutions for the AIRS
output buffer because the total current they can deliver to or pull from a load is
larger than the dc quiescent current of the amplifier. This feature should allow
large output voltage swings without slew rate limitations.

An amplifier used in a feedback application may provide better
performance than a source follower output alone because the amplifier may have
more than one stage of amplification. The dc gain of the amplifier is an
important factor in determining the linearity of the buffer and with two stages of
amplification a dc gain of the order of (gmro)2 can be obtained. With unity

feedback the closed loop gain will be of the form

ay (8mro)?/ (1 + (Bmro)?) (1.8)
When compared with the small signal gain of the follower it is apparent that
better linearity can be obtained. The linearity of a follower will probably be
determined by the amount of impact ionization. This is hard to estimate as it is
very process dependant so that measured -results should quantify this distinction.
The architecture of figure 1.2 is ecasily achieved by configuring an
amplifier as a charge integrator. With a differential amplifier the quiescent
voliage on the bus is easily controlled with a bias voltage on the noninverting

input. This concept is shown in figure 1.8

24



25



Unfortunately a Class AB CMOS output stage with wide applicability does not
exist. In bipolar design the complementary emitter follower stage has received
widespread use. The CMOS analog to this circuit is the complementary source
follower stage[l5]. The drawback which has prevented this from becoming a
standard is the reduction in output voliage range which is caused by the gate to
source voltage drops of the n and p channel MOS transistors. Given the low
supply voliages found in small geometry CMOS processes, threshold voltages in
the .5v to 1.0v range, and the fact that one of the thresholds will be increased due
to the back gate effect, the resulting output range is often inadequate. Operation
of this circuit is even morc problematic at cryogenic temperatures due to the fact
that threshold voltages increase by .4 volts as the temperature is reduced from 300
OK to 77 ®K. Special process modifications can be employed to reduce thresholds,
but with standard processing this circuit has limited applicability. In this case 3
volts of output range are needed with a 6 volt supply. If each threshold is assigned
a magnitude of 1.15 V then the increase of threshold due to back gate affect must
be less than .7 volts. This is unlikely because in the complementary source
follower connection the back gate voltage is maximum when the limits of output
range are encountered. Orbit semiconductor's 1.5 um twin well process has been
selected for fabrication. Process options such as low threshold devices or bipolar
transistors are not available. Only designs with standard process options are

considered here.

1.5.1 D ic Amplifi

Dynamic MOS amplifiers were introduced by Copeland and Rabaey.[16] The
idea is to allow the amplifier bias curren. to change as a function of time in
swilched capacitor circuits. The clocks used in switching charge from capacitor

to capacitor are used within the amplifier itself to control its bias current.
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A charge integrator proposed in [16] is shown if figure 1.9 The amplifier is

within the dotted line.
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Fig. 1.9
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The circuit works as follows: The input voltage is sampled on Cj. Next the output is
pulled high and the sampled charge is dumped on the inverting node of the
amplifier. Finally the transistor is connected with the output and it draws
current from the output capacitor C, and the feedback capacitor C until the
voltage at the inverting node returns to the threshold of the device. The bias
current of the device car be quite large initially but will always approach
subthreshold values at the end of the clock cycle. The potential for power savings
from this circuit is clear since there are no dc bias currents. The dc accuracy is
good because the current is at its lowest at the end of the cycle. This particular
switching scheme resets the output at each cycle which is not a good feature wiih
a large capacitive load since this can represent a significant power loss. Another
modification which is necessary for use as a charge integrating output amplifier
is a means of resetting the integration capacitor.

Hosticka[17] showed how classical amplifiers could be converted to
dynamically biased amplifiers by replacing current sources by pulsed current
sources. He uses pulsed current sources which are nothing more than capacitors
that are periodically charged and discharged. Figure 1.11 shows a CMOS
differential stage with such a current source.

During the clock period phi the tail capacitor is discharged and during the

clock period phi-bar it becomes charged as the amplifier is operating. The size of
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Co must be chosen properly since for classical topologies the total charge that the
amplifier can put out in ome cycle is directly proportional to the charge stored on
a current source capaciior in the circuit. Also the size of the capacitor places a
limit on how large a frequency the circuit can be run at. It is desired that the tail
current drop to a subthreshold value by the end of the cycle so that high gain is
obtained. If the tail capacitor is too large, the bias current may still be too large at

the end of the cycle.

vDD

ouTt

— phi_bar

Fig. 1.11
Hosticka also presented a switched capacitor integrator similar to that of
Copeland and Rabaey. This is shown in figure 1.12 . Phi and phi-bar are two
phase nonoverlapping clocks. This is essentially a complementary version of the
Copeland and Rabaey circuit where the M1 and M2 may pull ihe output up or down

depending on the polarity of the input signal. Once again as the input mode is
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returning to ground the bias current is dropping into the subthreshold region
and high j;ain is obtained.

If this circuit is considered for use as an output buffer one must consider
that while high gain is obtained at the end of the cycle, the subthreshold currents
flowing will yield such a low gy that a problem develops with high output
impedance. If thé output is capacitively coupled to any unwanted
signals,whatever there origin, the output impedance of the output buffer will
determine how effectively these signals will be rejected. No requircment has
been given for the output impedance of the AIRS buffer. Balanced differential
outputs will help reject common mode pickup, bur it is hard to quantify the

amount of rejection obtainable or the amplitude of the spurious signals present.
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In consideration of the output impedance issue it seems that a version of
figure 1.12 in which the currents settle to a controlled finite value rather than to

zero would be desirable.

1.5.2 Adaptive Biased Amplifiers
Degrauwe et al.[18] introduced a class of amplifiers in which the bias
current is dependent on the input signal without requiring internal clocks in the
amplifier. These amplifiers were not limited to sampled data analog circuits but
are generally applicable.
For an input differential stage the idea is to increase the tail current based
on the amount of imbalance in the input stage currents. The imbalance is

measured with a current subtractor as shown in figure 1.13

iyl 12yl aae-1ngl
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Fig. 1.13
The currents in each leg of the input stage are mirrored into the current
subtractor. The output of the current subtractor augments the quiescent tail
current bias. Subtractors must be added for both possible polarities of input stage
imbalance since the bias current must be increased in either case. An
operational transconductance amplifier (OTA) based on this principle is shown in

figure 1.14. For simplicity, the currer: subtractor is only shown for onc polarity
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of imbalance. The cffccts of mismatches in the current mirrors as well as the
stability of the local feedback are issues that must be considered.

An attractive feature of the adaptive bias concept is that if input signals
arc not present power dissipation remains at its quiescent value. Pulsed current
sources in the dynamic amplifiers introduce large bias currents independent of
the input signal. Thus an adaptively biased amplifier may show lower power

dissipation than a dynamic amplifier.
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Fig.1.14

Another attractive feature of the adapuve biased amplifier is that as the
amplifier settles the bias current approaches a well controlled value. The bias
current of the dynamic amplifiers approaches zero as the amplifier settles. Thus
an adaptively biased amplifier will show lower output impedance than a dynamic

amplifier.

32



A class AB OTA which utilized n channel - p channel source coupled inputs
was used by Costello and Gray.[19]). A simplified version of this is shown in figure.
1.15. Biasing for proper quiescent current and input range are issues with this
design. A low voltage process coupled with high transistor thresholds can make
this difficult 1o use for cyrogenic applications. The most severe problem however
is the reduction of gm in the input due to the source coupled n/p transistors. The
effective transconductance of a source coupled n/p pair is the parallel

combination of the individual transconductances.

1/gm = 1gmn + gmp 5.1)

Bandwidth for a given power is compromised due to this relationship.
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Wong and Salama[20] have modified a conventional OTA so that large gate to
source voltages become available to the output transistors when the input stage is
saturated. The conventional OTA is shown in figure 1.16. It is possible to look at
this stage as a single transconductance stage or as a low gain wide bandwidth
differential input stage followed by a high gain low bandwidth output stage. CL
creates the dominant pole and if large enough stabilizes the amplifier. Wong and
Solama have inserted a low gain wide bandwidth intermediate stage as shown in

figure 1.17.
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A gain of 3 is taken at the intermediate stage by the relative sizes of MX1 and MX2.
Note that one extra inversion has taken place and the input is relabeled
accordingly. Under slewing conditicns with negative input MXI is on with all
available bias current while MX4 is off. The gate of MX8 is pulled up through R
and large output currents flow. Under linear conditions little current flows
through R and it does not determine the output biases. The major concemn here is
the proper selection of bias voltages to control the ocutput quiescent current. The
bias circuit of Wong and Salama is supply and process dependent and could show

quite a large variability for small supply voltages and large device thresholds.
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Callewaert and Sansen[21] have developed another class AB circuit which
increases input pair tail current as imbalance develops due to input signal. The
circuit is shown in figure 1.18. The differential pair output current is routed
through a cascode transistor to a current mirror which augments the tail current
of the pair itself. In this case the input current becomes a quadratic function of
input voltage. The input current is mirrored to the load. A complementary stage
is required, but not shown, to drive a p channel output transistor and provide
push pull action. As with the current subtractor approach details of current
mirror matching is important for good performance. Bias current control is

determined by the current sources and is relatively simple.

vDD

A

IN- _IE ;“_ IN+ j'— VB : vouT

CL

1:B

-

rig. 1.18

36



Several designs have been of the quasi-complementary type as shown in
figure1.19[22,23]  These designs have tended to be quite elaborate due to problems
associated with properly controlling the quiescent current and insuring stable
operation with large capacitive loads. These designs are more suited to delivering

a lot of power to a load than they are for low power operation,

[
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Fig. 1.19
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—1.6 Design Approach for AIRS buffer

A source follower is the most common type of output buffer for IR hybrid
focal plane arrays. It provides design simplicity and performance characteristics
which make it a suitable choice for a wide cla|ss of output requirements. In this
case it is not appropriate. The requirements on power dissipation, capacitive
load, and slew rate are incompatible with the characteristics of a source follower.
In Class A circuits, such as a source follower, the output current is limited by the
bias current, and the slew rate is given by the ratio of the bias current to the load
capacitance. Power dissipation limits the total bias current to 40 pa. The

requirement for a balenced differential ouiput implies that at most 1/2 of the
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available bias current will be available for each output. The maximum slew rate

for a Class A output is therefore.
SR=1/CL =20pa/ 100 pf=.2 V/ps (1.10)

This slew rate is to loW to meet the settling time requirement by about an order of
magnitede. A Class AB output is therefore called for.

If one assumes that the slewing problem has been solved then the
bandwidth problem must be addressed. In order to settle to a given degree of
precision in a given time there is a minimum bandwidth which will be required.
In this case settling to .03% will requires roughly 9 time constants. This time
constant can be no larger than C1/Gm, where G is the transconductance of the
amplifier in the buffer or a stage of it. The maximum value of Gy which can be

obtained in a single transistor is given as its weak inversion value.
Gm = I/ (n « Vth) (1.11)
=20pa/(2-.0067)= 1490 uS

This gives a time constant of 67 ns if this transconductance is driving 100 pf. Nine
such time constants is .6 ps. This implies that it is possible 10 achieve the degree of
settling with the present power budget.

Because of the ability to achieve a well defined output impedance an
adaptively biased design was chosen. The design of Costello was attempted first but
the obtainable transconductance was too low, primarily due to the source coupled
n and p input transistors. The designs of Degrauwe and Callewaert promise higher

obtainable transconductances with well controlled bias currents in the output
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stage. The topology of Callewaert was selected, aithough similar results could
probably be obtained with that of Degrauwe.

The AIRS output buffer calls for a differential output. In this instance it is
proposed to use two output circuits. The first circuit provides a signal output as
depicted in figure 1.8. The second circuit contains a duplicate buffer but the input
voltage is constant so the output voltage is constant. Another approach would bc
to employ a fully differential OTA and provide a truly differential output. In this
casc differential inputs are not available to the output buffer, so a fully
differential output would require changes to the focal plane architecture. It is

proposed here to meet the requirements without requiring such changes.
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2. Theory of Operation, OTA

21 G | Principle of Operai

The Class AB Opecrational Transconductance Amplifier (OTA) used here is
that proposed by Callewaert and Sansen[21]. A review of it operation is given
here, including some aspects not eclaborated in [21]). The basic circuit of the

amplifier is shown in figure 2.1.
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Fig. 2.1 OTA basic circuit

The input is differential and is applied to the gates of the source coupled
pair M1A and MIB in the usual manner. A current source on the source node
provides the quiescent bias current for the input stage. A current mirror load
(M2A,M2B) directs the difference current from the input pair through a cascode

transistor (M3). This current is then mirrored to two places. The first is via M4A
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and M4B, and creates additional tail current for the input pair. The transistor M4B
alters the bias current in the input stage and gives the amplifier its class AB
opcration. The second is via M4A and M4C, and provides current for the output
load. A step up ratio of 1:B is conveniently taken at the M4A M4C mirror 1o
provide adequate drive for the load.

The input to the p channel drive transistor in the output stage is not shown
in figure 2.1. It is driven by a parallel complementary input stage to provide
symmetrical push pull drive capability. The differential input signal goes 10 two
input stages. One input stage drives the n channel driver of the output stage,
while the other input stage drives the p channel driver of the output stage.

A simple calculation, presented in [21], helps to explain the operation of
the circuit. Suppose that the transistor M1A is conducting 2 dc current I11A. This
current is mirrored with a ratio R2 to the source node of the cascode transistor

M3.  Applying Kirchoff's current law (KCL) to this node yields the equation

I3 = Ibias - Rbias + I1A - R2 - I1B . (2.1)

Rbias and R2 are nominally equal to one but are included here for generality.

The current I3 is mirrored back to the common source point of MIA and MIB with

a ratio of R4. Using KCL at this node yields

I1A + I1B = Ibias + I3 « R4 . (2.2)

Equations (2.1) and (2.2) can be used to solve for IIB and I3 in terms of Ibias and

I1A.

I1B = Ibias « ( R4<Rbias+1)/(R4+1) + I1A-(R2:R4-1)/(R4+1) (2.3)
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I3 =Ibias- (Rbias-1)/(R4+1) + IIA«(R2+1)/(R4+1) (2.4)

The equation in [1] which corresponds to (2.3) disagrees due to a printing error.
If all of the current ratios are replaced by their nominal values of one, these

cquations arc drastically simplified.

I1B = Ibias (2.5)

13 =11A _ (2.6)

These equations show that the local feedback loop acts in a way to maintain
the current in MI1B constant and equal to Ibias. The current through M4B
increases or decreases as needed to maintain the current through MIB. If it is
assumed that V+ is fixed, then it also follows that the source node of M1 is fixed.
This follows because fixed current through MI1B, and a fixed gate voltage on MIB,
imply a fixed Vgs for MIB. V+ will be a fixed bias voltage in the output buffer
application considered here. Therefore the action of the local feedback loop can
also be described as maintaining the source voltage of M1 equal to its quiescent
bias value despite variations in the input signal V-. Assuming thai M1A is in

saturation and strong inversion, its drain current is given by the equation

NA=122+K+W/L - (Vg-Vg - Vin)2

= 12«K«W/L-( AV -V4)2. (2.7)
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V4 is the differential input voltage ( V+ - V- ) and AV is the quiescent value of
the voltage ahove threshold ( Vgs - Vip ) for transistor M1.

Equation (2.7) shows that for large negative differential input voltages I1A
increases quadratically. According to (2.6) I3 is equal to I1A. The current I3 is
mirrored to the output via M4A and M4C so that for large negative differential
input voltages large currents can be sunk from the load. For large positive
differential input voltages the transistor M1A tums off and equation (2.7) is not
valid. For large positive differential input voltages the operating current in the
input stage which drives the P channel driver increases quadratically. This
conditions sources large current to the load.

This amplifier has a single high impedance node ai the output. The
dominant pole in the frequency response is determined by the load capacitance.
If large enough, the load capacitance will stabilize the amplifier, and produce a
single pole response. In this case, the amplifier is well modeled as a single
transconductance stage. It is also possible to look at the amplifier as having two
stages. The first is a low gain wide bandwidth differential input stage. The second
is a high gain low bandwidth output stage. The two stage description is more
accurate because it models the internal poles of the amplifier. If the design is
pushed to produce maximum bandwidth, these internal poles must necessarily
come into play as limiting factors.

The inverting output stage has extremely good output range. Let AV be the
voltage above threshold (Vgs-Vip) of the n-channel drive transistors. The output
voltage can approach within AV of the lower rail before pushing the drive
transistor into the triode region of operation. Similar considerations apply to the
p-channel drive transistor. Without cascode transistors the output range goes

virtually rail to rail.
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To achieve highly linear operation, high dc gain is desirabie. It is
relatively straight forward to put cascodes on the output stage to increase the dc
gain. Cascode transistors will decrease the output range of the amplifier, but if
biased properly, this reduction can kept to a few tenths of volts off each ead of
the output range. The characteristics of this amplifier make it well suited for low
power operation in applications where high linearity and large output swing are

desired, and large load capacitance is encountered.

2.2 Minor Loop Stability

The stability of the local feedback loop is treated in Appendix 1. A new
technique is used which does not require opening the loop. The new technique is
suited for machine computation but is included in Appendix 1 for illustrative

purposes.

2.3 Small signal frequency response

A schematic of the amplifier with a cascoded output stage is shown in
figure 2.2, There are two parallel signal paths in the amplifier. Onec path goes
through the n channel driver of the output stage, while the other goes through
the p channel driver of the output stage. The step up ratio at the current mirror
M4A, MA4C is denoted as B. It is assumed that the step up ratios for the n and p
channel circuits are the same. All the results presented here could easily be
modified to take into account different step up ratios if necessary.

The transconductance of the amplifier has contributions from each input
stage stepped up by a factor of B. If only the n channel input stage is considered,
and the output stage p channel driver were considered to have a constant bias,

the amplifier transconductance would be
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Gm(n) = B « gn(1An) . (2.8)
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Fig. 2.2 OTA with cascoded output stage

Because the local feedback keeps the source at a fixed voltage there is no
correction to account for the bulk to source transconductance. In a conventional
source coupled connection, the transconductance is higher if the transistors are
in there own well because of this effect. For this circuit there is no such
distinction. If only the p channel input stage is considered, and the output stage n
channel were considered to have a constant bias, the amplifier transconductance

would be

Gm(p) =B.gm(1Ap) . (2.9)
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The amplifier transconductance is a small signal linear property so that these two
contributions may be added together to obtain the total amplifier

transconductance.
Gm =B * (gm(1An) + gn(1Ap)) (2.10)

The amplifier output conductance is the sum of output conductances from
the pull up and pull down portions of the output stage. For the case without a
cascoded output stage the total output conductance is given by the sum of the

device output conductance of the driver transistors.

Go (no cascodes) = go(4Cn) + go(4Cp) (2.11)

The configuration with the cascoded output stage is of primary interest here
because it is adopted in this design to yield high dc gain. The cascode
configuration yiclds an output conductance with is smaller than the device output
conductance by a factor equal to the intrinsic gain gm/go of the cascode
transistor{24]. This is valid as long as the intrinsic gain of the cascode transistor is

much greater than one, as it is in this case.

£o(6n) go(6p)
Go = go(4Cn) » —- +  g0(4Cp) - (2.12)
gm(6n) gm(6p)

The dc gain of the amplifier is given by the ratio of the amplifier

transconductance to the amplifier output conductance.
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A= Gm/Go

gm(1An) + gn(1Ap)
= B (2.13)
20(4Cn)-go(6n)/gm(6n) + go(4Cp)-go(6p)/gm(6p)

This expression could also be expressed as the sum of the gain from each of the
two parallel gain paths,

This OTA has a single high impedance node at the output. This is true for
both the cascoded and noncascoded configuration. The load capacitance, which is
estimated at 100 pf, and is much greater than any internal capacitance, also
appears on the outpui node. The amplifier frequency response has a single
dominant pole determined by the ratio of the output conductance to the load
capacitance.

80(4Cn)+go(6n)/gm(6n) + go(4Cp)+go(6p)/gm(6p)
pl = (2.14)

CL

This result can be arrived at from a zero-value time constant analysis, where the
time constant from the output node dominates the sum. It can also be arrived at in
another way which is discussed now.

When two portions of a circuit have a high degree of isolation from each
other, the poles from each portion of the circuit can be calculated indcpendently.
This can be argued physically by ccnsidering an experiment where one portion
of the circuit is placed in an initial state. Its state variables then decay according
to the natural frequencies of that portion of the circuit. The isolated portion of
the circuit has no influence on these decay frequencies. For two circuits which
are completely isolated this argument is rather obvious. The argument yields

useful results in a case where unilateral information flow exists between the two
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subcircuits. This is to say that, dependant sources can exist in one subcircuit
which are driven by variables from the other, but not vice versa, In this case the
above argument concerning decay frequencies is still valid. If ecither of the two
subcircuits is placed in an initially excited state, while the other is unexcited, it
will decay in a manner independent of the other subcircuit. The same result can
be argued mathematically, although somewhat more abstractly, by showing that

the determinant of the nodal matrix can be factored into two separate expressions.
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Fig. 2.3 Three isolated subcircuits

Figure 2.3 shows how the amplifier under consideration can be considered
to be three isolated subcircuits. This isolation was implicitly assumed in figure A.l

where the output stage was considered immaterial to the local feedback loop in the
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input stage. The poles of each section may be considered independently. The pole
from the output stage can calculated directly without further approximation.
Equation 2.14 results where once again the intrinsic gain of the cascode
transistors are assumed greater than one.

An advantage to looking at the circuit as three separate subcircuits is that
zero-value time constant analysis may now be performed on the other two
subcircuits to determine the position of the nondominant poles [25]. The
impedance looking into each of the four nodes in the input stage is straight
forward to calculate. The impedance of node 2 is affected by the local feedback

loop, while the other three are not.

Ry=1/(2+8gm1) (2.15)
R2=3/(2-8m2) (2.16)
Ri= 1/8m3 (2.17)
R4a=1/gma (2.18)

The zero-value time constant analysis predicts a dominant pole location for the

input stage subcircuit as

p2=1/12
C1 C2 G Cs4
1 = — e —_— + . (2.19)
2+ gmi (273) * gm2 gm3 gm4
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Each of the input stage subcircuits will contribute its own set of poles and zeros.
The frequency response of the entire amplifier will be the sum of the individual
frequency responses of the two parallel signal paths. Each signal path shares the
output stage so the dynamics of the output stage is common to both.

If each input stage subcircuit were modeled as having a single pole the

open loop frequency response of the amplifier would be given as

als) = ——
S - p1

1 [ An Ap
Ap and Ap are the dc gains for each of the two paralicl signal paths. The pole
locations of the n channel and p channel input stages are denoted by pp and Pp.
The dominant pole from the output stage is given as p;. The dc gain of the
amplifier is the sum of Ap and Ap, and has been given in equation (2.13). Equation
(2.20) can be rearranged into a more useful form.

Ap + Ap S-z

a(S) = . (2.21)
S-p (S-pn)(S-pp)

Ap - Pp + Ap *Pn
z= (2.22)
Ap + Ap

A pole occurs at each of the subcircuit pole locations and a zero appears at a
location between the two poles. If the two poles were at approximately the same
location, then combination of two poles and one zero would behave approximatcly

as a single pole at that location.
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The gain bandwidth product of the amplifier is given by the product of the

dc gain and the dominant pole location.

GBW = A-p1=Gn/CL

gm(1An) + gm(1Ap)
=B- (2.23)
CL

The input impedance of this amplifier differs somewhat from that of a
conventional source coupled pair with current source bias. In a conventional
source coupled pair, in the linear region of operation, the source node does not
stay at a fixed voltage. As onc input goes up in voltage, so does the source. The
increase in current through one transistor is offset by a corresponding decrease
in the current through the other, so that the sum is constant. To achieve this, the
source node moves by 1/2 of the applied differential input voltage. As a result, the
differential input capacitance is equal to 1/2 of the Cgs of an input transistor. In
this amplifier the local feedback keeps the source voltage constant. The entire
differential input voltage falls across one transistors gate and source nodes. The

resulting differential input capacitance is given by

Cin = Cgs(ln) + Cgs(lp) . (224)

Higher input capacitance is one penalty that is incurred by the Class AB

operation,
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Cascode transistors provide a very useful technique in achieving high dc
gains. One detail of proper cascode design is the generation of the bias voltage,
Figure 2.2 did not show the circuitry needed to generate the cascode bias voliage
for both the input stage cascode and the output stage cascode transistors. Figure

2.4 shows the output stage with cascode transistors included.
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Fig. 2.4 Output stage with cascode transistors

The value of the bias voltage for the n channel cascode transistor, Vbiasn,
is important. If it is too small, the drive transistor, Mdcn, will be in the triode
region and the voltage gain of the output stage will be too low. If it is too large,
then it will limit the output range of the output stage. It is generally desirable to
have the cascode bias only just large cnough to guarantee that the drive
transistor will be in the saturation region. Transient conditions may cause the
operating current to increase over its quiescent value. The drain voltage on the

drive transistor decreases as the output stage operating current increases. This is
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because the Vgs voltage drop of the cascode transistor increases. The largest
operating value of the output stage current must be used in determining the
required bias voltage. Class A amplifier designs have generally used a constant
voltage for the cascode bias with due regard to the above considerations.

Class AB operation causes a complication in the biasing of cascode
transistors. It has been shown in section 2.1.1 that the amplifier operating
current can become much greater than its quiescent value. The drive transistor
M4C will fail 1o operate as a current mirror with M4A if it enters the triode region
of operation. Output stage operating current will be limited to the value of current
which causes this condition to take place. If the cascode biasing criteria discussed
above is applied to the largest obtainable operating current, then the required
cascode bias voltage may become so large that output range is severely reduced.
To reduce the Vgs drop of the cascode transistors under maximum current
conditions may require a prohibitively large cascode device. Dynamic cascode
biasing was developed to address this problem [19].

In a dynamically biased cascode, the bias voltage is generated from the
amplifier operating current. The bias voltage for the n channel cascode is
generated so that it will increase as the amplifier operating current increases.
Maximum output range is obtained under quiescent conditions, which is when it
is needed. Maximum operating current is obtained under transient conditions,
which is when it is needed. Figure 2.5 shows how easily dynamic biasing can be
incorporated into this amplifier design. Transistor M5n is sized to produce
maximum output range under quiescent conditions. As operating current
increases in the n channel input stage, the increase in the bias volitage for Mé6n is
more than adequate to compensate for increases in the Mé6n Vgs drop. A
complementary circuit can be used to provide bias for the p channel output stage

cascode transistor.
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Fig. 2.5 Dynamic output stage cascode biasing

2.4 Large Signal Performance

Although the operating current increases quadratically for large
differential input signals, there are at least two mechanisms which limit how
large this current can become. The first is caused by limited supply voltage and
has been discussed in reference 1. The second is caused by device mismatch and is
introduced here for the first time.

As the differential input voltage increases, the operating current increases
first lincarly and then quadratically. As the operating current increases, the gate
10 source voltage of all the transistors in the signal path increases. Eventually one
of the transistors will enter the triode region. The drain of M1A and M2A is a
node where this condition can happen. The source of M3 and the drain of M2B is
another. The onset of a transistor entering the linear region may place a limit on
the operating current. The maximum obtainable operating current establishes
the maximum output current. For a given load capacitance, this determines the
slew rate. For acceptable secttling time, the slew rate must be adequate. Transistors

must be sized so that the maximum current increase is acccptable.
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Fig. 2.6 Nodes sensitive to operating current increases

Figure 2.6 shows four nodes at which operating current increases could
cause a transistor to enter the triode region of operation. The transistor which
enters the triode region at the lowest current will limit the output current of the
amplifier. At large operating currents the transistors in question are in strong
inversion, so their currents should be accurately represented by the square law

relation.

Ig=1/2-K- W/L+(Vgs-Vy)2 for Vgg>Vgs-Vy  (225)

It is assumed, in equation (2.25), that the currents are not so large that mobility
degradation effects are significant.

At the node labeled A, operating current increases cause the drain voliage
of M1A to decrease, and the gate voltage of MI1A to increase. When the gate to
drain voltage exceeds the threshold, M1A will enter the triode region of operation,
A further increase in V- will only produce a small increase in the operating
current. Using equation (2.25), the operating current at which this condition will

occur is given as
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I(An) = (1/2) Kp*(W/L); -

AVMIB + (VDD - V4#) + ( Vin - [ Vipl) ]2
. (2.26)

(1+gmi1A/€m2)

Vin in (2.26) is the threshold of MI1A, which may be increased by the back gate
cffect depending on its substrate connection. If the back gaie effect is present the
maximum current will be even larger than (2.26). The gm ratio in the
denominator is the ratio when both M1A and M2 are in strong inversion. MIB
neced not be in strong inversion when this condition arises because it continues to
conduct the bias current even while MIA may be conducting the maximum
current. If it is assumed to be in strong inversion so that (2.25) is valid, then

cquation (2.26) may be expressed in a somewhat different form.

I(An) 1 (VDD - V#) + (Vin - | Vipl) ]2
= —_— . 1 + (2.27)
IBIAS (1+gmi1A/Em2 )2 AVMIB

,Equation (2.26) should be more accurate, as it does not make this assumption. A
simplified version of (2.27) is given in [21] where Vi, has been assumed equal to
IV;pl and gm1A has been assumed equal t0 gm2. I(A) is a potential current limit
of the amplifier.

At the node labeled B, operating current increases will increase the drain
voliage of M2B, and lower the gate voltage of M2B. When the voltage gatc to drain
falls below the threshold, transistor M2B will enter the triode region of operation.

The current source I2 could conceivably enter the triode region but this is
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unlikely because it continues to conduct only the bias current. With the onset of
this condition, the operating current will level off. The maximum current is

given by

VDD - VCASCODE - | Vipl 2
I(Bn) = (1/2) Kp+(W/L)2B * (2.28)
1 + gm2B/gm3

1(Bn) [ VDD - VCASCODE - | Vipl }2

(2.29)
IB1AS AVM2 + (1 + gm2B/gm3 )
As before, the ratio of transconductances in the denominator is the value that
applies with both M2 and M3 in strong inversion. Vtp is the threshold voliage of
M3, which may be increased due to the back gate effect depending on its substrate
connection.  The back gate effect, if present, at this node will decrease the
limiting current. To be conservative, it should be accounted for even though the
magnitude of Vgp will be small when this current limiting condition arises.
Equation (2.29) is valid if M2 is in strong inversion under quiescent conditions.
I(B) is a potential current limit for the amplifier.

At the node labeled C, operating current increases will increase the drain
voltage of M3. When this voltage is large enough, M3 will enter the triode region
of operation. When this happens, M3 will operate as a switch and further
increases in current will begin to increase the source voltage of M3. Eventually
M2B would enter the triode region of operation with the same effect as described
with node B. For any reasonable values of cascode voltage, the current limiting
condition at node B will occur first. The current at which M3 enters the triode

region is given by
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I(Cn) = 1/2 - Kp « (W/L)4A + ( VCASCODE - Vss +| Vipl - Vi )2 (2.30)

I(Cn) [ VCASCODE - Vss H Vipl - Vip ]2
(2.31)

IBIAS AVmM4

Vip is the threshold of M3, which may be increased by the back gate effect,
depending on its substrate connection. Equation (2.31) is valid only if M4A is in
stroﬁg inversion under quiescent conditions. I(C) does not, however, represent a
current limiting value.

At the node labeled D in figure 2.6, operating current increases will raise
the drain voltage of M2C and lower the gate of M2C. When the gate to drain
volitage falls below the threshold, M2C will enter the triode region of operation,
M2C will fail to mirror the operating current and the bias voltage for M6 will stop
increasing. This condition is unlikely to limit the output current of the amplifier.
The gate voltage on M6 is already quite large when this condition happens. It may
even be large enough so that M6 is operating as a switch rather than a cascode
transistor. This has no drawback. M6 is needed to operate in the saturation region
only under quiescent conditions. The current at which M2C enters the triode

region is given by

VDD - Vss - Vi 2
I(Dn) = (1/2) Kp+(W/L)2C - (2.32)
I + gm2C/8ms

I(Dn) [ VDD - Vss - Vin ]2
. (2.33)

IBIAS AVM2c * (1 + gm2c/8mS )
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As before , equation (2.33) is valid if transistor M2C is in strong inversion under
quiescent conditions. As with I(C), I(D) does not represent a current limit for the
amplifier.

A set of cquations analogous to (2.26)-(2.33) which describe the currents at
which transistors in the p channel input stage enter the triode region can easily

be arrived at.

AVM1B + (V+ - Vsg) + (I Vipl - Vin) ]2
I(Ap) = (1/2)» Kp«(W/L)1 - . (2.34)
(1+8m1A/8m2)

1(Bp)

VCASCODE - VSS - Vin 2
(1/2)« Kp+«(W/L)2B * (2.35)
1 + gm2B/8m3

The two most important equations conceming current limits in the p channel
input stage are given as equations (2.34) and (2.35). Assuming that the current

limiting mechanisms given above were responsible for limiting the outpul

current of the amplifier, the maximum negative output current would be
I-=B « MIN ( I(An), I(Bn) ) . (2.36)

B is the step up ratio between the input stage operating current and the output

stage operating current. The maximum positive output current would be
I+ = B « MIN ( I(Ap), I(Bp) ) . (2.37)

Other mechanisms, however, might limit the current to even lower values.
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The input stage of this amplifier has three pairs of matched devices. Care
must be taken to determine which properties are affected significantly by
mismatch in these pairs. Device mismatch places limits on how large the
operating current can be. Equations (2.2) and (2.3) were reduced to (2.4) and (2.5)
by setting the current mirror and current source ratios equal 10 there nominal
values of one. If each ratio is assumed to have a small deviation from its nominal

value, the following equations result.

I1B = Ig1As + IBIAS * 8RB1AS /2 + I1A « (8R2/2 + 6R4/2) (2.38)
I3 =11A + I1A « (8R2/2 - 8R4/2) + IgJAS * SRB1aS/2 (2.39)
Higher order terms in the mismatch parameters have been neglected. Under

transient conditions, I1A becomes much larger than Igjas. Inspection of (2.38)
reveals that for I1A large enough, I1B may differ significantly from its nominal
value of Ibias. In fact, I1B may go to zero if the mismatch terms have the correct

polarity. For ( 8R2 + 8R4 ) less than zero, the current through I1B will go to zero at

an operating current of
I(mismatch-n) = -2 « Igjas/(8R2 + 8R4 ) (2.40)

When the current through MIB goes to zero, the local feedback loop ceases to
operate. The source voltage of MI1B is no longer pinned and the current levels off.
This effect may limit amplifier output current.

If mismatches have the correct polarity, equation (2.39 ) shows that I3 may
be less than its nominal value of I1A. In this case the current limiting condigion

at the location labeled A will occur at lower than nominal output currents.
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In general, current ratic ecrrors may have systematic and random
components. When a current mirror pair of transistors are operating at different
drain voltages, their drain currents are mismatched by a term proportional to the
device output conductance and the difference in drain voltages. This difference
in drain currents represents a systematic mismatch component. Differences in

device threshold voltage introduces a random mismaich component.
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Fig. 2.7 Matched current mirror

The current mirror shown if figure (2.7) is assumed to be operating in strong

inversion and with a nominal ratio of 1. The current in M2 can be writien as

ID = (1/2) - K - (W/L) - (VGS - Vin)2+ (1 + A+VDs) (2.41)

With equal drain voltages, the current ratio is nominally equal to one. The

deviation in this ratio duc to drain voltage mismatch is given by

SR(VpS) = A+ 8Vps (2.42)

and is a systematic mismatch component. The deviation in the ratio due io other

parameter mismatches are

61



8R(Vin) = -2+8Vn/(VGs - Vin) (2.43)
SR(K) = B&K/K (2.44)
SR(W/L) = & W/L)/(W/L) . (2.45)

These mismatchs are generally random and uncorrelated [25,26]. Mismatch in the

threshold voltage can produce severe ratio mismatchs if ( Vgs - Vin ) is small, as
shown by equation (2.43). In cases where random mismatch effects dominate
over systematic ones, and where mismatch effects dominate over other current
limiting mechanisms, the maximum amplifier output current would be quite
variable. Factors known to affect matching accuracy are transistor area and
layout technique. With mismatch effects taken into account, the maximum output

current of the amplifier can be expressed as

I-= B+« MIN ( I(An), I(Bn),I(mismatch-n) ) (2.46)

I+ =B « MIN ( I(Ap), I(Bp),I(mismatch-p) ) (2.47)

where, once again, B is the step up ratio between input stage and output stage

operating current.

A prescription for good noise performance is a simple input structure,

large input devices, and negligible noise contributions from other devices in the
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circuit.  Unfortunately these consideration arec often in conflict with other design
objectives, and compromises must be made.

It is most useful to represent the effects of noise sources as being caused by
equivalent input noise sources. When dealing with multiple incoherent noise
sources, it is most useful to deal with their noisc powers because these add
lincarly. In the treatment given here, noise powers from noise sources intemal
to the amplifier will be systematically referred to the input of the amplifier.

In order to calculate the input referred noise contributions of each

subcircuit consider the MOS small signal noise model shown in figure 2.8 [27].
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Fig 2.8 MOSFET noise model

The noise current generator id2 is given as

ig2=4kT(23+gm) Af + K-ID-Af/f . (2.48)

The constant K is here different than previously used. Equivalent gate referred
current and voltage noise generators can also be used in the place of the drain
current noise generator. The equivalent input referred noise voltage and current

source generators can be given as
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vi2 = ig? / gm?

= (8/3) k*T-Af / gm + KpAf/ ( WeL-Cpx-f) (2.49)

ii2 = 02« Cg? « vj2 (2.50)

In cases with low source resistance, the input referred noise voltage source
contributes all of the output noise current. The current generator makes no
contribution. In cases with high source resistance, the current noise generator is
entircly responsible for the output noise current. At intermediate impedance
values, both noise generators make a contribution. The intermediate case is
further complicated, because it is clear that the two noise generators are not
independent. They are both generated from the same noise source ig2. Because
they are correlated, their noise powers do not add linearly. To avoid this
complexity, it is useful to investigate the source impedance regimes in which one
of the two generators suffices without the other.

The factor which determines whether the source impedance falls in the
low regime or the high regime is how it compares with the input impedance of
the transistor. If the source impedance is much lower than the input impedance
of the transistor, the voltage noise source fluctuation will appear essentially full
strength at the gate of the FET. The current noise source on the other hand will go
essentially entirely into the source impedance and have no impact on transistor
output current noise. If the source impedance is much higher than the input
impedance of the FET, then this situation is reversed. The voltage fluctuation
appears across the source impedance while the current fluctuation goes into the

transistor gate.
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The input impedance of the transistor is that of the gate capacitance Cgs,
and is equal to  1/(SeCgs). For a given source impedance, it will be smaller than
the input impedance at low frequencies, but larger than the source impedance at
high frequencies. If the frequency at which the source impedance equals the
input impedance 1is larger than any frequencies of interest, the current
generator may be neglected with negligible loss of accuracy. As an example, if
frequencies over 1Mhz are not of interest due to bandwidth limitations of the
circuit, and the input capacitance is as large a 1pf, then the current noise
generator will be have negligible impact for source resistance lower than 150 kQ.

Equation (2.49) shows that larger transistors have lower input referred 1/f
noise. It also shows that input referred thermal noise power is inversely
proportional to transconductance. Input transistors should thercfore be as large
as feasible. The down side of large transistors is real estate and input capacitance.
Larger input capacitance will slow down the output buffer as in shown in section
3. A reasonable trade off between speed and noise is to bias input transistors in
the transition region between strong inversion and weak inversion. In this
region, they have essentially as rauch transconductance as can be obtained for a
given bias current. This is good for speed and thermal noise. The area can be made
as large as feasible without unduly impacting input capacitance.

Figure (2.9) shows one input stage subcircuit with incrementally grounded
output stage. Inputs are incrementally grounded so that the equivalent input
referred noise voltage can be calculated. Source impedances should be small
enough so that input referred current sources are not needed. Although it is
conventional to make this calculation with input referred noise sources for each

of the individual transistors, drain current noise sources are used here.
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Fig. 2.9 Input stage subcircuit with noisc sources

Figures (2.9) must be considered a small signal circuit model, although transistors
are shown in their normal large signal representation for simplicity. Grounded
inputs and outputs must be considered incrementally grounded. In figure (2.9)
the contribution of each current noise source to the output current noise power
can be calculated individually. The contribution of each current noise sourcc to
the output noise is calculated in order to calculate the total input referred voltage
noise of this subcircuit.

The current noise source for the current source I1 has no contribution to
the output current. It merely perturbs the tail current of the input pair. The
input pair is balanced, however, and none of this current perturbation is routed
through M3. The current noisc source for M4B falls into the same category. It
appears in parallel with the current noise source of I1 and so must behave in the

same way.
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The current noise source from the cascode transistor M3 also has no
contribution. The input pair is balanced, so the current through M3 is set by the
current source I2. The source node of M3 fluctuates in a way to keep the total
current through it constant.

The noise current source from M2A is injected into the drain node between
M2A and MI1A. Looking toward the drain of MI1A is high impedance, while looking
toward M2A the current sees a diode connected transistor. The current heads to
the low impedance direction and manifests itself as a fluctuating voltage on the
gate of M2A. An ecqual current is gencrated by M2B and passes through the low
impedance path provided by M3. It is then mirrored to the output through M4A
with a step up factor of B.

The noise current source from M2B is injected into the drain node between
M2B and MIB. It heads to the low impedance path provided by M3 and is mirrored
to the output with a step up ratio of B. The noise current source from 12 appears
in parallel wiiki that of M2B and thus behaves in an identical way.

The noise current source from M4A is injected into the drain node between
M4A and M3. The low impedance path is to M4A where it appears as a fluctuation
on the gate voltage of M4A. This fluctuation is mirrored to the tail of the input
pair where it has no affect. It is also mirrored to the output with a step up ratio of
B. The noise current source from M4C simply adds directly to the short circuit
output current.

The noise current source from MI1A injects current into the drain node
between MIA and M2A. This current is also injected into the source node of MIA.
The injection of current into the source node of MIA is in phase or coherent with
the injection of current into the drain node of MI1A but has oppu.ite polarity. The
current fluctwation into the source node of MIA is a common mode disturbance, as

discussed before, anrd does not make a contribution to output current. The
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node behaves in the same way as the current noise source

injection into the drain
of M2A, which also is injected into the same node. Using the¢ same arguments, the
noisc current source of MI1B bechaves in the same way as that of M2B.

noisc current powers at the output gives the total short

Adding all the

circuit output current with grounded inputs.

io2 = ig2(M4C) +

B2:(ig2(M1A)+ig2(M1B)+ig2(M2A)+ig2(M2B)+ig2(12)+ig2(M4A))  (2.51)

Figure (2.10) shows the same circuit with an equivalent input referred noise

source.
VDD
M2A
L o
M2
A M1B
i M3 > VOUT
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Fig. 2.10 Equivalent input referred noise source

The output short circuit current in Fig. 2.10 is
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i02=B2° gmlz' chz (2.52)

ch12 is defined so that the output currents in (2.63) and (2.64) are the same.

veq12 = i¢2(M4C) / ( B2+ gm12) +

(id2(M1A)+ig2(M1B)+ig2(M2A)+ig2(M2B)+ig2(12)+ia2(M4A)) / gm12

= viZ(M1A) + viZ(MI1B) + ( gm2/gm1)? * ( vi2(M2A) + vi2(M2B))

+(gmaA/gm1)? * ( vi2Z(M4A) + viZ(M4C) ) + (gm12/8m1)? » viZ(12) (2.53)

The relation that gmaqc is B times that of gn4A has been used along with equation
(2.51). Equation (2.65) is a familiar result showing that noise sources are referred
back to the input according to the ratio of the transconductance of the transistor
and the input transistor. It should be noted that the validity of (2.65) relies on the
incquality go « gm  at various locations in the circuit. This inequality determines
which way the noise current will flow, and what the output short circuit noise
current will be.

For a moderate step up ratio, the contribution from M4C can be negligible
by comparison with M4A. For the other sources, equation (2.49) can be used to
show that their contribution, relative to an input transistor, to the thermal noise

power is in the ratio of their transconductance to that of an input transistor.

veq2(th) =viZ(ML,th) +{ 2 + 2:gm2/gm1 + (1+1/B) * gmaA/Em1 + gmI2/gEm1) (2.54)

If the devices are assumed to be operating in strong inversion, then their

contribution, relative to an input transistor, to the 1/f noise power is in the ratio

of Kfepn/ L2 1o the same expression for the input transistor. This is also a familiar
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result which shows the importance of channel length in the non-input

transistors(19}. In the general case

veqZ(1/f) =vi2(M1,1/f) « { 2 + 2+(8m2/8m1)%*(Kfp/Kfn)*(A1/A2) +

(Em4/8m1)?*(A1/A4A+A1/ALC) + (Em12/Bm1)2+(Kip/Kn)*(A1/A12) }  (2.55)

A is the gate area of M1 and the same notation is used for the other transistors.
The two parallel gain paths in this amplifier play an important role in it's
noise performance. Noise sources in onc of the two input stage subcircuits
propagates in onc of these gain paths while the signal propagates through both.
Noise sources present in only one gain path must be reduced when referred to the
input of the amplifier. Figure 2.11 shows the amplifier with noise sources at the
inputs of the subcircuits, and the amplificr with an equivalent input referred

noise source.

Veqpf
Veqni - -

Fig. 2.11 Equivalent input referred noise source
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The equivalent input noise source is defined so that the output noise powers are
equal. This yields the prescription for referring input noise sources for one

subcircuit to the input of the amplifier.

Ap 2 Ap 2
Veg? = Veqi?+ | ————— | +Veq2?+ | ——— (2.56)
Ap + Ap Ap + Ap

If the gains of each path were equal, then noise powers would be divided by
four when refcrred to the input of the amplifier. If the gain of one path were
much larger than the other, then the equivalent . input noise power would be
equal to the input referred noise power of that subcircuit. In any case, the
equivalent input referred noise power of the amplifier is less than or equal to
that of either subcircuit. The added complexity of two input stages has not
increased the input referred noise, because signal gain is obtained through each
subcircuit. In fa:t, the input referred noise is reduced by providing two gain

paths.
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3. THEORY OF OPERATION : OUTPUT BUFFER

The concept for this output buffer is to operate as a charge integrating
amplifier. Figure 1.8 shows the way it will be configured to multiplex many signal
channels into one output. Overall buffer performance will depend on amplifier
characteristics as well as those of the feedback clements.
31 Small signal frequency response

The feedback network in this case is entirely capacitive and is shown in
figure (3.1) . Some series resistance clements due to switches will also be present,
but for frequencies of interest here, these resistances play no significant effect.

This will be shown later in section 3.2.1.

Ci —— Cbus

Fig. 3.1 Capacitive feedback network

It is convenient to consider the load capacitor as part of the amplifier for this
analysis, so it is not shown in figure (3.1). Ci is the input capacitor which holds
the charge from the channel which is being output. Cf is the feedback capacitor
of the buffer. Camp is the amplifier differential input capacitance. Cbus is the bus
capacitance which includes metal to substrate capacitance as well as switch
diffusion to substrate capacitance. The fraction of the output signal that is

fedback to the amplifier input is given as
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f= Cg/(Cg+ Cj+ Camp + Cpus ) - (3.1)

The ideal closed loop gain of the circuit is given by the ratio of the

feedback impedance to the input impedance.

G=-GCi/Cs (3.2)

This is not affected by the capacitive elements Camp and Cpus. The closed loop
bandwidth, on the other hand is affected by these elements. For frequency
independent feedback the closed loop bandwidth is given by the product of the

feedback function and the gain bandwidth of the amplifier.

®3dp = f+ GBW (3.3)

It is apparent that the presence of Camp and Cbus is detrimental to the bandwidth
of the buffer. In this application the maximum number of channcls is about 200
and each channel is approximately 60 um wide. This leads to bus to substrate
capacitance of 1.3pf. Two hundred minimum geometry switches gives a total
switch to substrate capacitance of about .7pf. The differential input capacitance of
the amplifier depends on the size of the input transistors but will be .1pf for
every 100 pm2 of input transistor gate area. In order that the denominator of
(3.1) not be dominated by the undesirable capacitive elements, Cf and Ci should be
several picofarads.

By making Cg less than C; a gain greater than one can be obtained in the
output stage, but this is at the expense of closed loop bandwidth. Having Cf greater

than C; would mean even greater bandwidth, but this would give an output stage
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with a gain less than one and the output range would be compromised. In the
interest of bandwidth and output range in this application, Cf and Cj have been
taken to be equal to yield an inverting gain of one. They have been chosen to be
3 picofarads. Larger values would use more real estatc with diminishing returns,
while values smaller than 3pf would begin to suffer dramaticaily from bandwidth
reduction.

In this application, f will be approximately 1/3. This is an important
parameter to know when evaluating the open loop frequency response of the OTA.
If used at a feedback gain of 3, the stability requirements on the amplifier aie
considerably relaxed. A higher gain bandwidth can be obtained, at the same phase
margin, than can be obtained with an amplifier which must be unity gain stable.

One objective in the design of this buffer is to minimize the amount of time
that it will take the amplifier to settle to a given degree of precision. A

hypothetical output from the buffer is shown in figure (3.2).

—

Fig. 3.2 Hypothetical output waveform

In general the output waveform will have two portions. The first, is a nonlinear
portion in which the amplifier may be slewing. The second, is a linear portion in

which the amplifier is operating in a small signal regime. To minimize the overall
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settling time, the slew rate should be made large and the linear region time
constant should be made small. Admittedly a trade off may have to be made
between both of these objectives. At inierest here, is how to minimize the linear
region time constant.

If the open loop frequency response of the OTA is modeled as containing a
single pole, then the small signal settling portion of the output waveform
contains a single exponentially decaying component with a time constant given

by

t= 1/w3db . | (3.4)

In this model, increasing the open loop unity gain frequency or the feedback
fraction, f, will result in smaller time constants. This model, however, is overly
simplistic. Nondominant poles in the frequency response will alter this result.

If the open loop frequency response of the OTA is modeled as containing
two poles, then the small signal setting component will contain two frequency
components. For large values of the f, the response may be underdamped and the
two fn_'equcncy components are complex. The response is that of a decaying
sinusoid. For small values of f, the response is overdamped and there are two
decaying exponential components. Figure (3.3) shows a hypothetical open loop
frequency response for an amplifier with two poles.

When this amplifier is placed in a feedback configuration, with a feedback
fraction of f, the closed loop poles move to different locations in the complex
plane. When complex, the location of the poles in the complex plane are
customarily given in terms of two parameters, op and { . Figure 3.4 shows the way

that their locations are related to these parameters.
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Fig. 3.3 Open loop two pole response
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Fig. 3.4 Complex pole locations

The small settling component for a system with poles given by wp and { will decay
with a time constant determined by the real part of the poles location. It will

oscillate with a frequency determined by the imaginary part of the poles location.
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Figurc 3.5 shows a root locus plot of the closed loop pole locations for the

two pole amplifier with variable feedback fraction f.

IM(f)

X

RE (f)

Fig. 3.5 Root locus plot for two pole amplifier

When f = 0, the pole locations are at their open loop positions. As f increases, the
poles move toward each other. This is the case of an overdamped system. It is
possible for the poles to meet before f=1 and split off iito the complex plane. This

is the case of an underdamped system. Assuming that that py » pl, af » 1, and the

pole locations are complex, the pole locations can be given by

©p=p2/2
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{2=p2 / (4-a-f-py) . (3.5)

Equation (3.5) shows how the feedback fraction, f, determines the complex pole
locations for a given amplifier response. Conversely, it shows how the amplifier
frequency response determines complex pole locatious for a given feedback
fraction. The complex pole locations are important because they determine such
characteristics as small signal rise time, overshoot, settling time, etc. In this
application the most important characteristic is settling time.

The real part of the complex pole location determines the exponential time
constant for the small signal settling component. There is no significant
dependance of the settling time on the oscillation frequency. The settling time
improves as the two poles move toward each other on the real axis but remains
essentially constant as they split off into the complex plane. To achieve optimum

settling time performance, the network should be in the underdamped regime.
f > pz/(4awpy) (3.6)

The two pole model is overly simplistic, however, and it is not advisable to have
the network too underdamped.

Figure (3.6) shows the root locus plot for a three pole system. It is clear that
one effect of the third pole is to cause the complex pair to move toward the real
axis. The settling time performance of this nctwork is optimum at the point where
the complex pole pair first leaves the axis. The pair leaves the axis at right angles,
so there is no penalty for having a slightly underdamped network. This

corresponds to an equal sign for equation (3.6).

f= p2/(4-apy) 3.7)
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Fig. 3.6 Root locus plot for three pole amplifier

It is understood that it is better to have a slightly underdamped system then a
slightly overdamped one. If a value of f = 1/3 is given, then (3.7) indicates that the

amplifier should be designed somewhat less than

p2~ 4efe asp) = 43 ap; = 4/3 *Wqg . (3.8)

Numerical simulation can give accurate assessment of the effects of higher order

singularities. Equation (3.8) can be used as a guide, and simulation results can be

used for higher order corrections.
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The output impedance of the buffer can be arrived at quite easily by
modeling the OTA as a single transconductance stage. Figure 3.7 shows such a

small signal model suitable for the calculation of the output impedance.

Fig. 3.7 Output impedance model

The result is rather general and in agreement with the well known result that the
closed loop output impedance is equal to the open loop output impedance divided

by the loop gain.

Ro = Go /( Go*Gm*f) = 1/ ( Gm-f) (3.9)

This is generally valid for feedback connections where the feedback network

shunts the output, and the loop gain is much larger than one.

32 1 ienal idorati
321 1 . ,
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The feedback capacitor in the output buffer must be reset after each output
cycle. Each output should be independent from previous or following samples. The
signal charge which has integrated on the feedback capacitor must be removed
before another signal can be integrated on that capacitor. Up to this point, no
mention has been made as to how this will be accomplished.

One way that this might be done is to place a switch across the feedback
capacitor. This switch could be closed between successive outputs when nothing
was on the input bus. The capacitor would be discharged and the output would be
reset to the bias voltage on the amplifier noninverting input. The switch would
then be opened, and the buffer would be ready for the next channel. This
techniques has three undesirable consequences.

First, the load capacitance would bec reset between each output; and since
the load is estimated at 100pf, the excess power dissipated would be a large fraction
of the entire power budget. Second, the time taken to perform this function would
be lost from the total time allocated to output the signal. The settling associated
with this reset would take at least as much time as that associated with the signal
itself. Thus the time lost would be a significant fraction of the total time allocated.
Third, the amplifier would have to be stable under unity gain operation. This
would reduce the obtainable bandwidth.

To address these problems, one might consider switching the load out of the
circuit for the reset interval. This is not an option, however, because the load
determines the dominant pole of the amplifier. It would generally by unstable
without the load capacitance. To design it to be stable both with and without the
load capacitance would result in severely degraded performance.

The technique adapted here is to switch the feedback capacitor out of the
feedback path, reset it , and switch it back into the feedback path[29]. During the

time that the capacitor is out of the feedback path, the amplifier is operating open
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loop. By using two feedback capacitors, a previously reset capacitor may be
switched into the feedback path immediately after the capacitor with signal
charge is switched out. With two capacitors, the period of time that the amplifier
is operating open loop may be reduced to a negligible amount. This architecture

is shown in figure 3.8.
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Fig. 3.8 Dual switched capacitors with two phase nonoverlapping clocks

¢1 and ¢2 are two phase nonoverlapping clocks. Four switches are used to
switch each capacitor in and out of the feedback path. This configuration has two
advantages. First, it allows for independently resetting the voltage on each plate
of the capacitor. Second, it provides a great deal of isolation between adjacent
channels.  The presence of stray capacitances on each plate of the capacitors
provides a mechanism for crosstalk between adjacent channels. As an example of
this type of crosstalk, consider the resetting configuration shown in figure 3.9.

Stray capacitances are included in figure 3.9. For the time being, the
switch elements are presumed ideal. When a feedback capacitor from figure 3.9 is

discharged, the potential difference between the two plates is reduced to zero. The
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potential difference between each plate and ac ground is nrot, however, properly
reset. The presence of the stray capacitances cause ecach plate to assume a

potential after reset of

Vreset = ( Vsig*Cs2 + Vbias*Cs1 ) /( Cs1 +GCs2) . (3.10)

_L 2 1
1 4 L
Channel 1 | CFf) 4 Cr2
= I% Iﬁal ——-{ }__‘ Cs2 *_—
_L Channel 2 N J}—_ l _‘[; N }_ ¢ —i[:’
T .
r—v% : ) vouT
Chaonnel N

.|H

Vblas

Fig. 3.9 Aliernate resetting configuration

This result is very disturbing. The reset voltage depends on the signal. When this
capacitor is next used it will carry a contribution from its previous output signal
level. This mechanism of crosstalk is ecliminated by the configuration of figure
3.8. Other resetting configurations which attempt to reset each feedback capacitor
with less than the four switch clements shown in figure 3.8 have similar crosstalk
problems.

The clocks, ¢1 and ¢2, must be made nonoverlapping to provide complete
isolation beiween adjacent output signals. The nonoverlapping period should be
made as small as feasible. During this time the amplifier is operating open loop
and will auempt to drive the output toward one rail of the other. The direction and

the amount of output current will depend on the polarity and magnitude of the
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differential input to the amplifier. At the end of onec integration cycle when a
capacitor is about to be switched out of the feedback path, the differential input
voltage to the amplifier will be approximately cqual to the amplifier offset
voltage. If the switch clements were ideal, no charge would be injected onto the
input node during the switching process; and the differential input voltage would
remain unchanged. Under these circumstances, the amplifiecr would not drive the
output at all. In reality, however, charge will be injected onto the input node, and
the resulting change in input voltage will drive the output. The output current

will be given by
Iout = Gm * AVjn = - Gy * Qin / Cin . (3.11)

Gm is the total OTA transconductance, Qjp is the charge injected onto the input
node, and Cjp is the total capacitance on the inverting node of the amplifier. The
negative sign results from the fact that the charge 1s injected onto the inverting
node of the amplifier. This current slews the output and results in a change in the

output voltage.
AVouw =lour* Tn /CL = -Gy * Qin * Tn / (Cin * Cr) (3.12)

Tp is the iength of the nonoverlapping interval. Ty can easily be made as small as
10 nanoseconds. Using conservative estimates for thc remuining terms, the
change in output voltage is limited to only a few millivolts during the
nonoverlapping period.

In figure 3.18 the bias voltage on the noninverting input to the OTA is
given as Vpjas. The reset level for the output platc of the feedback capacitors is

given as V;. To this point, actual values for these voliages have not been
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discussed. @ Two expressions are now developed that relate these voltages to the
output voltage range. The OTA itself has a large output range, and with the proper
selection of Vpjas and V; this may be maintained.

When a channel is swilched onto the output bus, charge will either flow to
or from the sample capacitor on that channel. If the voltage on the sample
capacitor of the channIeJ in question is greater than Vbias, charge will flow from
that capacitor to the inverting node of the amplifier and onto the feedback
capacitor. If the voltage on the sample capacitor is initially less than Vbias,
current will flow in the opposite direction. In either case, current continues to
flow until the voltage on the sample capacitor is equal to Vpjas. As current flows
onto the feedback capacitor, the output voltage integrates down below V; by the

same amount that the input voltage was above Vbias.
Vout(n) = Vr - ( Vjp(n) - Vpjas )
= Vr + Vpias - Vin(n) (3.13)

If Vip(n) is assumed to have any value between Vss and Vpp then equation (3.13)

implies thai V; and Vpjas should obey

Vr + Vpias = VDD + Vss (3.14)
to maintain maximum output range. If this condition were not valid then Vgyi(n)
would want to be higher than Vpp or lower than Vgg for some values of Vjn(n).

The output would saturate. When equation (3.14) is adhered to, values of Vgyi(n)

given by (3.13) will necessarily fall between Vgg and Vpp.
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Anbthcr consideration which affects signal range 1is the charge
redistribution which takes place when a new input and feedback capacitor are
initially switched into the circuit. This charge redistribution takes place rapidly,
before the amplifier has a chance to respond. It is due to the voltage inequality
that exists between the input capacitor, feedback capacitor, and thc load capacitor.
These three capacitors ‘form a loop as shown in figure 3.10. By Kirchoff's Voltage

Law (KVL) the sum of the voltage drops around the loop must equal zero.

Vrosel - Vbleas

—

Ce

* | +
\ ' -
lnlnl-I c1 cL I-Voul(n 1)

Fig. 3.10 Capacitor voltage loop before insertion

Initially the sum of the voltage drops on the capacitors does not equal zero. There
are, therefore, voltage drops across the switch elements. When the switches are
closed, there is a rapid fiow of current until the voltages equilibrate around the
loop. This happens with a time constant determined by the switch resistances and
the capacitances, in the loop. For a loop containing a series combination of three

resistances and three capacitances the time constant is given by

R=R; +R2 +R3

86



1/C=1/Cs + 1/C; + 1/CL. (3.15)

With switch resistances less than 10 kQ, this time constant is less than 50 ns,
which is must faster than the amplifier.

Because the loaa capacitance is much larger than the other two, the output
voltage will remain essentially unchanged during this redistribution. Because the
other capacitors are equal in size, their voltages change by equal amounts when
charge is transferred from one to the other. The approximate capacitor voltages
after redistribution has taken place can be determined from these two

observations.
Vin(m) - Vin(n) - 1/2 « (Vin(n) + Vr - Vpias - Voutr(n-1))
Vr -Vbias = Vr - Vbias -1/2 * ( Vin(n) + V¢ - Vpias - Vou(n-1))
Vout(n-1) - Voyu(n-1) (3.16)

The capacitor voltages after charge redistribution are shown in figure 3.11.

( - Vin(n) + Vr - Vbias + Voutln-1) ) /2
1l
1Rl
Cs
S E—
( Vin(n) - Vr * Vblae *+ Voulin-1) ) /2 _I C1 CL Veul (n-1)

Fig. 3.11 Capacitor voltage loop after charge redistribution
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Investigation of the voltage on the input capacitor shows that, if Vpjas is greater
than V; this node voltage will be pushed higher than Vpp when Vin(n) and
Vour(n-1) are sufficiently high. If Vpjag is less than V., this node voltage will be
pulled below Vss when Vig(n) and Vgyu(n-1) are sufficiently low. It is certainly
undesirable for either of these conditions 10 occur; because junctions at this node
could become forward biased, and signal charge could become lost resulting in

signal distortion.  Charge redistribution problems are minimized when

Vr = Vpias _ (3.17)

When equation (3.14) is combined with (3.17), the following prescription is

obtained.

Vr=(Vpp + Vss ) /2

Vbias = (VDD + Vss )/ 2 (3.18)

With this prescription, Vpias acts as a signal ground with Vpp and Vgys acting as
positive and ncgative supply ruils. The output buffer with complete elaboration of
feedback elements is shown in figure 3.12.

With Vbias midrail, either n or p channel FETs could be used for the
majority of the switch elements. N channels can be used to give lower switch
resistance. The switches from the output to the output plate of the capacitors must

be complementary to provide low resistance with the output ncar either rail.
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Fig. 3.12 Output buffer with complete feedback description

3.3 Noise Performance

The impact of two noise sources on the noise characteristics of the output
buffer will be addressed. Each source is independent of the others so that their
effects may be considered individually and their results combined incoherently.
The sources are input referred amplifier voltage noise, and switch thermal noise.

The sampled data nature of the outpnt buffer necessitates the use of results
from sampling theory. Previous studies of sampled data circuits [30,31] have made
the important observation that output noise contributions are of two types. The
first type is a direct contribution which results from a sourcc which has a direct

path to the output. The second type is an indirect contribution which results from
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the sampling of a noise source on a previous clock cycle. The first is continuous
and changes continuously over the clock cycle under investigation. The latter is a
remnant from a previous cycle which remains constant over the cycle under
investigation.

Assume that the output buffer has a grounded or fixed input. Under ideal
noiseless conditions, lﬁc output voltage wou'd unchanging. In reality this output
buffer would show switching transients at clock transitions. These transients are
unchanging from cycle to cycle and are not considered noise. This buffer will
also show an asymmetry between even and odd outputs due to mismatch in the
dual feedback capacitors. Once again, this is a fixed pattem and does not
represent noise. In the present discussion, the buffer is assumed to have no fixed
patterns; so that the only output with grounded input must be due to noise sources

in the buffer. Figure 3.13 shows a hypothetical output waveform under these

conditions.

}
!

Fig. 3.13 Hypothetical noise output

The nois~ output shows a continuously varying component, as well as

discrete transitions from one cycle to the next. The co:oiices component

represents the direct noise contribution, while the discrete output represents the
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sampled component. In an actual example, it will be clear which noise terms arc

form each category.
3.3.1 Input referred noise voltage

To calculate thé. noise ecffects of the input referred noise voltage, it is
convenient to use a model in which the noise generator has been brought out of
the OTA at the noninverting node. A small signal model can be developed which
applies for any particular set of clock states. A noise model which applies for the

state in which a signal is being output is shown in figure 3.14.

5 VOUT
CS +

1
L Lo

Ci

Fig. 3.14 Input referred noise voltage noise source

This noise source provides a direct contribution which is easy to calculate. For

frequencies less than the closed loop bandwidth of the circuit, the noise source is

amplified by the noise gain.

NG=(Cs+C;+Ci)/Cs (3.19)
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At frequencics greater than the bandwidth of the circuit, the gain for the noise
source decreases. An equivalent noise bandwidth (NBW) can be defined [30].
Frequency components less than the NBW are accounted for as being amplified by
the noise gain, while frequencies above the NBW are accounted for as having no
contribution. The NBW is generally close to, but some what larger than, the three
db bandwidth. For a singlc pole response the NBW exceeds f3qp by a factor of n/2 .
In more realistic cases the factor is closer to one.

The input referred noise voltage also contributes a sampled noise
component. This component is more subtle, and arises because the charge state of
the stray input capacitance is a function of what the input referred noise voltage
was on the previous cycle. This charge state constitutes an initial condition for
the current output cycle. The way in which this happens can be quantified by
writing equations in the time domain for the output voltage for any given output
cycle. Figure 3.15 shows the circuit in question with node voltages and branch

currents identified.

Vout(t) = en(t) + 1/Cj« [ i dt

C| + Cs d
e | —en®) - d
Cs di

=en() +

=(Cr+Cs+ G )Creen®) - (Cs+ Ci )/Cr - en(0+) (3.20)

The zero of time is taken at the instant that the input and feedback capacitors are

inserted into the feedback path. The voltage, en(t), is the voltage at the inverting

node and is a low passed version of vp(t). The nonoverlapping clock phase is
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assumed to oe negligibly small. The first term in this expression is the direct
noise contribution, while the second is the sampled contribution.

A limiting case may help to clarify the distinction between these terms.
Consider the case where Cg = 0. In this case, the inverting node is completely
floating during the nonoverlapping clock period. When a freshly discharged set
of capacitors are inscrléd into the loop, the inverting node is set to zero volts. In
equation (3.20) the sampled noise contribution must be zero. This is because, with
Cs equal to zero, the circuit has no capacity to remember it's charge state at the
end of the last cycle. The charge state of the amplifier inverting node is critical
in determining the output voltage. The sampled noise contribution is essentially a

memory term in the noise expression.

In the general case en(0+) is not zero, however, and it makes a contribution
to the output noise. At the end of the previous cycle, ej(t) is given as a low passed
version of vp(t), so that eg(0-) is a low passed version of vp(0-). It tracks the
inband fluctuations of vp(t). When affects of stray capacitance are included, the
value of en, after new capacitors are switched in place is related to the value

which it had before the old capacitors were switched out.
en(0+) = en(0-) « G5/ (Cs + Cj) (3.21)

In the more normal case where closed loop operation is maintained throughout all

clock phases. one obtains en(0+) = ep(0-). Equation 3.20 can now be used to

calculate the mean square output voltage.

< Vour()2 > =(Cg+ Cs + Cj )2/ Ce2 » <en(1)?2 > + Cg2/Cs2 « < en(0- )2 > -

( Ct+ Cs + Cj )»Cs / Cg2 = Rep(t,0-) (3.22)
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Ren(1,0-) is the autocorrelation function for ep(t). The voltage en(l) is a
bandlimited version of vp(t). The bandwidth is the 3 db frequency for the circuit.
If the 1/f term in vp(t) is neglected then the power spectra of en(t) wili be flat out
to w3qp. It's autocorrelation function is equal to the Fourier transform of this
power spectra. The autocorrelation function will therefore decay with a time
constant l/w3dp. This.is also the small signal time constant for the circuit, so that
if t is large enough for complete charge transfer to take place in the circuit, then
it holds that en(t) and en(0-) will be essentially uncorrelated. Under these
conditions, the third term in (3.22) will be negligible by comparison with the first
two. If the power spectra of vp(t) were dominated by the 1/f component, then a
large degree of correlation would exist between en(t) and en(0-). In the limit
where only very low frequency noise components were present, e€p(0-) and ep(1)
would be the same ( highly correlated ). The relative magnitudes of the thermal
and 1/f contributions to vp2 will determine which of these cases is more nearly
accurate. To be conservative, maximum decorrelation is assumed here, and the
third term in (3.22) is neglected. As a practical matter, C; and Cf are equal, and Cq
is approximately equal to that same value. The first term in (3.22) will dominate

the second termm and is at least three times the third.

332 Switch Elements

A noise model for a switch element includes the switch resistance and a
thermal noise source [28]. Figure 3.15 shows this mode! where the thermal power

spectra is given by

vn2(f) = 4okeTor . (3.23)
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Fig. 3.15 Switch noise modecl

The incremental switch resistance is given as r, and it should be noted that this is
generally a function of the source and drain voltage of the switch.

A form of noise which is commonly referred to as kT/C noise is a sampled
noise component of switch thermal noise. As previously discussed in section
1.4.1.2, a capacitor which is shorted by switches will hold a sample of the thermal
noisc of thosc switches when the switches are opened. In this buffer, \he
feedback capacitors hold this sampled noise when they are placed into the

feedback loop. Equation (3.20) can be augmented to include this noise voltage.

Vour( = en(®) + 1/Cj« [ idt + v¢ (3.24)

The sampled noise voltage on the capacitor is identified as v¢. This noise
contribution is independent of those previously mentioned, and makes a

contribution to the RMS output voltage of

< vout(t)2 > = k-T/Ct (3.25)

fluctuations in the reset valuc of the input capacitor also makes a contribution to

the output voltage noise given by (3.26).
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< Vout()2 > = k*T/C;j + Cs/C; (3.26)

This is nominally equal to the contribution from (3.25).
The switches which are closed during the output phase make a direct
contribution to the output noise. Figure 3.16 is a model for the direct contribution

of the switch thermal noise.

—_

%) Vn2
Vn3

Vi:ﬁ ] S VOUT

Fig. 3.16 Switch direct thermal noise contribution model

The contribution from each source can be calculated individually and combined
incoherently . The result is shown in equation (3.27). Note that the resistors play
no role in this expression, because the poles introduced by the resistive elements
are at frequencies much higher than the bandwidth determined by the amplifier.
If this were not the case, the settling time of the buffer would be affected by the

RC time constant established by the swiiches and the capacitors.

< Vour(t) > = Cf/Ci * vn12(f) » NBW + vpo2(f) « NBW + vp32(f) « NBW . (3.27)
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Only the mean square value of the noise contributions have been
calculated here. The spectral shape of all the contributions here identified fall
into one of three classes. The first class is the direct contribution of the 1/f term
in the amplifier input referred voltage noisec. The spectral shaped is as 1/f, as the
name implies. It is rolled off by the system bandwidth, but this is of little impact
for a function which is already dropping like 1/f. The second class is the direct
contribution of the thermal noise sources. This power spectra is flat, but is rolled
off by the system bandwidth. The third class is thc sampled noise contributions. In
the time domain, these contributions look like a series of discrete levels spaced in
time at they sampling period Ts. Because the sampled contribution from the 1/f
noise source is not included, each level is uncorrelated from the previous or
following sample. The autocorrelaticn function is triangular, and the one sided

power spectrum is given as [28]

S(w) = < v2 > 2¢Tg » sinc2( 0 Tg/2) . (3.28)

The distinction between a single sided and two sided power spectrum is imponant,
because a one sided power spectrum is what is actually measured. The spectrum is
characterized by one parameter, the mean square voltage of the contribution in
question. With the inclusion of these spectral shapes, the output noise is

completely characterized.

314 p Jissipati

Power dissipation can be broken into two components, quiescent and

transient. The quiescent power dissipation is the total power dissipated, assuming
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that none of the clocks arc running. It is the power dissipated by the total bias

current of the amplifier. This power can be expressed as

Pq= (VDD - Vss) * Ibias * (B + 8 ) . (3.29)

It has been assumed that the bias currents in the N and P channel input stages are
the same and that the cascode bias networks are running of that same current.
The transient power is that averaged power which is used charge and
discharge capacitances in the circui:. The dominant capacitance in the circuit is
the output capacitance. If the output voltage level changes from one cycle to the
next the output capacitance must be charged 10 a different voltage. In supplying
this current, power will be dissipated by the driver transistor and it's
accompanying cascode transistor. Assume that the output voltage changes from
V1 on onz output cycle to V2 on the next. Assuming that V2 is greater than V1,
the buffer must draw current from VDD and deliver it to the load as it charges up.

The instantaneous power dissipated in the buffer is

P=(Vpp-Vour)*I=(VDpD - Vour )+ CL - dVoyur/dt . (3.30)

The total energy dissipated in the transition from V1 to V2 is

E=JPdi= CL-[ Vpp*(V2-V1)-12+(V22-V12)] (3.31)

It is clear that the actual energy dissipated is a statistical quantity, which depends

on the degree of correlation between adjacent channels. In this case adjacent

channels represent radiometric measurements within adjacent narrow spectral
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bands. The average cnergy dissipated in a positive output swing can be expressed

as

<Ep>=CL*[VDD*<AVp>-12:<AVy>] . (3.32)

The corresponding expression for a mnegative transition is

<Ep>=CpLe[-V§s*<AVp>+12.<AVZ >] (3.33)

It is necessary for the average positive signal transition to be equal to the
average negative signal transition or the signal would not stay within the output
range of the buffer. It is reasonable to assume that the average difference of the
square of the signal for positive transitions is equal to the corresponding
quantity for negative transitions. In this casc the average cnergy dissipated in a

transition 1is

<E>=12+CL(VpD-Vss)*<AV> (3.34)

The average transient power dissipation is dominated by this energy dissipated in

the output sample period Tg,

Py =1/(2*Tg) e CL* (VDD - V§§ ) * <AV > (3.35)

This term could concecivably be as large as 360 pW if the signal made a 6 volt
transition on each output. This of course is much la:ger than the entire power
budget. Fortunately the system design insures that the average signal swing is

much less than this. Cuc to the selection f spectral bands the signal change from
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channel to channel is expected to be no more than approximately .3 V. This would
correspond to an average transient power dissipation of 18 puW. It's average
change will be significantly less than it maximum change, so it is conservative to
say that the transient power dissipated in charging and discharging the load will

be less than 20 pW .

3.5 Crosstalk

Crosstalk has not been mentioned in the goals for this design. In the
application of this output buffer it is undesirable for the signal from any one
channel to corrupt other channels. There are mechanisms in the output buffer
which could cause the signals from adjacent channels to influence each other. To
be consistent with the other requircments the crosstalk should be lower than -60
db. Two crosstalk mechanisms are considered here.

The first crosstalk mechanism is caused by variations in the settled bus
voltage. Under ideal conditions, the bus voltage will return to the OTA
noninverting bias voltage of 3 volts éx the end of each output cycle. Due to finite
OTA gain and incomplete settling time, the bus voltage does not return precisely to
the same voltage after each cycle. Because of this cffect, the starting voltage of
the bus is a function of the signal in the previous cycle. The output buffer
operates as a charge integrator, so the charge nceded to bring the bus back to its
nominal value is integrated as signal in the present cycle.

Imagine that one channel to the buffer is grounded, while the previous
channel had the value V. Because of the finite gain, a, of the OTA, the inverting
node is settling to a value which is 1/a of the output voltage -V. It starts out with

approximately V/2 as discussed in section 3.2.1. Assume that it is settling with a
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time constant t. The noninverting node at the end of the previous cycle will have

the value

e- = V(1R T4+ 172 ) , (3.36)

where T is the output sample time. The inverting node for the cycle with the

grounded input will settle to zero, but in doing so, the charge

Q=Csec-= VeCpys ( 12cT/T 4 1/a) (3.37)

is integrated on the feedback capacitor and an output voltage of

V(crosstalk) = -V « Cpus/Ct* (172 «¢- T/t + 1/a) (3.38)

results where there should be none. Cpyus is the bus capacitance. Crosstalk is

defined as the ratio of the V(crosstalk) and V and is given as

Crosstalk( bus settling error) = - Cpus/Cte (12 ¢~/ + 1/a) (3.39)

This form of crosstalk should be quite small, but can be climinated altogether by
resetting the bus voltage at the beginning of each cycle. This can be done during
the nonoverlapping interval of the clock phases. A provision to do this has been
made in this design with an additional switch and an additional clock phase, ¢3. It
is not anticipated that this should be necessary.

The other form of crosstalk which can arise is duec to a stray capacitive
coupling between the signal in a channel and the signal bus. The bus is the

inverting node of the OTA. When the buffer is integrating, the bus node is at high
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impedance and any signal coupling into it will be integrated cnto the fecdback

capacitor. The crosstalk for this mechanism is given by

Crosstalk(stray capacitance) = - Cgiray/Cr (3.40)
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4. PREDICTED PERFORMANCE

Using results from the previous sections, as well as SPICE simulations, a
buffer design was performed. Initial device characteristics and parameters were
compiled from available data. Two test chips were designed . The first contained
many AIRS test circuits, including the output buffer under discussion here. The
second was a device test chip containing transistors, resistors, and capacitors, for
usc in characterizing the Orbit 1.5 pm p-well process. This process is a double
poly, double metal process with 250 A gatc oxide. Data from the device test chip is
here used to predict buffer performance. It should be pointed out that this data
was not available at the time of the output buffer design. The data available at the
time of the output buffer design did not include many of the device sizes, and
operating currents used in the output buffer design, and is therefore unsuitable

to provide quantitative comparison with measured results.

4 i W

AIRS buffer operation is specified for operation at 60 °K. Equipment to
operate at this temperature was not available at the time of this research. All
device parameter extraction as well as circuit testing was performed at
approximately 78 ©K. This is the temperature that results with the use of liquid
nitrogen as a coolant in the open well of a test dewar. The actual operating
temperature depends on the particular dewar being used, the vacuum achieved in
the dewar, the thermal contact of the package in the dewar, and the power being
dissipated in the device under test. Generally operating temperatures exceed the
one atmosphere nitrogen boiling temperature (77.3) by a degree or so. The
temperature is reported here as 78 °K as a convenience. Temperature sensor data

was not taken with the bulk of the data. There are not expected to be measurable
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differences in circuit opecration over this range. Full compliance with
specifications will require 60°K testing at a later date.

The methodology adapted for device ‘characterization was 1o extract
parameters that would be meaningful in the determination of the buffer
performance using th;: expressions developed in chapters 2 and 3. To make these
determinations by hand it is desirable to use a model which is not unnecessarily
complex. Here parameters for use in SPICE level 1 models are extracted. This
model is sometimes referred to as the Shichman-Hodges model. The most important

characterization of this model is that of the FET drain current in saturatiom.

ID=12-W/L-Kk+(Vgs-VT)2+(1+A« Vps) (4.1)
K' = n * Cox’ (4.2)
VT = V1o +7+ (¥ (2:6p - VBS) - ¥ (2:0p)) (4.3)

The expressions are written for an N channel FET, pn is the electron mobility in
the channel, Cox' is the strong inversion gate to substrate capacitance per unit
area, VTQ is the zero bias threshold, ¥y is the backgate coefficient, and ¢p is the
Fermi potential of the substrate. The channel length modulation effect is modeled
with A . The channel length modulation effect is often small and the term A+Vpg is
often assumed much less than one. For long channel lengths L can be considered
as the drawn channel length, but for smaller lengths the lateral diffusion of the
source and drain implants must be taken into account. SPICE models provided by
the foundry are higher level models but are not suitable at cryogenic
temperatures.  Parameter extraction software was not available for this research,

so that use of higher level models would be unworkable. Also, higher level models
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have complex or semi-emperical expressions that are unsuitable for hand
calculations.

Device sizes and operating currents for the extraction werc chosen as close
as possible to actual circuit values. In this way, the extracted data is used in its
region of maximum validity and errors due to model extrapolation are minimized.
Furthermore, simple wmodels are far more useful in performing design tradeoffs
because the functional dependance of conflicting requirements are apparent.
High level models, if accurate, are useful for final refinement or tweaking. In
this case they are not available.

Some device characteristics are known to change significantly at liquid
nitrogen temperatures. Others have been reported as having very little
change[32]. Junction capacitances are assumed to retain their room temperature
values. Junction reverse saturation currents are assumed to be dominated by the
conventional exponential temperature dependance ¢-9°E8/k*T | In this case, they
become an issue only when they are the omly discharge path for capacitive nodes
left floating for a sufficiently long period of time. Because of their importance to
circuit performance and their expected or uncertain dependance on temperature
threshold voltage, back gate effect, transconductance , output conductance , and
noise have been parameterized from actual device measurements. The analysis of
these measurements is included as a part of this thesis research. The bulk of the

measurements, particularly the noisc measurements, have been taken by others.

4.1.1 Threshold Voltage

Threshold voltages were extracted by finding the x intercept in a plot of the
square root of drain current versus the gate to source voltage with fixed drain

voltage. This follows directly from equation (4.1). A threshold voltage extracted
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in this way will necessarily be the correct value to use if the objective is to
parameterize the current voltage characteristic of a device operating in the
strong inversion region. Threshold voltages are expected to increase as the

temperature is lowered according to the relation

VTO = 0ms - Qss'/Cox’ + 2+0p + 1V ( 2:0p) - (4.4)
Y=1/Cox' « ¥ (2:g'e'Na) (4.5)
¢ms =+ Eg/2 - ¢p _ (4.6)
¢p =keT/q * In(Na/nj) (4.7)

Equation 4.1 is written for a N channel device. The difference in the gate and
substrate work function is given by ¢ms. The plus sign in the equation for ¢ms is
used if the polysilicon gate is doped of the opposite type as the substrate. The
negative sign is used if they are doped the same. The effective interfacial arcal
charge density is denoted by Qgs'. N is the concentration of acceptors (assumed
uniform) in the p type substrate . Eg is the silicon bandgap, n; is the intrinsic
carrier concentration, and e is the diclectric constant for silicon. The
temperature dependance of the threshold is contained in the explicit dependance
in the equation for ¢p, and the implicit dependance of nj. The temperature

dependance of njis given by[31]

nj = T3/2 . e-qEg/2°kT (4.8)
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Using the above exprsssions the expected change in threshold voltage with

temperature can be expressed.
VTo(78) - VTo(300) = ¢p(78) - 0p(300) + v( ¥ 26p(78) - ¥ 2¢p(300) ) (4.9)
¢p(78) = ¢p(300)- .26 + .45 V (4.10)

Using the value of Npo = 6E16 cm-3 provided by Orbit in their SPICE models, a
value of ¢p(306) = 39 V, y=1.0 is obtained. With these values equation (4.6)
predicts a threshold increase of .28 volts. For P channel transistors the
corresponding prediction is .26 volts. Observed increases are .34 V for N channel
and .39 V for P channel. This is consistent with previously published results[30]
where a partial freeze out of the boron threshold adjust implant can explain
larger P channel thresholds. In the N channels, however, the conduction band is
bent toward the Fermi level so the acceptor like implant remains fully ionized.
Discrepancies such as this show the importance of cryogenic device testing.

Table 4.1 shows the extracted thresholds for transistors from the device test chip.

Device Dimension N P
30x5 1.15 -1.41
30x 10 1.15 -1.38
30 x 30 1.17 ~1.36
5x30 1.22 -1.40

Table 4.1 Extracted Vo (V) (78°K)

4,1.2 Transconductance
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The transconductance parameter k' was extracted from the slope of a plot of the
square root of drain current versus the gate to source voltage with fixed drain
voltage. For a device operating in strong inversion the transconductance

parameter is given by

k= 2L/W «(9vI1/aVg)2 . (4.11)

This follows directly from equation (4.1) where the channel length modulation
term is assumed small . The maximum value of the slope is used in the extraction so
that weak inversion and mobility degraded regions of operation are excluded.
Figure 4.1 shows such a plot for an N channel 30/5 transistor. The weak inversion
and mobility degraded regions depart visibly from the linear fit. This curve
indicates, however, that for currents between 4 pA and 25 pA, the fit is excellent.
The threshold voltage of 1.15V is clearly visible as the x intercept.

Table 4.2 show the extracted transconductance parameters values for

transistors from the device test chip.

Dimensions (WxL) N P

30x5 1.37¢-4 8.21e-5
30x 10 1.44¢-4 8.45¢-5
30 x 30 1.43¢-4 9.42¢-5
5x30 1.21c-4 7.64¢-5

Table 4.2 Extracted k' (A/V2) (78°K)
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Fig. 4.1 Squarc root I vs. Vgg, N channel 30x5(78°K)
Corrections for lateral diffusion and oxide encroachment have been made in the
data of Table 4.2. When these effects are taken into account, L and W must be
replaced by Leff and Weff , where

Leff = L-2-LD

Weff= W-2.WD . (4.12)

I
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Values for LD and WD provided by Orbit at room temperature are used here. LD and
WD models any biasing between drawn and effective electrical dimensions. These
dimension corrections are primarily physical in nature and not expected to vary
with temperature. LD = .04p and WD = 3u. Even with these corrections, the data in
Table 4.2 shows some spread. Results from other i~ concur with the results
shown here. It appcars. that the WD for this lot is probably somewhat larger than
3 pum, although there is not another smaller width transistor on the device test
chip to verify this. The effective electrical width of the 5x30 devices, according to
Table 4.2 , is only 3.8 um

The values in Table 4.1 =zre significantly higher than room temperature
values. As shown in equation (4.2), the transconductance parameter is the product
of the carrier channel mobility and the gate capacitance. The gate capacitance is
expected to have negligible temperature dependance. SPICE models the mobility
temperature dependance as being proportional to T-3/2. This is because the
dominant scattering mechanism at room temperature is with acoustic phonons.
The scattering rate for this mechanism has a T3/2 dependance [31], and the
mobility is inversely proportional to this scattering rate. At 78 ©K, however, the
scattering rate from acoustic phonons has dropped by a factor of 7.7 and is no
longer the dominant term in the total scattering rate. Scattering is now
determined by ionized impurity scattering and surface scattering [30]. The
observed mobility increase is therefore less than the factor of 7.7 predicted by
SPICE. In this study, mobilitics increased by a factor of 4.6 for the N channel and
6.4 for the P channel transistors. This is in agreement with previous results and

presumably due to lower substrate doping for the P channel devices.

4,13 Back Gate Effect
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The threshold voltage of a MOS transistor increases as the voltage between
source and bulk increases. This effect is known as the back gate effect and is

characterized by equation (4.3). The increase is parameterized by Yy and ¢.

Because of the logarithmic dependance of ¢ (4.7) it is confined to a narrow range

of values. It is conventional to assign ¢ a nominal value, and use measured values

of VT vs VsB to determine .

values for both parameters which will give a best fit to the data.

a plot similar to figure 4.1 for a 30x5 P channel transistor with

substrate voltage.
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Gamma can be assigned as the slope of plot of V1 versus the quantity v (-2:¢5+VBS)
-+ ( -2+¢p). Such a plot is shown in figure 4.3, where ¢, has been assigned a

nominal value of .55 V corresponding to Np = 3.3¢16 cmn-3.

2.2

2.0+

1.8 1

Vi 1.6 4

T

————— ——
0.0 0.5 1.0 1.5
sgrt(-2ephi_n +Vbs) - sqrt(-2+phi_n)

Fig. 4.3 Plot for extraction of y(78°K)

All points, with the exception of the first, give a good linear fit. This is typical of
transistors with impiants[37]. The smaller initial slope in this P channel FET is
consistent with a threshoid adjust implant of acceptors. Room temperature data

for the same P channel transistor is shown in figure 4.4.

1.0 v .

0 1 2
sqrt(-2.phi_n + ‘fbs) - sqrt(-2«phi_n)

Fig. 4.4 Plot for extraction of ¥ (300°K)
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The slope for Vgp greater than 1 V is essentially the same indicating no change in
the bulk donor concentration with temperature. The slope in the region with VSB
less than 1 V is different, indicating a potential temperature dependance of

doping density in the surface region.

Due to a layout error in the device test chip, N channel data for VT vs Vs
was not reliable. A review of existing data was used to provide a-value. As with the
P channel FETs, the yas indicated by substrate to bulk voltages greater ihan 1 volt
was temperature independent. A different slope is observed, however, for smaller

values. Table 4.3 shows extracted y's for N and P channel transistors.

Dimensions (WxL) N P
30x5 1.0* .54
30 x 10 * .54
30 x 30 * .54
5x30 * .57

Table 4.3 Extracted 7y (78°K)

Values given are for IVgpl greater than 1 volt. Asterisks given for the N channel

transistors indicate the lack of data caused by the layout error.

4,1.4 Output Conductance

Output conductance is characterized by the parameter A, which is
analogous to 1 over the Early voltage defined for bipolar devices. Output

conductance is defined as the slope of a line fit 1o the saturation region of an ID
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vs VDS plot. Lambda is given as reciprocal of the x intercept of such a line (
measured relative to the y axis ). Lambda is essentially an empirical parameter to
describe the output conductance of the device. Complex models are required to
calculate the output conductance of a real device from first principles. Figure 4.5

shows the output characteristics of a 30x5 N channel transistor.
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Fig. 4.5 Output characteristic N channel 30x5 (78 °K)

Figure 4.5 also shows the well current with a scale on the right hand side. The
output characteristic is quite straight over much of the output range but picks up
noticcably at high values of Vps, In this region the output conductance is

dominated by impact ionization, as mentioned in Section 1.4.1.1. It must be
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appreciated that this is a serious breakdown in the Shichman-Hodges model.

Output conductance can easily increasc by an order of magnitude over its

midrange value.
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Figurc 4.6 shows a similar plot for a 30x5 P channel transistor.

Fig. 4.6 Output characteristic P channel 30x5 (78 °K)

ionization has a negligible effect on the output conductance.

mobility,

Impact

Because of the lower

the transition between the triode and saturation region is at a greater

voltage. It is also clear that the output conductance over the mid range is about 4
times higher than that of the N channel transistor. The N channel characteristic

is relatively linear over the midrange while the P channel characteristic is
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bowed over the entire saturation region. The larger output conductance of the P
channel is due to lighter doping in the channel region of the device, as compared
with the N channel. Table 4.4 show the extracted channel length modulation

factor for devices from the device test chip.

Dimensions (WxL) N P
30x5 0120 .068
30 x 10 .0056 036
30 x 30 .0020 012
5 x 30 .0023 012

Table 4.4 Extracted A (78°K)

The data represent an average of values extracted at approximately 1 pa and
2 pa of drain current. As can be secen from Fig. 4.5 and 4.6, the lincar fit to the
saturation region is done to avoid both the triode region and the impact ionization
region if present. Because of the bow in the P channel data, thc value must be
interpreted as an average value. Lower output conductances will be obtained at
high drain to source voltages, and higher values at lower drain to source voltages.
This model must be used carefully, the P channel output conductance can differ
from the model prediction by about a factor of two at cach extreme of drain to
source voltage. Performance predictions such as dc gain which depend on output
conductance are therefore expected to show discrepancies.

The data in Table 4.4 does show an expected dependance of A on device
length. Lambda is roughly inversely proportional to L and independent of W.

Corresponding room temperature data is quite similar, showing all of the same
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features as the 78 ©K data. Figure 4.7 shows the same 30x5 N channcl FET from

figure 4.5 at room temperature.
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The conductance values are essentially the same,
findings[32].
This is
ionization rates

published

Fig. 4.7 Output characteristic N channel 30x5 (300 °K)

in qualitative agreement

4,15 Noisc

with

transistor results[35].
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Input referred voltage noisec was measured for the P channel devices on
the device test chip. Unfortunately , the previously mentioned layout error
rendered noisc measurcments on the N channel devices unusable.  Fortunately,
an N channel transistor on the circuit test chip was suitable for noise
measurements.

In the noise méasurcmcnts for the P-channel devices the drain, gate, and
bulk potentials were specified by batteries and resistive voltage dividers. The
source terminal was attached to the virtual ground input of a PAR 181 current
preamplifier. The output of the PAR was used as input for an HP 3561A Dynamic
Signal Analyzer. The drain current noise was referred to the gate by dividing by
the device transconductance, measured on the same setup by dithering the gate
voltage. Figure 4.8 shows the input referred noise voltage for a P channel 30x5
FET at 78°K, with a drain current of .1pA. The same result at 1 pA is shown in
Figure 4.9.

Both spectra show a low frequency component which varies approximately
as 1/v f. A component in the voltage power spectra(V2/Hz) with a frequency
dependance of 1/f will appear as 1/v f in the voltage spectra (V/v Hz). In the 1pA
measurement, the noise spectra flattens out below 10 Hz. Both spectra flatten out
at high frequency well before they obtain the theoretical thermal noise limit,
which is marked on cach plot. Mecasurement limitations prevent measuring data
above 10kHz. The 1/f component on cach plot is relatively independent of drain
current, in agrecment with the model presented in section 2.1.5. The relatively
flat section of each spectrum between 1kHz and 10kHz does drop considerably
with increasing current. It is not clear, however, if the spectra will remain flat
or drop again in the decades beyond 10kHz. To be conservative, it would be
prudent to model this data with a thermal component about 3 times theoretical and

a 1/f component with about 1uV/v Hz at 1Hz. Data for the other P channel
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transistors and other current levels roughly agree with this interpretation.
Previous data[36] has shown high frequency noise greater than the theoretical
thermal noise limit. It also shows that it exceeds the limit by an increasing
amount as the temperature is reduced to 77 K. The origin of this excess noise may

be a hot eclectron effect, which would cxplain why it became worse at low

temperatures, but it is not clear.

Vos = 6-0v 8
ORBIT 1.5u P38-5 78K O/¥A
_5 17:36:04 11 Dec 1991
1@ E | 1 Tl’llll I l—l_l’rll' T I_T—l_rl"’ll T |]lll—l
n C ]
& - -1
s L
:_, wsE _E
r .
)
¢
g l@—? E— .............................. iy IS —
o, - E :
" B V=28TeVg — — - °
= - % :
0 : ; rb/ i
> _8 Loy aaaaal sa s gl 2 ljlljli Jo 1 L4111
- 10 1 10 100 §%[%]%] N %]%]%]%]

Fig. 4.8 Input referred voltage noise, Id = .1pa P 30x5 (780K)
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Fig. 4.9 Input referred voltage noise, Id = 1pA, P 30x5 (780K)

The noise data for the 150 x 5 N channel transistor on the circuit test chip
was measured in a different way. The drain and gate were tied to voltage
references, the bulk was tied to the source, and the source tied t0o a low noise
current sink. The noise voltage was measurcd directly at the transistor source.
Figure 4.10 shows the voltage noise spectrum at a current of 5 pA.

This spectrum shows a 1/f component and a white component. The 1/f
component has a value of .5 V/V' Hz at 1 Hz. The white component is a measurement
noise floor and is well above the theoretical thermal noise for this device. It is
unclear if the N channel devices reach their theoretical thermal noise limits.

Table 4.5 shows measured 1/f noise components for the transistors on the device

test chip.
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Fig. 4.10 Input referred voltage noise, Id = 5pA, N 150x5 (780K)

Dimensions (WxL) N _ P
30x5 * 1.0
30x 10 . 3
30 x 30 . 2
5x30 * .5
150 x 5 .5 *

Table 4.5 Voltage noise at 1 Hz ( pV/v Hz) (78°K)
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The data reported in Table 4.5 is for drain currents of approximately 1 pA,
with the exception of the 150 x 5 as previously mentioned. There is, however, no
strong dependance on drain current. The data shows that the 1/f component does
decrease with increasing gate arca as predicted by equation (2.61). The P channel
data, whea averaged, give an input referred noisc voltage of .7 uV/v Hz for a 100
pm?2 device. The single N channel measurement suggests an input referred noise
voltage of 1.4 uV/v Hz for a 100 pum?2 device. The P channel devices are quieter
than the N channel, which is in agreement with previous results. It will be
assumed here that the input referred noise power scales inversely with area as

indicated in equation (2.61).
42 T Chip O Circui

Complete test chip schematics are included as figures 4.11, 4.12, 4.13. The
complete OTA schematic is figurc 4.11. Transistor sizes for the OTA design are
shown in Table 4.6. Device designations correspond to figure 2.7. A step up ratio
of ten was taken between the input stage and the output stage to achieve a large
transconductance to bias current ratio. With a small step up ratio, more of the
total current is lost in input stage and cascode biasing circuitry. With a step up
ratio of tem, essentially all the bias current contributes to the transconductance.
Input devices were biased in the moderate inversion region. Dynamically biased
cascodes were used, biased so that the driver transistor had a nominal .3V drain to
source voltage under quiescent conditions.

The option exists for placing three N channel transistors in there own well.
The present design places the output stage N chapnel cascode in its owr well for
improved cascode bias accuracy. The N channel input differcntial pair was not

placed in a separate well. The increased threshold voltage improves the output
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current limit. No penalty arises with transconductance because the minor loop
feedback keeps the source voltage fixed. The input stage N channe! cascode
transistor were placed in the common p well with the bulk tied to VSS.

It is clear from the device sizes in Table 4.6 that this design is pushed more
to high speed rather than to low noise. This is intentional, and is due to the fact
that the most difficult‘ requircment to meet is the scttling time requirement. Even
as the design stands there is less margin in the area of settling time than for
noise. Overall system performance may improve with changes in the direction of
more bandwidth at the expense of more noise but is unlikely to improve with

changes which decrease noise at the expense of speed.
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Mlin 30 5 Mlp 90 4
M2p 5 10 M2n 5 30
M3p 60 5 M3n 20 5
Mé4n AB 12 3 M4p AB 36 3
Mén C 120 3 M4p C 360 3
M5n 5 45 MSp 5 15
M6n 120 3 Mé6p 360 3
Ibias n,p 5 30 Ibias n,p 5 30
Ibias n,p 1 pa Ibias n,p 1 pa

Table 4.6 Amplifier device sizes and bias currents

The output buffer is shown in figure 4.12. It has two test inputs, labeled
V1 and V2 which simulate adjacent channcls of the multiplexer. All switches are
3.5.3.0 with the exception of MN5 and MN6. MNS is switch which can be used to
reset the input bus. It is provided as an option to improve crosstalk in the output
buffer. It is sized 20x3 so the bus can be reset in the nonoverlapping clock period.
MN6 is provided to simulate the source/drain capacitancc of 200 switches on the
bus. The nor gates on figure 4.12 are provided so this circuit can interface with
other test circuits on the chip. For all testing considered here KA is low and the
nor gates operate as inverters. The bias current is adjusted with the input labeled
VCSPIBFG. It is gencrated from a P channel 50x30 current mirror transistor biased

with an extermal current source.
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A balanced differential output is required for the AIRS program. The
differential output is provided by having a duplicate charge integrating
amplifier which provides a reference output. The refercnce output circuit is
shown in figure 4.13. To provide identical output characteristics, the reference
circuit is a mirror of the signal output circuit. The OTA noninverting bias

voltage, labeled VB, is used to provide the output level of the reference circuit.

43 Predicted lifi :

4.3.1 Transconductance

The amplifier transconductance is given in equation (2.22). The N channel
input transistors are 30 x 5 biased at 1 pA. Figure 4.1 shows that this is not in
strong inversion. To get maximum transconductance for a given bias current, and
achieve a large gate area, these transistors arc biased in the transition region
between strong and weak inversion. Figure 4.19 shows the measured
transconductance of a 30 x 5§ N channel FET from the device test chip.

The weak inversion region of operation is visible at low drain currents
where the slope of the curve is seen to be very close to one. The strong inversion
region of operation is visible at high drain currents wherc the slope of the curve
is seen to be very close to 1/2. A drain current of 1 pA is in a region of modecrate
inversion. The measured transconductance is 30 uS, while the strong inversion

parameters would predict 40 uS.
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Fig. 4.14 Transconductance plot N 30x5 (78 °K)
Figure 4.15 shows the corresponding plot for the 90 x 4 P channel FET. In this

case the device is operating morec into the weak inversion region and its measured

transconductance at 1 pA is approximately 29 puS. Strong inversion parameters
would yield a value of 60 uS.
With these values the amplifier transconductance is predicted to be

Gm =B * (gm(1An) + gm(1Ap) )

=10+ (29 + 30 ) uS =590 pS (4.13)
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Fig. 4.15 Transconductance plot P 90x4 (78°K)

4.3.2 Qutput conductance

The amplifier output conductance is given in equation (2.24). One issue
that should be taken into account in this expression is that the output
conductance of the driver transistors could be increased duc to low drain to source
voltage. As mentioned in section 4.1.4 this is a problem with the p channel
transistors. The drain of the 360x3 P channel output transistor will be

approximately .29 volts below Vpp. A significant increase in output conductance
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over the mid range value could result.

Figure 4.16 shows the

of a 30x3 P channel FET from the device test chip.
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Fig 4.16 Output characteristic 30x3 P (78°K)
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Using current scaling with device width, the output characteristic of this 30x3 at

8 A will be a scaled version of a 360x3 at 10 pA

conductance at Vds =

The measured output

-29 V is seen to be about 4 times larger than the mid range

value. Figure 4.17 shows the output characteristic of a 30x3 N channel FET from

the device test chip.
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Using current scaling with device width, the output characteristic of this 30x3 at

2.5 pA will be a scaled version of a 120x3 at 10 pA .

The drain of the 120x3 N

channel output transistor will be approximately .3 volts above VSS. The measured

output conductance at Vds =

range value.

go(K-W.L,KI) = K- go(W,L,D)

where K is a scale factor.

The current scaling relation used here can be cxpressed as

.3V is seen to be about 3 times larger than the mid

(4.14)

This expression is very general, and relies only on the

total current through devices connected in parallel being equal to the sum of the
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currents through each device. Edge cffects are neglected, so that both devices
being compared should be wide enough so that narrow width effects are
negligible. Equation (4.14) applies equally well to transconductance, and the 30x3
N and P channel devices transconductance curves can be used to show that

transistors M4A, M4B, M4C, and M6 are all operating in the moderate inversion

region.
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Fig. 4.18 Transconductance P 30x3 (78°K)

Figurc 4.18 shows the 30x3 P channel transconductance at .83 pA. This value is .83

times a 36x3 transconductance. The P channel transconductances (M4Ap, M4Bp,
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M4Cp, M6p) are only 63% of their strong inversion przdictions. The
corresponding reduction for the corresponding N channel devices is 83%.

With these corrections the output conductance is given for mid range

output voltages as
Go = 8o(4Cn)*go(60)/gm(6n) + Eo(4CP)*8o(6D)/Em (6P)
= 7.6e-10S + 1.5¢-8S = 1.6¢-8S = .016 uS (4.15)

The output conductance is dominated by the P channel devices. The dc gain of the

amplifier is given by equation (2.25)
A =Gm/Go
=590 uS /.016 pS = 3.7¢e4 =91 dB (4.16)
433 Small signal frequency response
The dominant pole of the amplifier is given by equation (2.26).
p1=Go/CL
= .016 uS/ 100 pF = 160 rad/sec = 25 Hz (4.17)
The zero-value time constant for the input stages ?s given by equation (2.31)

12 = C1/(2°gm1) + C2/(Em2°2/3) + C3/gm3 + Ca/Em4
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These values for the two input stages are given by

2n =49ns+ 27.1 ns + 6.7 ns + 143 ns = 53 ns (4.18)
P2n = 19¢6 rad/sec = 3.0 MHz (4.19)
©2p=110n0s + 104 ns + 2.7 ns + 415 ns = 159 ns (4.20)
p2p = 6.3¢6 rad/sec = 1.0 MHz _ (4.21)

In both subcircuits the time constant is dominated by the current mirror load.
The P channel input stage is slower by a factor of threc than the N channel input
stage and it sets the nondominant pole at approximately 1.0 MHz. The gain from
the N and P channel input stages are given by
Ap =B ¢ gn(1An) / Go
=18 3 (4.22)
Ap =B - gn(1Ap) / Gy

= 19¢3 (4.23)

Equation (2.33) indicates that the pole locations arc at 25 Hz, 1.0MHz, and 3.3 MHz.

The zero is given by equation (2.34) and is given by
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z=(An°pp+Ap°pn)/(An+Ap)

2.0 MHz (4.24)

The gain bandwidth of -the amplifier is given by cquation ( 2.35).
GBW=Gn/CL
= 590 uS / 100 pF = 5.9¢6 rad/sec = 940 kHz (4.25)
The differential input capacitance is given by equation (2.35b).
Cin = Cgs(1n) + Cgs(1p)
= .14 pF + .41 pF = 55 pF (4.26)
434 large signal performance
Equations (2.37) and (2.39) give the operating current at which current
limiting conditions arise in the N channel input stage. Using the parameters
developed above thess currents are
I(An) = 104 pA ( no back gate correction) (4.27)

I(Bn) = 27 pA ( no back gate correction)

= 21 uA ( back gate correction) (4.28)
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According to equation (2.47) the maximum negative output current is determined

by the smailer of these two.

I- = Be MIN ( I(An), I(Bn) )

=210 pA (4.29)

The current limiting conditions for the P channel input stage are given by

equations (2.45) and (2.46).

I(Ap) = 99 pA ( no back gate correction) (4.30)

I(Bp) = 20 puA ( no back gate correction)

= 14uA ( estimated back gate correction) (4.31)

The back gate correction is estimated in (4.31) because this data could not be

measured on the device test chip. According to equation (2.48) the maximun.

positive output current is dectermined by the smaller of these two.

I+ = Be MIN ( I(Ap), I(Bp) )

= 140 pA (4.32)

4,35 Noise performance
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The expressions (2.65b) and (2.65c) give the input referred thermal and 1/f

noisc powers for the input stages. For the N channel input stage these are
Veq2(th,n) = viZ(M1n,th)( 2 + 2+ 84S/29uS + 1.1+ 28uS/29uS + 5uS/29uS )
= v;2(Mingh) + (2+.6+ 1.1 +2)
= vi2(Mln,th) « 39 (4.33)
veq2(1/fm) = vi2(Min,1/f)«( 2 + 2+(85/298)2+(1/2)+(150/50) +
(28115/29118)2+(150/36 + 150/360) + (51S/29uS)2+(1/2)+(150/150)
= vi2(Mln,1/f) - 2 + .2 + 4.3 + 01)
= vi2(M1n,1/f) + 6.5 (4.34)
The input referred thermal noise has a significant contribution from M4 and the

input referred 1/f noise is dominated by M4. The corresponding expressions for

the P channel input stage are
Veq2(th,p) = vi2(M1p,th)e( 2 + 2 6uSISOnS.+ 1.1+ 27uS/30uS + TuS/304S )
=vj2(Mlp,th) « (2+ .4+ 1.0 +.2)
= vi2(M1p,th) * 3.6 ,, (4.35)
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VeqZ(1/£p) = vi2(M1p,1/f)+( 2 + 2+(6uS/3015)2(2/1)+(360/150) +
(271S/30u8)2:(360/108 + 360/1080) + (7uS/30uS)2-(2/1)+(360/150)
=vi2Milp,1/f) + Z+ 4+ 3.0+ .3)
= vi2(M1p,1/f) * 5.7 (4.36)
As with the N channel input stage M4 makes a significant contribution to the
input referred thermal noise and dominates the input referred 1/f noise. When
these noise sources arc referred to the input of the OTA, they must be reduced by
approximately 1/4 as indicated in ecquation (2.66). The input referred thermal
noise power is given by
veq2(th) = 24 « veq2(th,n) + .26 « veq2(th,p)

= 94+ v;2(Min,th) + .94 « vjZ(Mlp,th)

840 nV2hz + 790 nV2/hz = 1630 nV2/Hz

veq(th)rms = 40 nV/v Hz (4.37)

The surprisingly simple result is approximately the sum of the thermal noise

power onc input tranmsistor from each input stage. The thermal noise
contributions of each input stage are approximatcly equal, duc to their
approximately equal transconductance . The input referred 1/f noise power is
given by
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veq2(1/f) = 24 © veq2(1/fm) + .26 « veq2(1/f,p)
= 1.6« vi2(MIn,1/f) + 1.5 - vjZ(Mlp,1/f)
= 2uf uv2 + 2/f uv2
= 23/f uv2
veq(l/f)lrMs = 1.5/ vV f pv . (4.38)

This expression is dominated by the 1/f noisc contributions of the n channel

input stage.
4.4 Buffer Performance

4.4.1 Frequency Response

On the circuit test chip output buffer, the input bus to the amplifier is
reduced to just two clements for simplicity. Thus only two channecls out of the
potential 200 channels on the AIRS focal plane are simulated. Each channel has a
3 pf capacitor whose voltage can be independently sct cxternally. Figure 4.13
shows how these channecls are configured. An additional source diffusion of size
equal to 200 switch diffusions was placed on the bus to simulate the bus
capacitance of 200 switches. A capacitance to simulate the metal bus run
capacitance of 1.7 pf was overlooked. The test circuit output buffer will then

operate with a feedback fraction, given in equation 2.60, of
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f=3/(3+3+.50+.55)=.43 (4.39)

rather than .34, which will bec approximately the value in the AIRS focal plane.
Equation (2.66) gives the feedback fraction at which the system will be
approximately criticallyl damped. Using the results derived above this value for f
is .29. On the AIRS focal plane the buffer is expected to be slightly uanderdamped
as expected. The test chip circuit should be somewhat more underdamped.
Equation (2.62) gives a prediction for the closed loop pole location for a single

pole modei.
p=GBW «f =404 kHz (4.40)

This model predicts 2 first order response with time constant of 390 ns. Small
signal settling time to .03% is predicted to be 3.2 us with a onc pole model.
Equation (2.64) gives predictions for the closed loop pole location for a two pole

model.
o = p2/2 = 550 kHz
= v (p2/(4apyef) ) =.82 (4.41)

These parameters predict a second order response with time constant of 290 ns
and essentially no overshoot . Small signal settling time to .03% is predicted to be
approximately 3.2 ps with a two pole model. The effect of higher order
singularitiecs will slow things down somewhat.

The buffer output impedance at low frequencies is given by equation (3.9).
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Ro=1/( Gg -9
= 1/(590uS - 43) =39 kQ (4.42)
442 Large signal performance

Output voltage slew rates arc determined by the maximum output currents

given in equations (4.28) and (4.31).

SR+=I+/CL= 140pA/100pF = 1.4 V/us

SR-=1-/CL =210 pA /100 pF

21V /pus (4.43)

The slew rate, if large enough, will not have an effect on the large signal settling
time. In this case, an estimate of the effect of the slew rate may be made by

considering the initial slope in a first order step response. It is

(dV/dt) max = AV/ T . (4.44)

Using a step size of 3V and a time constant of 300 ns, this initial slope would be 10
V/ us. It is fair to say that the siew rates obtained here will retard the large signal
scttling time. The Class AB nature of this amplifier makes the response nonlincar
cven in the absence of any slew limitations. Estimates of large signal settling

times are best left to numerical simulations.

442 Noisc Performance
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1.4.2.1 Amplifier i f | I .
Equation (2.80) gives the mean squarc output voltage contribution from the input
referred voltage noise of the amplifier. The direct noise contribution to the output
voltage power spectra can be approximated as

Vout2(direct,f) = NG2Z «Veq2(f) f<NBW

=0  £>NBW (4.45)

The direct noise contribution to the mean square output voltage is obtained by

integrating equation (4.41) over frequency.
< VomZ2(direct,t) > = NG2« { NBW « Veq2(fthermal) + In(fH/fL) » Veq(f,1/f@1hz) }
=56+ { 550 kHz - 1630 nV2/Hz + In( 550 kHz/.3 Hz) « 2.3 uV 2/Hz)

=56+ (897uV2+33 pv2 ) =56+ 900 uv2

5040 pv2 (4.46)

The thermal noise contribution is the dominant contributor. The sampled roise
contribution to the mean squarc output voltage is given from the second term in

equation (2.80).

< Vow?2(sampled,t) >=Cs2/Cf2+( NBW « Vq2(fthermal) + In(fH/fL) « Veq(f.1/f@1Hz)}
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= (1.05pf/3pf)2 « 900 uv2= 110 pVv2 (4.47)

The sampled noise contribution is seen to be negligible by comparison with the

direct contribution.
442.2 Swiich Elements

The direct contribution of the switch clements to the mean square output

voltage is given by ecquation (2.85).
< vour2(direct,t) > = NBW o { Cf2/Ci2 « 4-ksT-R) + 4ksT+R2 + 4+k-T+R3 }
= 550 kHz + { 30 nV2/Hz + 30 nV2/Hz + 30 nV2/Hz )
=50 uv2 (+.48)

A switch resistance of 7 kQ has been used, which is consistent with the switch
dimensions of 3.5x3 and extracted device parameters. The resistance of switch
three changes with output voltage, but this is a minor effect because a
complementary switch is used at that point. The sampled noise contribution of the
switch clements to the mean squarc output voltage is given by ecquations (2.83)

and (2.84).
< vour2(sampled,t) > = kT /C; « Cg/C; +kT/Ct

= 360 pV2 + 360 pV2 = 720 pv2 (4.49)
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The total mean square output voltage from all sources is projected to be

< vout2(t) > = (5040 + 110 + 50 + 720 ) pV2 =5920 pv2

vout RMS = 77 uV (4.50)

143 Lincari

The lincarity of the output buffer is expected to be quite good because of
the feedback configuration. One source of nonlinearity which is not improved by
the feedback connection is the nonlinearity of the feedback capacitor itself. In
this case a poly-poly capacitor is used. No testing has been donc for this process to
quantify the lincarity of the poly-poly capacito.. If 100 ppm/V were assumed,
then this contribution would only bec .01% of differential nonlinearity. The
specification is listed as .1%  integral nonlinearity. Since a measurement of
integral nonlinearity is always less than differential nonlinearity(32], it is
unlikely that the poly -poly capacitor will cause significant nonlinearity.

On this test chip there is another source of nonlinearity which is likely to
be larger. The inputs to the output buffer is charge which has been stored on
input capacitors. These capacitors, however, have been charged to fixed voltage
by external voltage sources for testing convenience. The nonlincar capacitance
associated with the switch eclemenis to these input capacitors will produce a
nonlinearity at the output. There are three such switch clements. Two are 3.5x3 N
channel switches and one is a 3.5x3 P channel switch. Using diffusion
capacitance data provided in Orbit SPICE models, the total switch capacitance is
estimated at about 13 ff @ 6 voits, 20 ff @ 3 volts and 27 ff @ O volts. This suggests
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that the differential gain will differ by about .2 % over the entirc output range.
The integral nonlincarity will be at least a factor of two less than this but no
simple relationship exisis for its value. This should be the dominant nonlinearity

it the test measurements.

444 Crosstalk

The crosstalk duc to incomplete bus settling is given by equation (3.39) as is

approximately as
Crosstalk(incomplete bus settling) = Cl;us/Cf (12 « T/t 4 1/3)
= 1.053.0 « (2e-6 + 3e-5)
=-99 dB (4.51)

400 ns has been assumed as the time constant. The crosstalk is dominated by finite

OTA gain but is much better than is probably needed.
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3. EXPERIMENTAL RESULTS

The output buffer was laid out as part of a circuits test chip for the AIRS
program. Layout for the circuits test chip was performed by Advance Design
Services (ADS) of Minneapolis, MN.  Fabrication was performed by Orbit
Semiconductor of Santa Clara, CA. Circuit testing was performed at LORAL's

Infrared and Imaging Systems Focal Plane Array Laboratory.

2.1 Layout

The current mirror M4A, M4B, M4C was idéntified as a critical layout issue
because, as discussed in section 2.1.4, these transistors are operating with a small (
Vgs - VT) and will be sensitive to threshold mismatchs. The circuit which
provides the output voltage reference is laid out in an identical fashion as the
circuit which provides the output signal so that good common mode rejection is

achieved. A plot of the OTA layout is shown in figure 5.1.

5.2 Test Stati I I .

Figure 5.2 shows the major components of the test station used for testing
the output buffer. The test chip was located in a cryogenic dewar to maintain its
temperature. All testing reported here was perfoomed under open well liquid
nitrogen conditions. All signals to and from the test chip are brought through a
bulkhead in the dewar through coaxial cable. The shiclds of these cable are
attached to a ground ring inside the dewar which is held at system ground.
Approximately 70 pf of capacitance to ground is introduced by the coaxial shields.

The major pieces of equipment used to make the measurements reported here arc
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an oscilloscope, a network analyzer, a scmiconductor paramecter analyzer, a 16 bit
data acquisition system , and a dynamic signal analyzer. The test chip is
wirebonded in a 120 pin grid array package mounted in the test dewar.

To control the load capacitance and to eliminate resistive loading an

external buffer box was designed. A schematic of this box is included as figure

5.3.
Control Meter Scope
Inputs
ﬂ/ ' 16 Bit DARS
Power
N
Sunn 10s 31 Dewar (78K) < [External :::Tt:::
7 | Buffer v
Clock 4 l/ \1/
Drivers /L Network
/F Test outputs Aneluzer
Test inputs v
Hord

Generator

Semiconduclor
Paremeter
Anelyzer

DC Function
Supplies Generator

Fig 5.2 Test sctup

The LF351 is used because it's low input currents (50 pA), and high input
impedance of 1012 0 ensure negligible loading on the DUT. The gain bandwidth
of 4 MHz is about ten times larger than the closed loop bandwidth of the DUT so
frequency responsc measurcments should be undistorted. The slew rate (13 V/us)
is much larger than that expected from the DUT. The noisc characteristics ( en =
16 nV/v Hz, in = .01 pA/ v Hz) will allow measurement of the expected noise level
from the DUT.
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3.3 Amplifier Measurements

Amplifier bias currents were controlled by an external current source
which was mirrored and scaled to provide the nominal 1 pA in the input stage
current sources. The bias circuitry is shown in figure 5.4. Independent
measurcment of supply | current was not possible on the AIRS circuits test chip, so
bias currents arc rcporicd as their nominal values. Unless otherwise specified all
data presented here is at a nominal bias of 1 pA for the input stage current
sources. The temperature, unless otherwise specified, is a nominal value of 78 °K.
Twelve test dic were received, ten of which were operational. On the data that
follows individual die are identified as part 1, part 2,..., part 12. Tests were

performed with VSS = 0 volts and VDD = 6 volts unless otherwise specified.
2.3.1 Transconductance

The test chip is configured so that with proper sclection of switches each
input of the OTA is brought out of the dewar. It is also possible to switch all
feedback eclements out of the feedback path. In this way, unresiricted testing of
the amplifier is possible. The OTA transconductance was mecasured using an HP
4145B Semiconductor Parameter Analyzer. The setup is shown in figure 5.4. The
external buffer was not used for this measurement. The OTA output was held
incrementally grounded at 3 volts. The OTA noninverting input was held at 3 volts.

The output current was mecasured as a function of voltage at the inverting input.
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Fig 5.4 Transconductance measurcment sctup
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Fig. 5.5 OTA wransconductance Part 8 (780K)

Figure 5.5 shows a transconductance mecasurcment for part 8. The data is quite

linear over the 20 mV region displayed. The measurcd transconductance of 523 pS
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is visible as the grad of linc 1. Table 5.1 shows measured values on four different

parts

Pan Transconductance
1 313 uS *

2 461 pS

7 505 uS

8 523 uS

Table 5.1 Measured OTA transconductance (78°K)

Subsequent measurements of other propertics indicate that the mecasurement for
Part 1 is probably in error. The other results are, on average, 16 % less than the
predicted value of 590 uS. The most likely mechanism for the systematically low
values would be an error in the bias current generation. This is indeed the case.
The current sources in the input stages of the OTA are 5x30. Their bias current of
1 pA is established with a current mirror with a 50x30 device biased at 10 pA. As
discussed in Section 4.1.2 the 5x30 devices on the device test chip behaved with an
cffective electrical width of 3.8 pA. This 24% reduction in bias current could easily
account for the 16 % drop in measured transconductance. Possible mechanisms
for the variation in measured transconductances include input stage bias current

variations, current mirror step up ratio variations, and device variation.

532 Small signal frequency response

The OTA open loop frequency response was measured with the use of an HP

3577A Network Analyzer. The measurement setup is shown if figure 5.6.
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Fig 5.6 OTA open loop frequency response setup

The external buffer is used, and the OTA is configured with resistive feedback
using discrete components cxtcrnal to the dewar. The inverting node of the OTA
and the output of the external buffer are inputs to the network analyzer. Their
ratio define the open loop frequency response of the OTA. Because of the high low
frequency gain, an external attenuator is needed for low frequency
measurements. Figure 5.7 shows a frequency response measurcment for part 8.
The output capacitance for this measuremer. was measured at 97 pF. The dc gain
of 91 dB is visible from the marker location on the low frequency section. The
three dB frequency is approximately 27 Hz and the unity gain frequency is 905
kHz. The single pole roll off is evident over the majority of the range with a droop
of about 1db at the unity gain crossover. These results are in good agrecment
with predicted values of 91 dB, 25 Hz , and 940 kHz. Mecasurement of the unity gain
frequency of Part 1 with load capacitance of 115 pF was 761 kHa. When the
differeat load capacitance is takem into accouat, this mecasurement indicates

equivalent transconductancé as part 7. This is much higher than would be
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predicted from the measured transconductance from Table 5.1 and suggests that

the measurcment in Table 5.1 was probably in error.

REF LEVEL 701V MARKER S. 803@H=z=
185. p@vdB S. BaadB MAG (02> g1. 429dB
—~—
V\\ |
0

10 100 1K
START 5. Q808H=z STOP 1 Q00. BOPH=z

Fig. 5.7a Low frequency open loop frequency response, Pan7 (780K)
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7@. 80848 190. 80448 MAG CA/RD -@. 826d8

1K 18K 180K 1M
START 1 B20. 00H=z STOP 1 082 P93. BPPHz

Fig. 5.7b High frequency open loop frequency response, Pan7 (780K)

A variation on the frequency response measurement was made to measure
the low frequency gain as a function of the output voltage. The setup for this
measurement is shown in figure 5.8. The inverting input to the OTA is here
amplified . with a voltage divider. With this sctup, the gain can be measured with a
much smaller output voltage swing ([33). It is important to reduce the output

voliage swing as the output voltage approaches the rail.
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Fig. 5.9 Low frequency gain versus output voltage, Part 7 (78 °K)

A plot of low frequency gain versus output voltage for Part 7 is shown as
figure 5.9. This data shows two interesting features. First, the gain drops rapidly
as the output voltage approaches within 3 tenths ‘of a volt of cither rail. In this
region the cascode transistor goes into the triode region, and the gain drops

dramatically. The location of this trangition is determined by the cascode bias
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voltages, and in this casec agrees well with the .3 volt nominal value of drain to
source voltage on the driver transistor cstablished in this design. Secondly, the dc
gain decreases with increasing output voltage over the output range of the
amplifier. This is duc to the fact that the output conductance of the n channel
cascode increases with increasing drain to source voltage while the output
conductance of the p- channel cascode transistor decrcases with increasing drain
to source voltage. As the output voltage increases, the drain to source voltage of
the n channel cascode increases, while that of the p channel cascode decreases.

This effect was discussed in section 4.1.4
533 Large Signal Performance

The large signal output current characteristics of the OTA was
characterized using the same setup as was used for the transconductance
measurements. In this case, however, the input voltage was swept over a much
larger voltage range. Figure 5.10 shows the output current of Part 3 for input
differential voltages from -200 mV fo 200 mV. The second order nature of the
current, predicted by equation (2.7) is clearly visible. Due to the pelarity of the
mcasurcments, negative current in figure 5.10 corresponds to positive output
current from the OTA. In this case the P channel input stage shows a larger
increase in current for a 200 mV input than the N channel. This is consistent with
the larger measured transconductance of the 90x4 P channel FET than the 30x5 N
channel. The actual bias currents of the input transistors will show a spread due
to matching tolerances of the the M4 current mirror. This spread is large cnough
so that Part 1 shows larger current in the N channel input stage for a 200 mV

input than in the P chanrnel input stage.
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Fig. 5.10 Large signal output current, Part 3 (78 °K)

At larger still differential input voltages the current saturates. Figure 5.11
shows the output current limits of Part 3. The quadratic increase rolls over into a
shallow linear region as the input differential voltage approaches 300 mV. It is

clear that the current stops its quadratic incrcase well before it flattens out.
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Figurc 5.12 shows the N channel input stage portion of the output current

for Part 1. The curve becomes lincar at about 200 pA , which is less than 1/2 of the

500 pA that it finally achieves. Equation (4.28) estimated the

quadratic increase

would stop at a negative output current of 210 pA. Figure 5.13 shows the same

result for positive output current.
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Fig. 5.13 Positive output current, Pari 1 (780K)

In this case the current becomes lincar at approximately 200 pA.

predicts that the positive current will stop its quadratic increase
The agreement is good for the negative output current, but a

in the case of the positive output current.
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In both cases the maximum output current was much greater than the
value at which the current ceases its quadratic increase. The actual maximum
output current will depend on the characteristics of the transistors in the triode
region. This is best left for numerical simulation but is is clear that accurate
modeling in this region of operation would be important to obtain an accurate
answer. Table 5.2 sﬁows maximum output current levels for several of the test

parts.

Pan == JMAX+ IMAX-

1 S80puA SO0 pA
2 750 pA 230 pA *
3 600 pA 440 pA
7 800 pA 160 pA *
8 850 pA 420 A

Table 5.2 Maximum output currents (78°K)

The currents in Table 5.2 has been measured with 1 volt of differential
input voltage. The maximum positive output currents arc systematically greater
than the maximum negative currents and two of the parts show anomalously low
ncgative current. It was observed that the maximum negative output current of
parts 2 and 7 was only moderately affected by supply voltage. Current limiting
duc to iransistors entering the triode region should show a strong dependance on
supply voltage. It was anomalous behavior of parts 2 and 7 which suggested the
mismatch current limit mechanism explained in section 2.1.4. Figure 5.14 shows
the large signal output current characteristic of Part 2 with 8 bias currents

ranging from nominal values of 1.0 pA to 1.7 pA.
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Fig. 5.14 Effect of bias current on mismatch limited output current, Part 2 (78°K)

Bias currents are spaced by .1 pA. Because the output current is limited by
mismatchs, the maximum output current increases as the bias current increases.
Increases in bias current over 1.5 pA produce negligible increases in maximum
negative output current because the output curreat is no longer limited by
mismatch. It settles at a value of 410 pA which is consistent with the other
measurements in Table 5.2. Using equation(2.51), the data from figure 5.14
suggests a current mirror mismatch of approximately 10 %. This is consistent
with a threshold mismatch of approximately 3 mV, assuming that the dominant
mismatch term is the threshold mismatch of the M4A,M4B current mirror.
Although the author is unaware of mismatch data ‘for this process, the value of 3
mV for a 12x3 n channel transistor is in agreement with published data.[27]. The

p channel input stage does not suffer from this problem because the transistors
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M4Ap, M4Bp arc 36x3 and have less threshold variation. Only somcwhkat less than
half of the n channel transistors have this problem because it is only manifested
when the threshold mismatch has the proper polarity and exceeds approximately
3 mv. In this case, the problem was maugnified because thc bias current was
systematically 25 % low. At the proper bias it would be much less severe, although
not altogether abscnt..

What remains unclear however, is why the maximum output currents are
as large as they are and why the maximum positive output current is larger than

the maximum negative output current.
5.3.4_ Noise Performance

The OTA noise was measured by configuring it as a unity gain follower
with an incrementally grounded input. Tke external buffer was used within the
feedback loop so its noise contributions within the bandwidth of the circuit would

be negligible when referred to the input. The test setup is shown in figure 5.15.

Control
Inputs
N
Pouer (78K)
Supplies 4 Dewar Externel
puT Buffer
+ -
Specirun
Analyzer

Fig. 5.15 Amplifier noise test setup
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The noise was measured with an HP 3561A Dynamic Signal Analyzer. The results
from 250 Hz to 100kHz is shown in figure 5.16.

RAMGE: -51 dBY STATUS: PAUSED
ASMATH SART (MAG~E_~ BH) EXPN12356 ovLD

575 Hz STOP: 180 000 Hz
z Y$ 33.75 n(Viras :

Fig. 5. 16 Input referred OTA voltage noise, Part 3 (78 °K)

The noise voltage spectra shows a white component of 34 nV/v Hz. The predicted
value of equation (4.37) was 40 nV/v Hz. It must be noted, however, that the
tkeoretical thermal noise is orly 13 nV/v Hz. The thermal noise estimates were
increases by a factor of three over theoretical because P channel noise spectra
showed whitc noisc components at a level approximately 3 time the thermal noise
value. The n channel noise characteristics were taken from a single transistor.
The OTA input referred thermal noise is in agreement with the observed excess
high frequency noise. Because of the limited data for N channel noise
characterization, agreement with predicted noise values for the OTA cannot be
expected to be very accurate. Figure 5.17 shows the low frequency region from .25

Hz ¢ 100 Hz,
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RAMGE: -51 dBY STATUSt PAUSED

AITMATH SART(MAG~Z - BW) RHS: 256 oVL
40 . . . . . .
udvy)
10 |
dB
/DIV
-
4
4 . . . : . .
n<y) .
STTT1 250 mHz BHt 73 mHz STOPI 100 H:
Hz Yt 1.231 u(Virms .

Fig. 5.17 low frequency input referred voltage noise, Part 3 (780K)

The low frequency noise rolls off roughly as 1/v f as expected, and has a value of
1.2 uV/v Hz @1Hz. The predicted value of equation (4.38) was 1.5 puV/v Hz. The
difference being that the n channel devices were not characterized for noise due

to a layout error. The agreement is reasonable, considering these circumstances.

2.4 Closed Loop Buffer Performance

In the closed loop connection the output buffer is normally tested with the
clocks ¢1 and ¢2 running. The default timing pattern is shown in figure 5.18.
Each clock is active for 5 us and the nonoverlapping interval is nominally set for
100ns. The clocks are provided from a Programmabie Word Generator (PWG)
external to the dewar. The clocks are buffered with a set of inverters on the test

chip. Unless otherwise specified all data presented is generated with the default
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timing pattern. The external buffer box is used is the following data unless

otherwise specified.

100 ns

S us | 5 us

; :

Fig. 5.183 Two phasc nonoverlapping clocks

3.4.1 Output Impedance

The closed loop output impedance of the output buffer was measured by
coupling a sinusoidal input into the ouiput with a 1 MQ resistor. By comparing the
amplitude of the sinusoid with the amplitude of the modulation the output
impedance of the DUT can be inferred. Fig 5.19 shows the setup for the output
impedance mecasurement. The mecasurement was made with an HP3577A Network
Analyzer. The source from the network analyzer drove one side of the 1 MQ
resistor, while the signal input for the network analyzer was taken from the

ouiput of the extermal buffer box.
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Fig. 5.19 Output impedance measurement test setup

REF LEVEL /701V MARKER - S, 218H=z
88. 83348 S. B2adB MAG <UDP> 71. 588dB
# A 1T
Y
10 1920 1K 18K 108K iM ieM

START S. 080Hz

STOP 10 000 PP0. ABAH=z=

Fig. 5.20 Output impedance, Part 2 (780K)
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The mecasured output impedance is shown in figure 5.20. The low frequency valuc
of 72 dB is equivalent to 3.8 kQd. This is in good agrcement with the predicted
value of 3.9 kQ in cquation 4.4.2. The plot is not accuratc for frequencies above
100kHz. Limitations in the cxtermal buffer, discussed in scction 5.4.1, have

distorted the data.

2.4.2 Slew Rate

With V1 and V2, the input voltages for the buffer, set to 1.5 V and 4.5 V the
large signal performance of the buffer could be viewed on an oscilloscope. Figure

5.21 is a doubie exposure oscilloscope photograph.

Fig 5.21 Large signal Step responsc, Part 1 (78°K)

Both a positive and negative 3 volts transition is displayed. The horizontal scale is

200 ns/div and the vertical scale is 1V/div. The load capacitance is 115 pF. From
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the measured slew rates the maximum slewing currents from the amplifier can be

calculated. Table 5.3 shows the mecasured slewing currents for three parts.

Pant I+ 1-

1 460 pA 610 pA
2 620 pA 150 pA
7 - 130 pA

Table 5.3 Mecasured slewing curmrents (78 °K)

By comparison with the stecady state maximum output currents reported in
Table 5.2, the slewing values are seen to be approximately 2.0 % lower. This is to be
expected because the slewing currents represent an average over a region of the
steady state output current characteristic. The values reported in Table 5.2 are mnot
sustained over any period of time because the output current drops as the

transition is taking place.

543 1 Sienal Settling Ti

Mecasurement of setiling time to a small percent for a large step can pose
special measurement requirements. In this case a 16 bit data acquisition system
was used to sample the waveform at intervals of 400 ns. The waveform from the
output buffer is switched from 1.5 volts to 4.5 volts with a period of approximately
10 ps. The waveform is sampled at a particular time for 4096 cycles. At each cycle
the sample is digitized and recorded. The average value of the 4096 samples is

saved as the value of the waveform at that particular time. The sample time is then
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moved by 400 ns and process repeats. The experimental sctup for the large signal

settling time measurement is shown in figure 5.22.

Control
Inpuls
N4
Pouer Dewar (78K)
Supplies >1-°" N External
7 | Buffer
Clock >
oc
Drivers \ )\ Y
/i\ 16 B1t DRS
DC
Hord Supplies
Generolor

Fig. 5.22 Large signal settling time setup

A potential problem with this technique is that the DAS may corrupt the
measurement. If the large signal settling time of the signal chain in the DAS is
itself longer than the DUT, then the settling time as mecasured will be longer than
the actual settling time of DUT. It takes about 1 sccond to take the 4096 samples at
one time and about 30 seconds to sample the entire waveform. Any drift in the
system over this period of time will appear as an ecrroneous slow scttling
component. In cither case the settling time will be at least as good as the
measurement indicates, so the measurement can be regarded as an upper bound.
Any drift in the DAS was reduced by sampiing in one direction along the
waveform and then reversing direction and sampling in the other.

Figure 5.23 is an oscilloscope photograpk of the 3 voit step square wave

from the DUT.
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Fig. 5.23 Large signal step response, Part 3 (78°K)

The vertical scale is 1V/div and the horizontal is 2 ps/div. The waveform is
switching from 1.5 volts to 4.5 volts. The ringing is the waveform is due to the
external LF351 buffer. Unfortunately this was not discovered until after the
measurements were complete. Figure 5.24 shows the large signal step response of

the extermal buffer box alone.




The scales are identical as those for figure 5.22. A measurement of the time
constant for this yields approximately 400 ns, which is about equal to the expected
time constant for the DUT. It is expected, thercfore, that the settling time
measurements will be degraded by the external buffer. The problem in the
cxternal buffer is duc- to an overly large feedback resistor (10 k). In fact, the
resistor is not necessary at all.

For the large signal settling time mecasurements the period of the output
waveform was doubled so that samples out to 10 ps after the transition could be

recorded. Figure 5.25 show the settling time results for the falling edge.

0.04
-]
L ®
= 003
[+]
o
3 .
c 0.02- v
2 fg
3 0.01- v,
ll.....
.
0.00 ——r—— e
2 4 8 8 10

Time in microseconds

Fig. 5.25 Large signal settling time, falling edge Part 3, (78°K)

Both sweeps over the sampling time are shown. No appreciable drift is
visible in the data. Settling to .03% is seen to fall between 3.0 us and 3.4 ps after
the transition. This is in good agrecment with scttling time cstimates made in

section 4.3.1. Figure 5.26 shows the data for the rising edge.
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Fig. 5.26 Large signal settling time, rising edge Part 3 (78%)

In this case the settling time falls between 3.2 pus and 3.4 ps. This agrees well
with the falling edge results. Part 2 , which had a degraded maximum negative
output current , shows a settling time for a falling edge of 5.0 ps. With the

nominal bias increased to 1.5 pA, this settling time is reduced to 3.9 us.
3,44 Noisc Performance

To make noise measurements on the closed loop output buffer, the ‘inputs
were set to the noninverting bias voltage of 3 volts. This voltage as well as Vpp
was provided with batterics. The measuremeﬁt was also made directly with the
reference output since the bus inputs for the reference are set to the
noninverting bias voltage internally. The setup for the closed loop noise

measurements is shown in figure 5.27.
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Fig. 5.27 Test setup for noise mecasurcments
5.4.4.1 With loch .

In an cffort to isolate the various noise contributions, the noise was first
measured without the clocks ¢1 and ¢2. It should be mentioned that without the
clocks running the inverting node of the amplifier is isolated. Due to lecakage
currenis, it will eventually charge to one of the rails. When at cryogenic
temperatures, this can take a considerable period of time. During this time the
output buffer can be tested ih a closed loop but nonclocking state. To achieve
operation in the linear range, the clocks are run for a period of time and then
stopped. In this configuration only the direct noise terms will contribute. There
are no sampled noisc terms. Figure 5.28 shows the noise voltage spectrum for Part
3 in this mode.

Figure 5.28 shows a white noisc component of 78 nV/v Hz. It was concluded
in Section 4.3.2.2 that the direct contribution of the switch eclements was
negligible by comparison with the direct contribution of the OTA. The white

component of the OTA input referred noise voltage was mcasured at 34 nV/vV Hz

175



and with the estimated noisec gain of 2.4 agrees well with the measured value of 78

nV/v Hz.

RAMGE: -51 dBY STATUS: PAUSED
) RMS:256

AtMATH SART(MAG"Z ~ BH ovLD

niv> . : . . : . .
START: 290 Hz BH: (78 Hz . STOPt
. 79750 Hz Yt ?8.21 n( 100 000 Hz

Fig. 5.28 Closed loop noise, no clocks Part 3 (78 °K)

RAMGED =51 dBY STATUS: PAUSED

ASMATH SQART (MAG*E ~ BH) RMS: 140
2e . . . .
u(vy)
10
it
s/D1V
s g
4
2 —_ . . : . .
n(yY) — - - :
START! 2%0 mHz BUl 375 mHz STOP1 100 H-
© 1 Hz Yt 3.019% uVWrms

Fig. 5.29 Low frequency closed loop noise, no clocks Part 3 (78 °K)

Figure 5.29 shows the low frequency region of the spectrum from figure

528. The mecasured noise at 1 Hz is 3.0 pV/ v Hz. This is in good agreement with
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the measured input referred OTA voltage noise of 1.2 pV/ v Hz and the noise gain
of 2.4.

5.4.4.2 With cloch .

To measure the sampled noise effects the clocks were run in their normal

modz of operation. Figure 5.30 shows the resulting spectrum.

RARGE: - dBY STATUSt PAUSED
A1 MATH SORT(HAGAE . ivi: RMS1256 ovL
508 - : - ) : - :
u . N . . H .
L . : - - : . )L
r
1@
BV
Vd
;“\
so | : : ; ; : ; '
=(VY) . N . - —
S 2%0 Hz BUt 375 Hz S10P1 109 000 Hz
*50 Hz _Ys: 301.8 nCY)rns

Fig. 5.30 Closed loop noise Part 3 (78 °K)

The first thing to recognize is that the output is a periodic waveform with period
of approximately 10 ps. Its spectrum therefore has frequency components at 100
kHz and its harmonics. The fundamental component at 100 kHz is visible at the end
of the spectrum. This is not noise, but the Fourier transform of a deterministic
periodic signal. In this specirum we expect to scc sampled noise componcnts with
a sampling period of approximately 5 ps. These components should have a sinx/x
spectrum with the first null at 200 kHz. Unfortunately this is beyond the range of

the 3561A Dynamic Signal Analyzer. The degree of rolloff at 100 kHz, however, is
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consistent with the expected shape. The sampled noise components were expected
to be dominated by the switch elements. The expected mean square voltage from
the switch clements was given in (4.49) as 720 pV2. According to equation (2.86),
its spectral form is given as 7.2¢-15 V2/Hz sinc2(w+Ts/2). This would correspond to
84 nV/v Hz [ sinc(o+Ts/2) ] on a voltage spectral density plot such as figure 5.30.
The 302 nV/v hz reported in_ figure 5.30 indicates that the sampled switch noise is
3.5 times larger than iis theorctical value. Figure 5.31 shows the low frequency

region of figure 5.30.

RAPGE: ~-41 dBY STATUS: PAUSED
ASMATH SART(MAG"z_ 7 BW) RMS1218

20 . . . . .
nly) :
QRT: 250 mHz BHt 735 mHz STOP: 100 Hz
1 Hz Yt 2.979 u(Virms

Fig. 5.31 Low frequency closed loop noisc Part 3 (78 oK)

The reported noise at 1 Hz is 3.0 uV/v Hz. This is equal to the valuec without
sampling and in good agrecement with the expectation that sampled noise
components arc broadband. The excessive noisc shown in figure 5.24 seems to
suggest that the sampled noisc components of the switch eclements is much
greater than theoretical kT/C value. This has been observed before[39], and has

been attributed to a statistical component to the splitting of channel charge
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which takes place when the switch clements open. In the previous study, the
cffect is found to be significant only at reduced temperatures.

The spectral data presented above indicate a mean square output voltage of

< Vou2 > = (78 nV/¥ Hz ) 2« 550kHz + (290 nV/v Hz)2 -100kHz

= 33e3uV2 + 84c3uve (5.1)

The first term is the white noise component of the OTA while the second is
sampled noise component of the switch clements. The 1/f component of the OTA is

negligible. The rms output voltage is indicated to be

Vout RMS = 108 pVv (5.2)

The output was digitized by the 16 bit DAS. The RMS voltage of 4096 samples was
210 pV. The excess noise was found to be due primarily to 60 Hz harmonics as well
as a spurious component at 38 kHz. The mean square voltage of these single
frequency components were individually mecasured and subtracted from the mean
square voltage of the output, yielding an RMS voltage of 141 pV. The difference
between this result and equation 5.2 is presumably duec to other stray components.
The range of the 3561A is only up to 100kHz while the DAS input is bandlimited at
2MHz. Thus, additional stray single frequency components may well have added
into the RMS measurcment.

The external buffer box also has a differential receiver configuration. In
this mode, the signal from the reference circuit and the signal circuit are

differenced. In this mode, the RMS output noise is expected to increase by v 2.
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Spurious common mode signals will be attenuated. The expected differential RMS

output voltage is
Vout(diffRMS = 108 pV - v'2 = 153 pV (5.3)

The measured vaiue is 170 pV. In this case the measurement is closer to the

expected value because common mode signals have been rejected.
545 Li .

The output buffer linearity v .s measured using a programmable voltage
source and the the 16 bit DAS. Both inputs to the output buffer were connected to
an HP3314A Function Generator, which is used simply as a programmable voltage
supply. The output of the 3314A is monitored by an HP3478A multimeter. The
output from the DUT goes to the external buffer and then to the 16 bit DAS. Figure

5.32 shows the test sectup.

Contirol
Inputs
N
Power N | Dewer 178K) '
Supplies I He External
‘ 7 | Buffer
AN
Clock 7
Drivers d
/N /N Meter

4\ 16 Bit DRS

Hord Function
Generotor Generalor

Fig. 5.32 Linearity test setup
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The transfer characteristic of the DAS was measured by bypassing the DUT and
feeding the voltage supply directly to the DAS. The input voltage was swept from

0 to 6 volts. Figure 5.33 shows the transfer characteristic of the DAS.

OC Linsarity MNessursment: @6351
Date ecquisition gain: K. Filter colect: LPF
Ingut voltage renge: 0, to 8, in steps of .1 valts

Start time: 17:22:15, Oate: 22 Jen 1932

LSF: Slope * 9749, Y 1ntercept ® 1.0684 v, ORS Gnd Ref., 1.06580 v
Full lnput rengs: Hin = -5.0000, Hax = 5.3548 velte
LSF Output Ronge: Min s 2.4461, Mem ©  7.48340 valte

Output delva: Ave = 60152, Std = .00084 velte
I MHex Oav. wrt LSF ronge = .07690 1
Largost dolta = .88388 volts at eutput = 7.4648 volve

LBC Linearty Measurement
T L] l. T
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E o".‘ "o. . 1
£ .eees | o v, . -
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- —-.e@2” | . pR . ]
. . ., -
s Y “o0 -
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y —-ee3s |- - . —
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. vV out (volts)

Fig 5.33 Linearity of 16 bit DAS

The input voltage is swept five times over the desired range and the results

averaged. The upper plot shows the transfer characteristic of the DAS. The lower
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plot shows the error of the data from a least squares linc fit over the central five
volts of the characteristic. The transfer characteristic of the DAS was recorded in
mecmory so that it could be used to process subsequent data and remove the
distortion introduced by the nonlincarity of the DAS. Figure 5.34 is a measurement

of the DAS lincarity in which the nonlinearity has been correcied.

OC Linssrity Mossurement: 68351
Date scquisition gain: 1, Filter select: LPFF
Inguz voltage renge: 8, te @, 1n oteps of .85 volts

Stert time: 14:05:23, Date: 23 Jan 19%2

LSF: Slope = 1.0880, Y intercept * .0581 v, DRS Gnd Ref., .0082 v
Full Ingut rangs: Min e 0.0383, Mex = 5.9558 voite
LSF Outpuz Asnge: Hin ® L6281, Nax =  5.0947 velts

Ouiput deles: fve = 00010, S14 = 63817 velte
I Hax Oov. ort LSF range ®» 81130 X
Largest delta = .00067 velts ot sutput = S. 1812 volte

:ﬁC Lineari1ty Measurement

(volts)

vV out

Error Plot

. 2029
. 2807

[QAVaD]

.eaas
. 2223
.88
-.2001
-.20003
-.2002s
-.00a87

Deviation

Fig. 5.34 Comrected DAS linearity
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Figure 5.34 shows the limits of this techunique. Over the lower 3 volts daia is

corrected to within .1 mv, but over the upper 3 volts the correction is limited to .7

mv. This is apparently due to the fact that the 3478A meter which is used to make
o]

the correction switches ranges at 3 volts. The corrected linearity of pant 2 is

shown in figure 5.35.

OC Lineerity Moasurement: 06351
Cate ecquisition gain: 2, Filier select: LPF
Ingut voltege range: 8, 10 6, 1n stepe of .| velts

Stert vime: 17:09:32, Oeve: 22 Jen 192

LSF Guiput Renge: Min = L2135, Mex = 5.7358 velre
Output delve: Ave = (0058, Std = .00038 velts

IMex Dov. ort LSF range = 82978 1

Lergest delva ® 00159 volts ot sutput ® 2. 1229 volts

LSF: Slope = -1.688), Y intercept = 8.6384 v, OA3 Gnd Rel., .0883 v
Full lnput rengs: Min @ 0082, Max »  $.3042 vaite

LSE Lineari1ty Measurement
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Fig. 5.35 Comrected lincarity, Pant 2 (78°K)
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The gain of -1 from the output buffer is evident in the transfer
characteristic. The maximum error from a least squares fit line over the central
5.5 volts is 1.6 mV. If this is rcpresented as a percentage of the total output range,
it yields an integral nonlincarity of .029 %. This is well below the specification,

but it is not ecasy to relate this value to any predicted value.

5.4.6 Crosstalk

Crosstalk was measured with an HP3577A Network Analyzer. The source
from the 3577A was used as an input for one channel of the output buffer while
the other chancel was grounded. The channel corresponding to the grounded
input was sampled and held on each output cycle and was used as the signal input

to the 3577A. Figure 5.30 shows the test set up.
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Fig. 5.36 Crosstalk test sctup

Figure 5.37 shows a measurement of the magnitude of the signal channel itself.
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Fig. 5.37 Signal measurcment, magnitude, Pant 3 (78°K)

The verticai scale is 10dB/div and the horizontal scale is 20kHz/div. The
plot shows the gain of 1 at low frequency as expected, and the sampling naturc of
the output buffer is evident in the sinx/x behavior. The sampling null at 100 kHz
corresponds to the sampling frequency for one channel. Fig 5.38 show the phase
plot for the same measurement.

I S T MARKER 52 583 o87rx
45 mg DHAS{(A/R) “1r7. 434ﬂ.q

A

Fig 5.38 Signal measurement, phase, Pant 3 (78°K)
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The vertical scale is 45°/div and the horizontal scale is 20kHz. The phasc at
low frequeucy is O degrees. The output buffer is inverting so that the phase at
low frequency should be 180°: but an additional inversion takes place in the
external sample and hold. The phase is linear with frequency indicating a delay
of approximately 10 pus. The output buffer itself delays the signal by 5 us because
of the sample and hold action of the input capacitors. The cxternal sample and
hold which is necessary to isciate a single output sample introduces and additional
S us. Use here has been made of the observation that sampling and holding a
signal every T seconds introduces a delay of T/2. Figure 5.39 shows the crosstalk

measurement magnitude.

R LT I

Fig. 5.39 Crosstalk measurement channel 1 — 2, magnitude, Part 3 (/8°K)
The measurement is for channel 1 leaking into channel 2. The scales are

identical as before. The crosstalk magnitude is -43 db. This is much larger than

anticipated. Figure 5.40 shows the phase plot.
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Fig. 5.40 Crosstalk measurecment channel 1 — 2, phase, Pan3 (78°K)

The deiay in this case is approximately 15 ps. The crosstalk. when mcasured with
respect 1o the other channel, produced similar results ( -44 dB.15 ps delay ).

In order to determine if the crosstalk was due to incomplctc bus sculing the
bus reset switch was employed but no improvement was notcd. Along the samc
line of inquiry, the OTA bias current was increased in order to improve scttling
but no improvement was noted. It was possiblc to lower the bias current until the
crosstalk becamc even worse, presumably due to incomplete scttling. Under these
conditions the operation of the bus reset switch did improve the crossialk
measurcment but only up to the 43 dB figurc. Thus the bus reset switch was shown
to be operative, but the source of crosstalk was shown to be duc to another
mechanism.

Four stray capacitances were identified as possible coupling mecchanisms.

These are shown in figure 541 as CS1, CS2, CS3, CS4.
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Fig. 5.41 Possible stray capacitaaces

It is possible to mecasure the strays CS1 and CS2 by stopping the clocks in a
particular state and mecasuring thc transmission of the channel which is not
selected. This measurement indicates that CS1 = 8 fF and CS2 = .9 fF. There is no
delay in the OTA for this mode of transmission so that the overall delay in the
crossialk mechanism for these sirays would be 5 us. The magnitude for the the
crosstalk produced by these mechanisms would be -51 dB for channel 2 leaking
into channcl 1 and -70 dB for channel 1 leaking into channel 2. They are not
sufficient to ecxplain the crosstalk measurement.

It is not possible to measure CS3 and CS4 individually due to their location.
CS3 and CS4 introduce crosstalk because each of them store the previous signal
when they are removed from the feedback path. When they are reset they couple
the previous signal into the integrator where it becomes part of the present
signal. The delay characteristics of CS3 and CS4 arc different than those of CS1
and CS2. CS1 and CS2 couple in a signal yet to be while CS3 and CS4 couple in
signal already past. The delays in the OTA associated with the CS3 and CS4 crosstalk

mechanism is therefore 10 ps, and their total deiay in the crosstalk measurement
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is 15 us. This delay matches the delay observed in Fig. 5.34 and identifies CS3 and
CS4 as the dominant source of crosstalk.

CS2 and CS4 both contribute for the crosstalk of channel 1 leaking into
channel 2. CS2 is 1 fF, so CS4 must be approximately 20 fF to explain the -43 dB
crosstalk measurement. CS1 and CS3 both contribute for the crosstalk of channel
2 leaking into channel 1. CSl is 8 fF, so CS3 must be approximately 11 fF to expiain
the -44 dB crosstalk measurement. Since CS1 and CS3 are of comparable magnitude
but with different delays, onec would expect that as the frequency increases they
would go out of phasc with each other and produce and additional dip irn the
crosstalk magnitude plot for channel 2 leaking into channel 1. Figure 5.42 shows

this plot.

1900048 WAG(A/R) -8e 20208 '

7

RS TR T ATV L1 TEP

Fig. 5.42 Crosstalk measurement channel 2 — 1, magnitude, Part 3 (78°K)

The dip is present at 50 kHz cxactly as expected. Inspection of the layout further

confirms the presence of these strays. In this case the strays have caused a

serious reduction in the achievable crosstalk with this buffer.
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547 Supoly Reiccti

For completeness PSRR+ and PSRR- was measured using the 3577A Network
Analyzer. The setup was the same as for the crosstalk except the source from the
3577A was placed in series with cach of the two supplies. The rejection of the OTA
itself was first mecasured by configuring it as a follower. Figure 5.43 shows the

rejection from the positive supply while figure $.44 from the negative.

REF LEVEL 701V MARKER 5@. 828H=z
2. seads 10. 06848 MAG CA/RD -66. 767dB

o A“x

y4
7
100 1K 10K 188K iM 18M
START 5S0. 88DH=z STOP 10 220 000. BO0H=z

Fig. 543 OTA PSRR+ Part 3, (78°K)
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REF LEVEL /DIV MARKER 11. 231Hz
18. 22248 10. 22248 MAG (A/RD -63. 434dB

/ y
/
g
10 120 1K 18K 188K iM 12M
START 5. DBBH=z STOP 10 200 020. 2PBH=z

Fig. 5.44 OTA PSRR- Pan 3, (78°K)

The measurements with the output buffer operating in its normal mode are
shown as figure 5.45 and figure 5.46. As was the case with the crosstalk
investigation, the intrinsic rejection of the amplifier is lost in the complete
buffer. There were found to be overlaps of both supplies with the inverting node

of the OTA consistent with the reductions observed above.

191



REF LEVEL /D1V MARKER 9. 699Hz
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START 5. 00@H=z= STOP 10 OV2 O00. JOBHz

Fig. 5.45 Output buffer PSRR+ Pan 3, (78°K)
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Fig. 5.46 Output buffer PSRR- Part 3, (78°K)
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6. SUMMARY AND CONCLUSIONS

6.1 Result Summary

A summary of measured and predicted OTA  characteristics is presented as
Table 6.1. Measured valucs arc averages of all units tested, with the exception of
the output current limits. Those units affected by mismatch limited output
current are not included. Predicted performance is based on a nominal bias
current of 1 pA for the input stage current sources. Due the width offset factor,
WD, in tke fabrication process the bias current for the mesasured data was
probably low by 25%. The test chip did not allow for direct measurement of bias

currents and the low current condition was not suspected until testing was

complete. Low bias current is probably responsible for the low measurements of

transconductance and unity gain frequency.

Mecasured Predicted
Transconductance 500 uS 590 uS
DC gain 91 dB 91 dB
Unity gain frequency 900 kHz 940 kHz
Positive current limit 720 uA > 140 pA
Negative current limit 450 pA >210 pA
Input referred thermal noise 34 nV/vV Hz 40 nV/v Hz
Input referred 1/f noise (@1hz) 1.2 uwV/v Hz 1.5 uV/v Hz
PSRR+ (DC) 67 dB -
PSRR- (DC) 63 dB -

Table 6.1 Mecasured and predicted OTA characteristics
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The predicted steady state maximum output currents are lower limits, yet it is
rather unusual that the measured values exceed the limits by as much as they do.
Alsc, the measured positive current limit is significantly larger than the
ncgative, while the predicted results would indicate that it should be the other
way around. This remains an open issue.

The noise predictions are really estimates because measured noisc data was
not available from the N channel transistors on the device test chip. N channel
characterization was done with a 150x5 tramsistor from the circuits test chip. N
channel high frequency noise was assumed to be a factor of three higher than
theoretical thermal noise, as was observed in the case of the P channel devices.

The degree of agrecement with the noise measurements is quite reasonable.

Mezasured Predicted Required

Output Impedance 3.8 kQ 39 kQ

Positive slew ratc 54 V/us > 1.4 V/us

Negative slew rate 6.1 V/ius > 2.1 V/us

Settling time, positive 34 pus 3.2 us <40us
(3V step, .03%) (iinear)

Settling time, ncgative 3.2 us 32 us <40us
(3V step, .03%) (linear)

Output noise, RMS 170 pv 109 uv <500 pv
Integral nonlinearity .03% <.1% <.1%
Output Range 55V 54V >30V
Crosstalk -43dB -99 dB

PSRR+ (DC) 50 dB -

PSRR- (DC) 56 dB -

Table 6.2 Measured, predicted, and required characteristics of Output Buffer
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Table 6.2 shows the measured, predicted, and required characteristics of the
output buffer. Measured results are averages of all units tested, with the cxception
of those parts affected by mismatch limited output current. Herc again, the
measured slew rates are much larger than the lower limits established in Section
4.4.2. The measured noisc is significantly larger than the predicted vaiue. This
discrepancy is due to a sampled poise contribution from the switch eclements 3.5
times larger than theoretical. Measured crosstalk was much greater than should
be achicvable with this buffer configuration. This degradation was identified as

being caused by two distinct stray capacitances introduced in the layout.

6.2 Suggested Improvements

The analysis and measurcments of this output buffer indicate that it can be
improved ia a number of areas. As it stands, a significant (40%) fraction of the
units have a serious output current limit caused by device mismatch. This current
limit is severe cnough to prevent the affected units from meeting the settling
time specification. There are other arcas where the design is less than optimum,
yet the performance is acccptable.

The most likely cause for the mismatch in the M4An, M4Bn current mirror
is threshold mismatch caused by small gate arca. This threshold mismatch is
magnified by low (Vgs-VT) on these transistors. Increasing the length of all three
M4 transistors is called for. This has three beneficial effects. First, the (Vgs - VT)
of the M4 current mirror is increased. Second, the gate area of the transistors is
incrcased, so the threshold match is improved. Thirdly, but unrelated to utput
current, the input referred noise contribution from M3An is reduced. This noise
reduction is significcnt for the OTA because M4A dominates the input referred 1/f

noise of the entire amplifier and makes a significant contribution to the input

196



referred thermal noise. The noise reduction is insignificant for the output
buffer, however, whose dominant noise contribution is the sampled contribution
from the switch clements. Increasing the length of M4 aiso has the effect of
lowering the frequency of the nondominant pole in the N channel input stage
and could be expected to slow the buffer. In this case, however, the zero value
time constant contribution from node 4 is not dominant. Furthermore, the
nondominant pole of the OTA is determined by the P channel input stage, so a
slight reduction in the nondominant pole from the N channel input stage will
have negligible impact. Iacreasing the length of all M4 transistors in the N
channel input stage to 5 or 6 pm should have the desired affect of eliminating the
mismatch induced output current limit while having eegligible effect on the
speed of the buffer.

In fact, the speed of the buffer can be improved by a second change.
Reducing the length of the M2 current mirror in the P channel input stage will
increase the frequency of the nondominant pole of the output buffer. As it stands,
the time constant from node 2 in the P channel input stage is dominant while the
noise contributions from M2 are negligible. Reducing the length from 30 um to
something in the vicinity of 20 pm is therefore called for.

The N channel cascode in the P channel input stage is not in its own well
but should be. Placing it in its own well with the source tied to the well will
decrease the threshold voltage and increase the positive output current limit as
shown in Section 4.3.4. As it stands the positive output current limit is quite good,
but this is one of the arecas where the measured performance does not agree with
predictions.

Crosstalk performance can be drastically improved by minor rerouting in

the layout to avoid the OTA inverting input.
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6.3 Suggestions for Furnther Work

The output butfer presented here meets all of the design goals which were
established at its inception. If additional requirements or better performance
became necessary the present design can be modified in a number of ways.

In order to achieve a lower output impedance a new design is under way
which utilizes a two stage amplifier. This new design is projected to achieve a
300Q output impedance with an increased power budget of 750 pW.

Another possible modification would be a completely differential OTA. The
major advantages of such a design would be lower noise, better PSRR, beticr
CMRR, and higher output range. In the present design, a differential output is
provided by having a reference output. The reference output buffer is a duplicate
of the signal output buffer but carries a dc signal. With a completely differential
OTA, each output of the pair would move with the signal. In the present design
there is an increase of v 2 in noise duc to the reference output. In a completely
differential design, noise from both outputs is referred back to a single
differential input stage. The output range would be doubled because both positive
and negative output would be  possible. Completely differential amplifiers also
have better high frequency CMRR and PSRR. A completely differential OTA is not
called for with the present requirements because the noise and output range are
already much better than required. CMRR and PSRR requirements are not well
established at this point. Another point is that a completely differential amplifier
would require a truly differential input. The present focal plane architecture does
not provide a differential signal and would have to be modified to accomplish
that.

The noise performance of the present design is limited by the sampled
noise of the switch elements. This noise was 3.5 times the thcoretical noisc limit.

Investigation into the nature of this noisec source would be appropriate. Because
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this effect has been observed before[34] it may be of general concem for low

temperature CMOS design.
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Al. MINOR LOQP STABILITY

The local feedback loop that regulates input stage bias current provides
positive feedback. The loop gain can be shown to be less than one at ali
frequencies if the bias voltage for the cascode transistor is conmstant [21]. A
constant voltage dias is the simplest and has the lowest power consumption. For
the case of constant voltage biasing, a small signal model of the input circuit is
shown in figure A.l. Smail signal transistor models with transconductance,
output conductance and gate to source capacitance have been used. Output
conductances for the current sources have been included as goA and gop. Diode
connected transistors have been reduced to resistors. The back gate
transconductance is also modeled if gmi1A. 8m1B. and gm3 arc understood to
represent the sum of the gate to source transconductance gm and the bulk to
source transconductance gmp. Parallel capacitances have been grouped together.

Notation is taken to agree with [21].

Fig. A.1 Small signal model of local feedback loop
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Callewaert and Sansen solve for the loop gain by breaking the feedback
loop at the M4A, M4B current mirror. A different new technique is used here. The
new technique solves for the loop gain without breaking the feedback loop. The

loop gain of a circuit can be defined as
LG = 1 - Det(G)M(Gii) . (A1)

is derived. Det(G) is the determinant of the nodal conductance matrix, and In(Gii) is
the product of its diagonal elements. This equation results when the nodal
conductance equations are used to form a lincar block diagram for the circuit. In
forming the block diagram, each nodal KCL equation is divided by its diagonal
coefficient so that the node voltage in question is represented as a linear
combination of the remaining circuit node voltages. Equation (A.1) is then the
loop gain of the entire diagram[40]

It can be secen from equation (A.1) that the term of the determinant which
arises from the product of its diagonal elements will cancel the leading 1 on the
right hand side of the equation. The remaining terms arc all the nondiagonal
contributors to the determinant divided by the product of the diagonal ciements.
The loop gain will, therefore, have poles at the zeros of the diagonal terms in the
nodal conductance matrix. This technique for calculating loop gain is best suited
for machine computation. It is used herc to demonstrate its use, and to compare
results with reference [21]. The nodal conductance matrix for the small signal

circuit of figure A.1 is shown in Table A.l .
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g01A+801B+80A+804 -EolA -801B Em4B
+gm1A+E€m1B+C1°S

-201A-Bm1A Em2A+802A+801A+C2°S 0 0
~801B-Em1B gm2B £02+801B+803 -803
+goB+gm3+C3°S
0 0 -8m3 803+8m4A+C4-S

Table A.1 Nodal conductance matrix

Each diagonal term determines a pole in the loop gain. Assuming that all
output conductance terms arc negligible by comparison with transconductance
terms, and using the equality of tranconductances of matched devices, the poles of

the loop gain can be given as

P1=-2+gm1/C) (A.2)
p2=-8gm2/C2 (A.3)
P3= -8m3/C3 (A.49)
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Pa=-8ma /Csq. (A.5)

All frequencies arc expressed in radians per second. These expressions agree

with the corresponding expressions in [21].

The caiculation of the zeros in the loop gain is more involved. Of the 23
terms from the determinant that determine the zeros of the loop gain, 7 are
nonzero in this case. The polynomial is second order in s so that two zero's exist in

the loop gain. The zeros are located by the equation

a+82 + beS+c=0

a = -C4°G13*C2G3) - C4°G12°G21°C3 - G43°C1°C2°G34

b = G43°G14°C2°G31 + C4°G13°G21°G32 - G43°G11°C2°G34 - G43°C1+G22°G34

¢ = - G43°G14°G21°G32 + G43°G12°G21°G34 - G43°G11°G22°G34
+ G43°G14°G22°G3) + G44°G13°G21°G32 - G44°G13°G22°G3)
- G44°G12°G21°G33 (A.6)

The above expressions can be simplified considerably by using the fact
that the transconductance terms are much larger than the output conductance
terms. The bias current is the same for all transistors in the small signal model, so
the differences in transconductances are attribi:table to device type (p or n)
mobilities and device geometry (W/L). Because the dependance on mobility and
geometry is as a square root, device transconductances arc unlikely to differ by as
much as an order of magnitude. The difference between a device

transconductance and its output conductance on the other hand is likely to be
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more than 2 orders of magnitudes. It is valid, therefore, to order terms in powers
of gm. All three terms in the expression for a are the same order in
transconductance.
= - C4G13°C2G3) - C4G12°G21+C3 - G43°C1+C2Gag
= - C4°C2°201°8m1 - C4°C3°go1°8m1 - C1°C28m3°Lo3 (A7)
One term in the expression for b is of higher order than the othess.
b =G43°G14°C2°G3;
=lC2°8m3‘8m4'8ml (A.8)
The expression for ¢ has two terms that are of higher order than the others.
¢ = - G43°G14°G21°G32 + G43°G14°G22°G3)
= - gm3°8m4 ( m1A°Em2B - Em2A°8mI1B )

= - gm3°8m4 ( - 8m2°Agm1 + €m1°AEm2) (A9)

With matched devices, the first order expression for ¢ is equal to zero. In 2quation

(A.9) the mismatch quantities are defined as

gm1 = (Bm1A +gm1B ) /2 (A.10)
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Agm] = gmIlB - EmlA - (A.11)

Completely analogous expressions apply for gm2 and Agm2. A term second order
in the mismatch quantitics has been neglected in (A.10). A question arises as to
whether the neglected terms in equation (A.11) are larger than the term that
remains. The answer to this question depends on the degree of match in devices
MI1A, MI1B and M2A, M2B. The neglected terms cre of order gmegm*gm°go. If

included, equation (A.9) can be replaced by

C =-gm3°8m4 ( - Em2°AEm1 + Em1°Agm2 )

-2°m1°€m2°8m3°8o03 + Em1°8m3°Em4°Lo2 - (A.12)

The mismatch terms are likely to be dominant but all terms are retained for
completeness.

The coefficients in the quadratic cquation for the zeros of the loop gain
have been simplified. The equation could be solved by using the quadratic
equation, but the roots turm out to be well separated so that it is easier to

approximate their location as

z1=-¢/b

- 8m2°Agm1 + Em1°A8m2 - Em1°€02 + 2°€m1°8m2°803/Em4
) (A.13)

gm1*C2

z9=-b/a
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C2°€m1°€m3°8m4
(A.14)

C4-C2°o1°8m1 + C4°C3°go1°8m1 + C1°C2°8m3°803

The second pole is seen to be at a much larger frequency than the first. If the

mismatch terms are dominant in the expression for z; then the ratio 2z2/z) is of

order

z2/z1 = (gm/8o) (Bm/Agm) . (A.15)

The expression for z; agrees with the expression given in [21] for the limit in
which the mismatch terms dominate. The higher order terms differ because the
approach here is more ex-ct than that given in {21] . Only one zero is given in
[21] but two zeros result in this more precise treatment.

The dc value of the loop gain A4c is casily arrived at by setting S=0.

- Em2°Agm1+ Em1°Agm2 - Em1°802 + 2°8m1°€m2°803/Em4
Age = (A.16)
2:gm1°gm2

Once again this agrees with the result in reference [21] in the limit gy «Agm, but
the first order terms in go disagree. The dc value of the loop gain is much less
than one under quiescent conditions, and its sign may be positive or negative
depending on the relative weight of the terms involved. The magnitudes of the

poies and zeros are in the relation

zZ1 = Agm/C

pi~ 8m/C
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z2 = (8m/8o) gm/C

Z] « P1.P2,P3.,P4 «2 (A.17)
The largest value that the loop gain will achieve will be in the region between the

first and second pole. A plot of the magnitude of the loop gain is given in figure

2.3 in which p2 is assumed to be the dominant pole. The maximum magnitude of

the loop gain is then

Amax = Adc * PY2] .

. = C2/(2°gm2) *p2=122. (A.18)

If a pole other than py is dominant the loop gain is found to be even less. The loop

gain is always less than one, and the feedback is always stable.

Loop Gein (db]

Amax

Adc

log (f)

Fig. A.2 Loop Gain
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The technique presented here is rather tedious to accomplish by hand. It is
done here for demonstration purposes omnly. It is well adapted for numerical
simulation where the nodal matrix for the closed loop configuration is what is at
hand. To break a loop in a SPICE simulation in order to calculate loop gain is less
attractive than implementing the algorithm described here for two reasoms. First
and foremost, it is only approximate, because when a loop is broken it is
impossible to create the proper loading conditions as well as the proper bias
conditions. Secondly, it is extra work just to prepare a circuit in the open loop

configuration.
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