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Abstract

The desire for ubiquitous connectivity is pushing radios towards highly-integrated,
multi-standard and multi-band implementations. This thesis explores architectures

for next-generation RF frontends, which form the interface between the RF transceiver

and antenna. RF frontend performance has important implications for the energy
efficiency, frequency range and sensitivity of the radio.

Ubiquitous connectivity requires bringing online previously unconnected, closed-

circuit systems. Case in point, the recently ratified 802.11p standard targets wireless

access in vehicular environments. The first part of this thesis presents an RF frontend

for 802.11p applications. Gallium Nitride is used as an enabling technology platform

for monolithic integration of high-power RF functions. A number of architectural

techniques are proposed to enhance energy efficiency.
Even in relatively mature use cases like smartphones, significant evolution is

needed to address future needs. Emerging wireless standards specify dozens of bands

covering several octaves for worldwide connectivity, which need to be supported with

a single device. However, in current multi-band radio implementations, significant

redundancy is still the norm in the RF frontend. In the second part of this thesis,
an improved architecture for multi-band, time-division duplexed radios is introduced,
which replaces multiple narrowband frontends with a frequency-agile solution, tun-

able over a wide frequency range. A highly digital architecture is adopted, leading
to a fully integrated solution wherein both efficiency and achievable frequency range

benefit from CMOS scaling.
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Chapter 1

Introduction

By some estimates [1], the wireless industry reached a critical juncture in 2013 in that

the number of mobile, internet-connected devices exceeded the world's population.

This explosive growth in devices has been possible due to the maturation of several

enabling technologies, principal among them being the highly integrated radio. Even

after decades of work, radio design continues to be an exciting area of research due to

the continual evolution in existing use-cases and emergence of new paradigms, both

of which bring challenges and opportunities in equal measure.

In the last few years, mobile internet has come of age. Connectivity on the move

is no longer a luxury, but a base feature in most mobile devices sold today. The next

generation of mobile devices (smartphones, tablets etc.) is expected to be faster,

lighter and have longer battery life. Increased mobility of users, as evinced by declin-

ing PC sales and a fast-growing mobile market [2], also necessitates that devices offer

uninterrupted connectivity irrespective of location, while sustaining high data-rates to

support cloud-based services. Further, as the industry approaches 100 % penetration

in developed countries, user growth in the future will be mainly driven by developing

countries, which are home to the majority of the 5 billion people worldwide currently

without internet access [3], putting significant price pressure on this market.

Within the present decade, it is anticipated that internet connectivity will also

extend to entirely new classes of devices. Vehicles, parking meters, industrial sensor

nodes, home thermostats, continuous health monitors etc. are all examples of pre-
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viously closed-circuit systems that are expected to come online. This proliferation

of connectivity has been termed the internet of things (IoT) [4] [5] [6]. While the

IoT paradigm will rely on both wired and wireless connectivity, the vast majority

of devices which come online will be wireless, computationally lean, battery or self

powered and extremely compact. From the radio designer's perspective, design for

next-generation applications puts forth the following challenges:

" Ubiquitous connectivity cannot become a reality at current price points. Due to

increased price pressure in the mature but still growing mobile device market,

and the emergence of an entirely new one (i.e IoT), further commoditization

of radio hardware is needed. The monolithic (single-chip) radio has been envi-

sioned for many years, and represents the ideal solution from a cost and form-

factor standpoint. However, full integration in low-cost technology remains

elusive.

* Since the vast majority of future wireless systems will be battery or self powered,

with continually shrinking form factors, large reservoirs of energy (high-capacity

batteries or super-capacitors) are not feasible. Therefore, radio systems need

to be more energy-efficient in order to maximize up-time for a given amount of

stored or harvested energy.

" The coexistence of an exponentially growing number of wireless devices requires

the radio system to be more flexible. At any given time, the optimal frequency

band for communication is a function of geographical location, presence of other

similar coexisting devices, data-rate needs and available wireless infrastructure

(access points, routers). Clearly, radios should support communication over

wide frequency range to enable location agnostic or ubiquitous connectivity.

Radio operation over a wide frequency range conflicts directly with the first

two objectives, and therefore presents a major challenge.

18



1.1 Overview of state-of-the-art mobile radios

Figure 1-1 shows the block diagram of a typical mobile radio system. When parti-

tioned by power level, there are two main subsystems:

1.1.1 RF transceiver

In this work, the term RF transceiver is used to denote the low-power section of the

radio, which includes all the mixed-signal processing that occurs between digital base-

band data (commonly represented with IQ pairs) and modulated RF signals. On the

transmitter (TX) side, this involves digital-analog conversion, filtering, up-conversion

to RF carrier frequency and some amplification. On the receiver (RX) side, the sig-

nal path performs down-conversion, filtering and analog-digital conversion. Since the

transceiver only comprises low-power circuitry, design has benefitted tremendously

from the scaling of CMOS technology. Increasingly, more and more functionality

has been integrated, while power consumption has gone down. For instance, multi-

standard transceivers have been demonstrated on a single-chip, both in the form of

multiple dedicated sections [7] and also more ambitious software-defined transceivers

[8], which can be reconfigured to work in one of several different bands at a time.

1.1.2 RF frontend

The RF frontend represents the high-power section of the radio. As shown in figure 1-

1, a typical RF frontend consists of three key components:

1. Power amplifier (PA): The TX signal from the transceiver is not strong

enough to drive the antenna directly. The PA forms the last amplifying stage

in the TX signal path. For instance, WLAN requires a maximum output power

of at least 0.5 W or 27 dBm, which corresponds to 14 Vpp across a 50 Q load.

In addition to the stringent output power specification, PA design is further

complicated by use of linear modulation techniques in modern wireless systems

to maximize data-rates. Generally, it is easy to get high RF PA linearity or

19



(1) RF Transceiver (2) RF Frontend

f'X
frx- +-- + PA

Q7X OC

IRX '

QRX+ -LN

fRX

Figure 1-1: Key components of the RF frontend

efficiency independently, but very difficult to achieve them simultaneously [9].

Therefore, the PA is the most power hungry component of the radio and its

efficiency largely determines the efficiency of the entire radio system. The choice

of device technology plays a critical role in achievable performance. PA efficiency

and therefore power consumption also suffers if wide bandwidths are desired,

making multi-band design extremely challenging.

2. Low noise amplifier (LNA): The LNA forms the first stage in the RX signal

path and provides enough gain with low noise so that sensitivity is not com-

promised by the noise of subsequent stages. High linearity is also important

to preserve overall linearity of the RX path, and also for tolerating interfering

signals without corrupting the desired signal.

3. Switch or duplexer: Radios can be divided into two classes. Time-division

duplexing (TDD) radios (figure 1-2(a)) are half-duplex i.e. they time-share the

same frequency for both transmit and receive. On the other hand, frequency-

division duplexing (FDD) radios (figure 1-2(b)) utilize different frequencies to
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enable simultaneous transmit and receive operation. For TDD, an RF switch

(controlled by the baseband processor) is used to time-multiplex between TX

and RX mode. For FDD, a duplexer is used to tailor the frequency responses

of the TX and RX path to a pair of frequencies defined by the standard, while

sharing the same antenna. Since these components lie directly in the RF signal

path, they also need to handle very high output power, while their loss adversely

impacts performance.

(a) (b)

C.C

LL U

Time Time

Figure 1-2: Radio classes: (a) Time division duplexing or TDD (b) Frequency division
duplexing or FDD

CMOS technology evolution has not benefitted RF frontends to the same extent

as transceivers because breakdown voltages decrease with scaling, making high-power

compatibility more difficult rather than easier. Further, analog-intensive design tech-

niques are still the norm for high-power RF circuits, and performance does not always

benefit from scaling e.g. resonant LC circuits are used extensively, occupy large die

area and do not scale. Discrete solutions using multiple device technologies are still

common. Many of the current technologies in use are expensive and a barrier to

radio commoditization. Finally, much hardware redundancy results from the lack of

compelling multi-band solutions, further increasing area and cost.

To summarize, the key to addressing many of the challenges in radio design now

lie in the RF frontend. In this thesis, new fully integrated RF frontend architectures

suitable for the next generation of wirelessly connected devices are proposed, imple-

mented and evaluated.
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1.2 Research contributions

The first contribution of this work is a high power RF frontend architecture which

leverages GaN technology. A vehicular connectivity application employing the new

802.11p standard is targeted. Traditionally, RF frontends for high power applications

have relied on discrete components assembled into multi-chip modules. The proposed

ultra-compact and fully integrated architecture is shown in figure 1-3. In addition to

the superior efficiency offered by GaN technology, two architectural techniques are

used to further boost performance. First, part of the TX/RX switch is absorbed

into the PA itself to reduce loss. Second, the PA employs a dual-bias technique for

transconductance linearization. To validate the proposed architecture, a prototype

IC with over 33 dBm output power at 5.9 GHz is demonstrated in GaN technology.

VDDGaN

o/p match VTRX
-T LNA

i/p match EN

VIN M1 VEN

Vb M b2

M1+M2

M2 - class C

Mi - class AB VIN

PA Core

Figure 1-3: High-power GaN RF frontend architecture

The second contribution of this work is a frequency-agile RF frontend architecture

for multi-band mobile radios. A unified solution for WLAN and TDD-LTE is targeted.

The proposed architecture, which is shown in figure 1-4 eschews traditional narrow-
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band analog RF circuits. Instead, both TX and RX signal paths employ broadband

topologies inspired by the CMOS inverter. The frequency response of the system is

digitally tunable over a wide range. Therefore, multiple narrowband frontend com-

ponents can be replaced by this minimalistic and flexible solution. To validate the

proposed architecture, a prototype IC with over 27 dBm output power and a target

frequency range exceeding 1.8 - 3.6 GHz is demonstrated in SOI CMOS technology.

Multi-band
Antenna

Transceiver

Reciprocal
Harmonic

Filter

FCW
(Freq. Control Word)

H(f)
f

fRF=f(FCW)

Figure 1-4: Frequency-agile RF frontend architecture for multi-band TDD radios

The RF frontend architectures presented in this thesis are specific to TDD stan-

dards. Therefore, this work only considers integration of the TX/RX switch. Nev-

ertheless, it is worth noting that techniques introduced herein for PA efficiency en-

hancement and frequency-agile design are generally useful to any class of radio (TDD

or FDD).
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1.3 Thesis organization

This thesis is organized as follows. Chapter 2 discusses in more detail key challenges

in the design of RF frontends for the next generation of wirelessly connected devices.

Chapter 3 and 4 present the theory, design, implementation and measurement results

of the two RF frontend prototypes introduced in the previous section. Finally, this

work is put into perspective in chapter 5, wherein key contributions are summarized

and a few directions are proposed for future work.
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Chapter 2

Challenges in RF Frontend Design

As highlighted in chapter 1, evolution of the RF frontend is essential for realizing

radios suitable for the next generation of wireless devices. In this chapter, principal

design challenges are discussed in detail, and relevant prior art discussed to better

differentiate the work detailed in chapters 3 and 4.

2.1 Monolithic integration

RF frontends require simultaneously high-power and high-frequency operation, thereby

posing the one of the last hurdles towards monolithic integration. Traditionally, RF

frontends have utilized heterogenous integration in the form of a multi-chip module,

wherein each component is designed in the most optimal technology. Figure 2-1(a)

shows a typical TDD example, while the desired evolution to a single-chip solution is

shown in figure 2-1(b). Monolithic integration has the following potential benefits:

" Cost: Integration on a single-chip, particularly on a CMOS platform, is typ-

ically much cheaper than fabricating two or three different chips. Further,

packaging cost is also minimized.

* Form factor: Single-chip solutions have smaller weight and volume than multi-

chip modules.
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* Performance: Tight integration of RF frontend components reduces intercon-

nect loss.

(a) (b)

PA -- PA vT

LNA -<N
CMOs

Figure 2-1: RF frontends employing (a) Heterogenous integration with multiple IC's

(b) Monolithic or single-chip integration

For moderate power (up to 30 dBm) mobile applications, CMOS technology is es-

pecially attractive due to its low-cost, continued scaling and compatibility with mostly

digital transceiver circuitry. However, CMOS integration of RF frontend components

poses challenges, particularly for the PA and TX/RX switch.

Figure 2-2 shows an idealized PA topology. The drain inductor provides DC-

feed and resonates out device capacitance at the desired RF frequency. The power

extracted from the PA is maximized (saturated) when the RF component of device

current causes the drain to swing over the entire available voltage headroom of 0 to

2 VDD. This saturated power level is denoted as PSAT. The function of the matching

network is to perform impedance transformation from the antenna impedance Zo to

Ropt for maximum power extraction. Rept can be determined by:

PSAT= VDD _ VTX (2.1)
2ROt 2ZO

Fine-line CMOS technology has a very low rated VDD of about 1 V. At PSAT = 1 W

or 30 dBm, the required R,t is 0.5 Q, corresponding to a transformation ratio ( Z,)
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Figure 2-2: PA topology

of 100. Implementing such an extreme transformation is challenging. First, the circuit

becomes very sensitive to parasitic resistance in interconnect, an issue exacerbated

by the fact that the PA device is quite large. Second, when implementing such

circuits with conventional L or 7r impedance matching topologies, component values

become intractable and loss increases unacceptably. The search for alternate matching

networks for CMOS RF power generation that alleviate some of these issues remains

an active area of research, with power combining [10] [11] emerging as a prominent

technique. Above 2 GHz, power levels exceeding 30 dBm have been demonstrated in

CMOS [12] [13] [14].

At the same power level of 1W or 30 dBm, the voltage swing across at VTx is 20

Vpp. Recall from figure 2-1(b) that the TX/RX switch is connected in between the

antenna at the PA/LNA. Such high voltages make the design of the TX/RX switch

also very challenging. In the TX mode, the PA transmits at power levels up to PSAT.

The TX branch switch is on and needs to conduct high RF voltages up to ±10 V

centered at 0 to the antenna ZO. However, in bulk-CMOS technology, the body of the
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transistor is always at ground, implying that for high power levels drain- and source-

body diodes can have reverse breakdown during positive voltage excursions, and turn-

on during negative voltage excursions. The RX branch switch has to block the same

voltage levels, which leads to similar issues. Various body isolation techniques in

bulk-CMOS have been attempted in the past [15] [16], but adequate power handling

and reliability remains a concern. More advanced technologies like GaAs pHEMT

provide inherent isolation but necessitate multiple chips. A more attractive solution is

to use floating-body transistors found in silicon-on-insulator (SOI) technology. While

SOI is marginally more expensive than bulk CMOS, it offers an excellent integration

medium for RF frontends by combining the benefit of scaled CMOS with excellent

RF isolation.

For high-power applications beyond 30 dBm, specially tailored high-power devices,

which offer simultaneously high breakdown voltage, saturation current, transition

frequency and RF isolation are essential. Gallium Nitride (GaN) technology has

emerged as a compelling contender [17] but integration with the CMOS transceiver

remains a challenge. Fortunately, recent research has opened up the possibility of

GaN transistors as an add-on to CMOS wafers [18], which could enable monolithic

integration in the near future.

2.2 Energy-efficient operation

For medium- and long-range communication, the TX section of the RF frontend,

comprising the PA and TX branch switch, remains the most power hungry component

of the radio. Therefore, maximizing TX efficiency goes a long way in maximizing

battery life, or alternately, maximizing communication range on a given power budget.

PA architectures have been surveyed and analyzed extensively in many excellent

references, including [9] [19]. Only a brief, high-level description is provided here for

context. More details are presented in chapter 3 and 4 where appropriate. Figure 2-3

compares the asymptotic efficiency limit of various PA architectures versus power

back-off from peak power. The desire for increased data-rates leads to non-constant
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envelope or linear modulation schemes with ever increasing peak to average power

ratios (PAPR), typically 6 dB or higher. Essentially, the dynamic range of the trans-

mitted signal is increased in order to pack more information into a given frequency

band. PA architectures fall into two main classes:

* Classic linear architecture: Class-A/B architectures [9] are inherently linear

but suffer from poor efficiency at back-off. Their circuit topology is similar to

the simplified example shown in figure 2-2. Distinction between Class-A and

Class-B stems from the conduction angle of the active device over the RF cycle,

which is 27r (always on) and ir (on half the time) respectively, and controlled by

the gate bias voltage. Class-B improves efficiency at the cost of linearity. As

shown in figure 2-3, efficiency at 6 dB back-off is only 12.5 % and 39 % for ideal

Class-A and Class-B amplifiers, respectively. In practical design, it is common

to choose a conduction angle between 27r and 7r and refer to the amplifier as

Class-AB.

" Switch-mode based advanced architectures: To improve efficiency under

high PAPR signal drive, there is a strong push to move from Class-AB to more

advanced PA architectures which promise better efficiency. Most such architec-

tures employ nonlinear switch-mode amplifiers (e.g. Class-D/E/F etc.) at their

core. The output power at any given time is proportional to both the square of

the supply voltage and inversely proportional to the load impedance, but inde-

pendent of the input amplitude. Therefore, output power is varied or backed-off

either through supply or load modulation techniques. Outphasing [20] is one

promising candidate which can be implemented with both lossy and lossless

combiners. With lossy combiners, efficiency reduces at back-off in proportion

to output power, just like a Class-A PA [21]. Lossless combiners are highly

preferred as the asymptotic efficiency of the architecture is 100 % irrespective

of power back-off due to load modulation, but do not offer impedance isolation

and work best with low output impedance cores like voltage-mode Class-D [22].

Polar modulation [23] is another alternative based on supply modulation with
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the same constant 100 % asymptotic efficiency characteristic. However, imple-

menting the supply modulator is challenging, particularly for wide bandwidths.

ML-LINC and AMO [24] are hybrids of polar and outphasing which simplify

the supply modulator while improving average efficiency.

100
Pclar/Outphasing (lossless)

90 -

80 . Outphasing (lossy)

70I

- 60I

50

W 40-
Class B

30-

20- .Class A

10-

-20 -18 -16 -14 -12 -10 -8 -6 -4 -2 0
Back-off from peak power (dBr)

Figure 2-3: Asymptotic efficiency limits of different PA architectures

For moderate power levels up to 30 dBm, CMOS technology represents an attrac-

tive but very challenging medium for efficient and linear PA design. The extreme

impedance transforms required to extract power from low voltages (see section 2.1)

lead to high-Q matching networks or power combiners which are lossy when imple-

mented on conductive deep sub-micron CMOS substrates [11]. On the other hand,

the level of integration possible in CMOS is unrivaled and can enable new architec-

tures with better efficiency. The key lies in exploring architectures that leverage the

strengths of CMOS and overcome the weaknesses. Best-in-class GHz-range Class-AB
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CMOS PA's report peak efficiencies around 40 % [12]. The theoretical promise of

switching based architectures is tremendous, and there has been a lot of interest in

moving to advanced architecture like polar, outphasing and variants thereof. Inter-

estingly, the peak efficiencies of GHz-range switching CMOS PA's is degraded by

practical issues such as matching network and switching loss, and generally not much

better than their Class-AB counterparts [25] [26]. However, the real promise of these

switching architectures is in boosting average efficiency when driven by modulated

signals, where they outperform Class-AB solutions by about 1.5 - 2.0 x.

For high power levels beyond 30 dBm, new materials such as GaN promise higher

efficiency and power density but cannot support complicated efficiency enhancing

architectures on a single-chip until hybrid GaN-CMOS platforms [18] become feasible.

Therefore, more research into minimalistic architectures, which completely integrate

all matching elements on-chip while achieving competitive efficiency and linearity is

needed.

Finally, it is worth mentioning here that TX branch switch loss should be included

when optimizing for overall TX efficiency. This aspect is given detailed treatment in

section 3.3.1.

2.3 Multi-octave frequency coverage

The number of frequency bands and wireless standards supported by mobile devices

has steadily risen in the last decade. By revenue, smartphones is the biggest market

[2] and therefore an apt use-case to consider. Most smartphones sold today support

at least the following standards, frequency bands and peak power levels:

" LTE: FDD and/or TDD, 5 - 10 out of over 40 possible bands, anywhere from

0.4 GHz to 3.8 GHz, 30 dBm

* WLAN: TDD, 2.4 - 2.5 GHz and 4.9 - 5.9 GHz, 27 dBm, possibly multiple

antennas and radios for MIMO

" Bluetooth: TDD, 2.4 - 2.5 GHz, 20 dBm
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Even though the amount of integration and connectivity offered by current devices is

impressive, there are compelling drivers to support even more frequency bands:

" To enable universal phones, eliminating the need to build separate models for

different carriers and countries. For the manufacturer, this implies consolidation

and for the user, true worldwide connectivity.

* To make phones communicate with new classes of devices, such as those coming

online through the IoT paradigm e.g. Medical implant communications services

(MICS) band (402 - 405 MHz).

" To support MIMO in more bands with the same amount of hardware.

Unfortunately, the notion of RF circuits operating over a wide frequency contra-

dicts well established design techniques. Figure 2-4(a) shows a generic multi-stage

RF amplifier chain. Typically, each stage employs a resonant circuit to counteract

device capacitance to achieve gain.

VDD

VbI

VDD

Vb2

(h~

VDD

VbI

VDD

Vb2

Figure 2-4: Resonant RF amplifier chain (a) Fixed (b) Tunable

A natural extension of the conventional approach leads to tunable RF circuits,

as shown in figure 2-4(b). Such circuits are indeed feasible for low-power circuitry,
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and make up building blocks for many multi-standard CMOS transceivers [27] and

transceiver blocks [28] [29]. More recently, CMOS RX design has evolved to the point

that a filter-less solution for multi-band applications now appears in sight [30].

Unfortunately, when RF frontend integration (including a high-power TX) is con-

sidered, power levels are high enough that tunable passives with good RF performance

are not trivial to implement. With digital tuning schemes the switches used to imple-

ment tunable capacitors and/or inductors face the same issues as the TX/RX switch

at high-power levels. Similarly, analog tuning elements such as varactors perform

well only at low power levels. Indeed, all the CMOS PA research cited in sections 2.1

and 2.2 is focused on single-band operation. Due to limitations of current design

techniques, most current multi-band RF frontends employ a "brute force" approach

to multi-band coverage. Figure 2-5 shows a tri-band radio example, covering three

bands centered at fi, f2 and f3. For each band, dedicated circuitry is employed and

switched in and out as needed. Since only one band per radio is active at a time, this

architecture is not area and cost optimal. Tri- and dual-band PA arrays reported in

[31] [32] [33] follow this concept, so do the more complete radio implementations found

in [34] [35]. To the best of the author's knowledge, there are currently no monolithic

high-power RF frontends tunable over multiple octaves in any CMOS technology.

Clearly, alternate design techniques need to be explored to enable more minimalistic

and flexible architectures.
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Chapter 3

A High-power GaN RF Frontend

for Vehicular Connectivity

The vision of ubiquitous connectivity requires bringing online previously isolated,

closed-circuit systems. One of the more interesting use-cases pertains to vehicles.

Modern automobiles include sophisticated electrical systems comprised of a vast ar-

ray of sensors and actuators connected to a central computer. Sensors track vehicle

location, speed, tire pressure, collision damage and image the environment in real-

time; while actuators control locks, brakes, airbags and front/rear power distribution.

Pushing sensor data into the cloud in real-time for contextual feedback enabled by

tight integration with traffic signaling and map databases has the potential to funda-

mentally change transportation. Indeed, it is anticipated that vehicular connectivity

will not only have implications for enhancing road navigation and safety [36], but will

also be an integral part of future paradigms like self-driving cars [37].

This chapter presents the design of an RF frontend for the recently ratified 802.1lp

standard, which aims to bring dedicated wireless connectivity to vehicles. As dis-

cussed in chapter 2, high-power RF frontends have traditionally relied on multi-chip

modules or discrete designs. The prevailing theme of this chapter is the interplay

of emerging technology and architecture, which enables monolithic high-power RF

integration. With a fixed power budget, maximizing energy efficiency is important

to enhance communication range, which is especially important for vehicles. The im-
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provement in baseline energy efficiency by leveraging GaN is theoretically quantified.

In addition, system energy efficiency is further enhanced through two architectural

techniques: (a) A modified TX/RX switching scheme (b) Dual-bias linearization.

Chapter organization is as follows: Sections 3.1 and 3.2 provide a brief overview

of the 802.11p standard and GaN technology, respectively. Section 3.3 introduces the

proposed architecture. Design of the transmitter (TX) and receiver (RX) paths is

discussed in sections 3.4 and 3.5, respectively. Section 3.6 outlines physical design

aspects. Finally, section 3.7 presents measurement results on the fully integrated GaN

IC prototype.

3.1 IEEE 802.11p

802.11p [38], often referred to as wireless access in vehicular environments (WAVE),

is an amendment to the well established and widely used 802.11 (WLAN) standard.

802.11p utilizes a dedicated 75 MHz band from 5.850 to 5.925 GHz in the form of

seven 10 MHz channels with 64-QAM OFDM modulation to support data-rates up

to 27 Mb/s. In the standard, average RF transmit power levels up to 28.8 dBm are

supported.

(a) Vehicle-to-vehicle (V2V) (b) Vehicle-to-basestation (V2B)

Figure 3-1: 802.11p use-cases

As shown in figure 3-1, both vehicle-to-vehicle (V2V) and vehicle-to-basestation

(V2B) scenarios are possible. V2V communication can enhance road safety through
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downstream multi-hop relay of adverse road conditions or accidents. V2B communi-

cation can improve navigation and enable traffic-optimized road signaling to reduce

delay and congestion, in addition to providing dedicated, high-quality internet access

on-the-move.

3.2 GaN: An enabling technology for monolithic

high-power RF integration

The physical properties of several semiconductors including GaN are presented for

comparison in table 3.1 [17].

Property Si GaAs SiC GaN

Bandgap (eV) 1.1 1.4 3.2 3.4

Critical e-field (MV/cm) 0.6 0.5 3.0 3.5

Charge density (x10 3 /cm 2) 0.3 0.3 0.4 1.0

Thermal conductivity (W/cm/K) 1.5 0.5 4.9 1.5

Mobility (cm 2 /V/s) 1300 6000 600 1500

Saturation velocity (xlO7 cm/s) 1.0 1.3 2.0 2.7

Table 3.1: Physical properties of various semiconductors

To enable monolithic integration of high-power RF frontends, the adopted device

technology should have the following features:

1. High power density: The breakdown voltage of the technology, in conjunc-

tion with current density and thermal conductivity, determines the achievable

power density (Watts/mm). Breakdown voltage also determines the voltage

blocking limit of RF switches. The wide band gap and high critical field of

GaN enable breakdown voltages as high as 150 V, nearly two orders of mag-

nitude higher than fine-line CMOS. Further, the high charge density of GaN

enables current densities as high as 0.8 - 1.5 A/mm, very competitive with

fine-line CMOS. GaN also features excellent thermal conductivity to facilitate
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heat transfer away from high-power devices to keep junction temperatures rea-

sonably low. Consequently, power densities achievable in GaN are typically

20 - 50x higher than CMOS.

2. High transition frequency (fT): As a rule-of-thumb, the RF operating fre-

quency should be at least a 3 - 5 x lower than fT. The competitive mobility

and high saturation velocities in GaN enable an fT of 20 - 40 GHz for state-of-

the-art devices at breakdown voltages of about 150 V [39], which is sufficiently

high to make GaN an attractive candidate for many RF applications.

3.3 Proposed architecture

The first efficiency enhancement technique proposed in this work is a modified switch-

ing scheme that reduces TX mode switch loss. The performance impact of a conven-

tional switching scheme is discussed first in section 3.3.1, followed by an introduction

to the modified switching scheme used in the present work in section 3.3.2.

3.3.1 Performance impact of TX/RX switch

(a) (b)
POUTPA

-+PA --

| PIN

!_NA LNA

RL,RXSW

Figure 3-2: Performance impact of TX/RX switch (a) TX mode (b) RX mode

As shown in figure 3-2, an explicit series switch is usually employed in both the

TX and RX branches in order to switch modes in a TDD radio. The design of TX

branch switch (TXSW) is particularly challenging as it needs to meet three conflicting

requirements simultaneously:
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1. High RF power (both voltage and current) handling capability

2. Low insertion loss to minimize TX efficiency degradation

3. High linearity so as to not limit the overall linearity of the TX chain

While switches with adequate power handling and linearity have been demonstrated,

they exhibit high insertion loss of 1 to 2 dB [40] and consume significant die area.

Lossy series elements in the TX RF path (between PA and antenna) are highly unde-

sirable due to the adverse impact on overall TX performance, which can be quantified

with the aid of figure 3-2. If the PA produces an output power of POUT,PA, and the

TXSW has a loss of PL,TXSW (in dB), then the achievable TX output power and

efficiency are:

( PL,TXSW
POUT = POUT,PA X 10-( 10 ) (3.1)

P L,TXSW\

7 = nPA x 10 10 (3.2)

Since the PA dominates TX power consumption, the energy consumed by it is:

ETx POUTPA X t (3.3)
77PA

Typically, the total output power from the TX is dictated by the standard, im-

plying that the PA output power has to be boosted to compensate for TXSW loss;

its impact on TX energy consumption can be obtained from equations 3.1 and 3.3:

AErx PL,TXSW

ETX _10( 10 - 1(3.4)
ETx

3.3.2 Modified switching scheme

The proposed architecture focused on co-design of the TX and RX paths to essentially

eliminate the explicit switch from the TX branch in order to improve efficiency and

save energy. In mathematical terms, the goal is:
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PL,TXSW = 0 (3.5)

Equation 3.4 is plotted in figure 3-3, showing that overcoming even 1 dB of loss

dramatically lowers TX energy consumption by 20 %.
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80-
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Figure 3-3: Impact of TXSW loss on energy consumption

Figure 3-4 shows the modified GaN frontend architecture in its two modes of

operation. No explicit switch is included in the TX branch. Instead, the drain of the

PA transistors is directly connected to the RX section. Frontend operation can be

understood by considering the two modes of operation in turn:

1. TX mode: In the TX mode, the PA is active. The output matching network

is designed to present the optimum impedance ZL(w) (when loaded by a 50

Q antenna) which extracts maximum power from the GaN power transistor.

Under this condition, the drain of the PA device sees large voltage swings up

to approximately 2 VDD. The RX branch series-shunt switch (RXSW) isolates

and protects the inactive LNA from this voltage stress.

2. RX mode: In the RX mode, the PA transistors are turned off by employing

a sufficiently large negative gate bias. Under this condition, the PA presents a

small but finite capacitance CO,PA at the drain node. Since the output matching

network is passive, its characteristics do not depend on the operating mode.

The LNA is power matched to the parallel combination of ZL and CO,PA at the
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RF frequency w to maximize gain and minimize noise figure. In mathematical

terms:

ZX(w) = ZTx(w)* = (ZL(w) 11 . )(3.6)

(a) VDD (b)

PA
== 

Zvx == Mx LNA
ZL

t

RXSW RXSW

Figure 3-4: Proposed GaN RF frontend (a) TX mode (b) RX mode

3.4 TX design

The TX needs to satisfy the conflicting requirements of high output power, efficiency

and linearity simultaneously. Suitability of GaN for high-power applications has al-

ready been discussed in section 3.2. In terms of overall TX efficiency, the modified

architecture outlined in section 3.3 provides an advantage. The focus of this section

is the design of an appropriate core PA topology with simultaneously high linearity

and good efficiency suitable for an ultra-compact monolithic solution.

As previously discussed in section 2.2, PA design for non-constant envelope modu-

lation schemes has two major flavors [9]: (a) Class-AB amplifiers which are inherently

linear but somewhat inefficient (b) Switching amplifiers which are inherently nonlin-

ear but very efficient in conjunction with more sophisticated architectures (e.g. EER,

outphasing) to synthesize non-constant envelope waveforms.

In this work, a Class-AB design is chosen because it offers the most compact and

fully integrable solution for a linear PA. While the peak efficiency of Class-AB ampli-
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fiers under linear modulation is acknowledged to be somewhat lower than switching

solutions, the features of GaN technology impact Class-AB architectures in a favorable

way for the desired power levels. Efficiency of Class-AB amplifiers in GaN technology

is theoretically quantified and compared to other technologies in section 3.4.1. On

the other hand, switching amplifier based architectures require additional circuitry.

For instance, polar modulation [23] requires a high-voltage supply modulator. Such

circuits are currently not integrable on the same chip as GaN transistors. However, it

is worth noting that with the emergence of platforms for monolithic GaN-CMOS inte-

gration [18], more complicated architectures may indeed become feasible in the future.

Finally, in these future technology platforms, efficiency enhancement in the form of

envelope tracking [19] will also be possible on the chosen Class-AB architecture.

3.4.1 GaN Class-AB efficiency analysis

Since Class-AB amplifiers are usually biased quite close to device threshold, the follow-

ing analysis treats the amplifier as Class-B to arrive at an estimate for GaN Class-AB

PA performance relative to other device technologies. Figure 3-5 shows the simulated

DC I-V characteristics of a reference GaN power transistor. There are primarily two

main loss mechanisms responsible for deviation of Class-B drain efficiency from the

theoretical maximum, denoted here by riB = 78.5 %:

1. Finite device knee voltage: Linear Class-AB operation requires the transis-

tor to operate as a high output impedance current source. Therefore, the VDS

across the transistor cannot fall below a certain voltage, denoted as the device

knee voltage VDSAT. The impact of finite knee voltage on efficiency is quantified

by the factor:

VDSAT (3.7)

VDD

2. Output matching network loss: In order to extract maximum instrinsic

42



2.25-,

2 -

1.75

Isat VDSAT

1.25 -

1

0.75

0.5

0.25
DD%% 2 VDD - VDSAT

0 10 20 30 40 50 60
V D(V)

Figure 3-5: IV characteristics of a reference GaN power transistor

power PSAT,il from the transistor, the antenna impedance ZO has to be trans-

formed to an optimal value R,,t given by:

PSAT,i (VDD - VDSAT) 2  (3.8)
Ropt

From load-line theory [9], an alternate expression for Ropt can also be derived.

RVpt = 2 DD - VDSAT (39)
Isat

Substituting Rept from equation 3.8 gives 'sat, which can be used to size the

power transistor appropriately. The impedance transformation required to ex-

'Maximum power extractable with device staying in saturation region, assuming matching net-
work loss is zero.
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tract maximum power is therefore 2:

r = Ropt (3.10)
Zo

Where ZO is typically 50 Q. Further, assuming that the impedance transforma-

tion is realized with a single-stage L-match, with the only source of loss being

the finite inductor quality factor QL 3 , the matching network efficiency is [11]:

1
M r(311)

The overall PA efficiency is therefore:

T7SAT = T7BTKTM (3-12)

Due to matching network loss, not all of the power extracted from the device reaches

the output. Accounting for this loss, the actual output power realized (in watts) is:

PSAT = 7M PSAT,i (3-13)

Representative process parameters for three different device technologies are used

to compare the achievable efficiency over a range of power levels. TK is independent of

power level and computed from equation 3.7. 7iM is determined by a two-step process.

First, the required r is determined from equations 3.8 and 3.10. Second, a typical QL

value of 15 is assumed to calculate 7iM from equation 3.11.

The achievable efficiency limit is plotted in figure 3-6. The low breakdown voltage

of CMOS and SiGe processes results in extreme downward impedance transforms at

watt-level output power. Consequently, qM suffers4 and lowers the overall efficiency.

2Usually, Zo will be matched to Z0pt(w) = Rpt 1.CA but the reactance is omitted here for

simplicity
3Up to 6 GHz, quality factor of integrated capacitors is typically much higher than inductor and

can be neglected
4 Some alternate matching techniques do exist that relax the tradeoff between r and r/M [11], but

the argument remains generally valid.
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In contrast, GaN only requires a moderate transformation for watt-level output power.

At the target power level of 36 dBm (4 W), GaN can offer up to 65 % drain efficiency,

which represents a very favorable starting point for the present design.

80-
70 GaN
60 ---- --- - -

0,o 50-_'
-r- 40-<a SiGe

::30 -
20- -M
10 -MS

16 18 20 22 24 26 28 30 32 34 36 38 40
POUT(dBm)

Figure 3-6: Class-AB efficiency limits compared for CMOS, SiGe and GaN processes

3.4.2 Dual-bias linearization

While the preceding section illustrates that Class-AB amplifiers in GaN technology

are capable of respectable efficiency, nothing has been said so far about linearity.

Unsurprisingly, the principal source of Class-AB PA nonlinearity is the active device,

which can essentially be modeled as a large-signal nonlinear transconductance which

is dependent on frequency, bias and drive conditions. To balance efficiency and lin-

earity, it is standard practice to bias Class-AB amplifiers close to device threshold [9].

Under such bias conditions, the device exhibits significant compressive nonlinearity

at high drive levels, leading to a lower than desired P1dB point. Since Class-AB am-

plifiers have to be backed-off from their P1dB point to meet system linearity and/or

EVM requirements, a low PidB point corresponds to lower average efficiency. In this

work, the second key efficiency enhancement technique is to increase the P1dB point

of the PA through cancellation of the compressive nonlinearity with an expansive

counterpart. As previously demonstrated in [32] [41], compressive nonlinearity in

Class-AB amplifiers can be cancelled by introducing an appropriately sized auxiliary

power transistor biased Class-C with its output current combined in phase with the
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main Class-AB device. This arrangement is shown in figure 3-7. Figure 3-8 shows

the simulated individual transconductances GmI/Gm2 (Class-AB/C) over a range of

drive voltages, as well as the linearized composite transconductor Gm.

htot

Gmn

v G , H Gm2

Vb1 (> Vm) Vb2 (< VmH)

Figure 3-7: Composite Class-AB/C transconductor

0. 12 GmG+
I. I

c0.08- Class-AB (G 1)

0.06
C

0C

-30 -20 -10 0 10
V. (dBV)

Figure 3-8: Dual-bias linearization of large-signal transconductance

3.4.3 Matching networks and circuit implementation

The optimum load impedance derived in equation 3.9 provides intuition but is a bit

simplistic. In addition to neglecting device output capacitance, there are several ef-

fects which are not included. For instance, device capacitances are voltage-dependent,

implying that under large-signal drive, the impedance seen will vary dynamically.

Further, actual power transistors are not unilateral due to internal feedback, im-

plying that both output and input impedances affect output power and efficiency.
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Large-signal models [42] provided by the foundry try to capture most of these effects

to enable computer-aided design. Under large-signal drive, active devices produce

power at the desired fundamental frequency and its harmonics. Given a specific ac-

tive device model, bias condition and supply voltage, PA behavior can be described

as a function of source (gate) and load (drain) impedance vectors:

77PA = fl([ZL(w) ZL(2w) ...], [Zs(w) ZS(2w) ... (3-14)

POUT = f2K[ZL (W) ZL (2w) ...], [Zs(w) Zs(2w) ...]) (3.15)

PA design optimization can be partially automated through large-signal load-pull

simulation. As shown in figure 3-9, the impedance tuners are controlled by an algo-

rithm that searches for optimal impedance vectors which maximize either efficiency

or output power. Generally, the impedance vectors corresponding to maximum out-

put power and efficiency lie close to each other. In the present work, the design is

optimized for efficiency.

GmZGrLoad port

ZL
Source port

Zs

Figure 3-9: Load-pull setup

With load-pull based designs, it is common to specify impedance vectors up to

the third harmonic 3w. However, accurate control of harmonic impedances is more

appropriate for distributed designs and not always possible in lumped, integrated

designs such as the present one. Further, with lumped designs the efficiency enhance-

ment resulting from optimized harmonic impedances is often negated by losses arising
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from the additional passive components needed. Since the device capacitance tends

to rotate towards a short at higher frequencies, ZL(2w)/ZL(3w) and Zs(2w)/Zs(3w)

are set to 0 leaving ZL(w) and Zs(w) as the only degrees of freedom. Augmenting

equation 3.9 to include device capacitance, the theoretical Zpt(w) serves as a good

starting point:

Zopt (w) = Ro . (3.16)
jWCO,PA

Initially, the source impedance is set to Zo to determine ZL(w) with load-pull,

and then a source-pull is performed to find Zs(w). Since efficiency is more sensitive

to load impedance, the optimal ZL(w) is used, while a somewhat sub-optimal Zs(w)

is used in order to improve stability. The final load and source impedances used are

presented in table 3.2.

Impedance Value

ZL (w) Zo(0.57 + jl.33)

Zs(w) Zo(0.66 + jO.36)

Table 3.2: PA impedances at fundamental frequency

The complete PA schematic is shown in figure 3-10, while the corresponding com-

ponent values are listed in table 3.3. At the drain, the shunt-L series-C match provides

impedance matching from ZO to ZL(w), DC bias and RF signal coupling with only

two elements. A series-C shunt-L match is chosen for the gate as it performs the

transformation from Zo to Zs(w) while also a symmetrical split of the RF signal to

feed the two gates in phase for the dual-bias topology.
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VDD

TXEN

KR3 VTRX

L1 M3 C2

VB1

C2 M2 ..-- VD (tO RXSW)

VB2

Figure 3-10: PA schematic

Component Value

M1 , M 2  180x2 pum

M3 80x4 pm

L, 1.22 nH

L2 1.25 nH

Ci, C2 2.20 pF

C3 0.33 pF

R1, R2  300 Q

R3_ 2 KQ

Table 3.3: PA component values
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3.5 RX design

3.5.1 RX switch

Since the RX incident power is quite low the RX switch is not required to conduct a

lot of current. However, it must meet two other requirements:

1. In TX mode, isolate and protect the LNA from the high-power PA which is

transmitting.

2. In RX mode, provide sufficiently low insertion loss to not significantly degrade

the noise figure of the RX path.

The series-shunt configuration is the preferred switch topology to improve isolation

and power handling [43]. In general, GaN is an excellent technology to implement

high-voltage RF switches. The high breakdown voltage of GaN devices allows use

of just a single device in the series path, which reduces on resistance and therefore

insertion loss in the RX mode.

The RX switch schematic is shown in figure 3-11, with waveforms corresponding

to the TX mode, which represents the high voltage stress case. Recall that in this

modified frontend architecture (see figure 3-4(a)), the RX switch is directly connected

to the drain of the PA device denoted here by VD. As shown in figure 3-5, the

maximum RF voltage amplitude at VD in the TX mode is simply:

Vmax = VDD - VDSAT (3.17)

The capacitor C1 can be assumed to be an ideal DC block for the present analysis.

The LNA input VLNA is grounded through M2, which is on. The voltage stress at VD

is shared equally in the divider formed by the gate-source/drain parasitic capacitors

Cp of M 1, which is off. The control voltage VOFF should be chosen such that the RF

voltage stress does not accidentally turn on M1. Therefore, VOFF should satisfy:

VTH > max(Vcp) = VOFF + Vmax (3.18)
2
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RXEN (= VOFF)

R1 VCP(-t

Cp + CP

VD ~ (0) VNA

C1

M2

VD ()R2

TX_EN (= VoN)

Figure 3-11: RX switch schematic showing TX mode waveforms

Where it should be noted that the threshold voltage VTH is negative in this depletion-

mode technology. Using the process parameters with the maximum expected VDD,

VOFF = -25 V is found to provide adequate margin for this design. In choosing the

switch device size, insertion loss trades off against isolation and area. The switch is

sized to keep loss under 1 dB.

3.5.2 Low noise amplifier (LNA)

The primary difference between the required LNA and most other implementations

is the need for a reactive input impedance ZLNA which forms the conjugate power

match with ZTX and the RX switch. In the RX mode, the RX switch is simply a

small series resistance RON, therefore the matching condition is:

ZRx(w) = Re(ZLNA(w)) + RON + jIm(ZLNA(w)) = ZTX(W)* (3.19)
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It is well known that inductively degenerated LNA's [44] are capable of synthesiz-

ing a reactive input impedance with independent control of real and imaginary parts.

Further, they provide good noise figure by providing some resonant voltage gain be-

fore the signal reaches gate-source junction of the active device. This topology is also

inherently narrowband, which suits the 802.11p application well. For the inductively

degenerated transconductor shown in figure 3-12, the input impedance Zin is given

as:

Zin = WTLs +j wLs - WCg) (3.20)

Depending on the technology and desired real part of Zin, the overall impedance

may be either capacitive or inductive. However, it is relatively simple to rotate the

impedance to the correct half of the smith chart by simply adding a compensating

reactance +Xc such that:

ZLNA = ±jXc + WTLs + j wLS - (3.21)

Xc

F Ls
ZLNA ZIN

Figure 3-12: Transconductor with inductive degeneration [44]

Figure 3-13 shows the complete LNA schematic, while the corresponding compo-

nent values are listed in table 3.4. The LNA active device is not downsized aggres-

sively to maintain correlation with device models, which are not fitted to very small

geometries. For the input matching network, some co-optimization is performed with

the RX switch to improve performance. The output matching network performs an

upward impedance transformation similar to the PA in order to extract more gain
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from the device, in addition to conveniently providing both DC bias and RF signal

coupling.

C

VDDLNA

L2

'1

M1B

R1

VB3 L3

VRX

-2

Figure 3-13: LNA schematic

Component Value

M _ 100 x2 pm

L, 2.60 nH

L2 2.40 nH

L3  0.37 nH

C1 2.20 pF

C2 0.30 pF

R, 2 KQ

Table 3.4: LNA component values
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3.6 Physical design

A prototype based on the proposed architecture is designed in commercially accessible

GaN technology [39]. The die micrograph is shown in figure 3-14. Total die area is

only 2.0 mm x 1.2 mm. The area split between the TX and RX is about 50/50

owing to the large number of passives in the RX path. Spiral inductors and metal-

insulator-metal capacitors are used to design all matching networks. Co-simulation

with foundry supplied device models and EM simulation-based models5 is used for

final verification of the design.

Package inductance is a major concern at 6 GHz. However, flip-chip packing is

not an option as the metallized die backside must make good thermal and electrical

connection to achieve specified performance. As a compromise, a combination of

eutectic die attachment followed by wire bonding directly on board is selected. The

PCB is designed on a high dielectric constant, low-loss material (Rogers 3010).

5 for interconnect in the signal path and passive components

Figure 3-14: Die micrograph
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3.7 Measurement results

3.7.1 Small-signal response

Figure 3-15(a) shows the small-signal response of the RF frontend in the TX mode,

with the RX port terminated. Input return loss (s11) is better than -20 dB, while

power gain (s2 1) is around 10 dB for the band of interest (5.850 - 5.925 GHz). Chang-

ing the port configuration and control voltages gives the small-signal response of the

RX mode, which is shown in figure 3-15(b). Again good alignment with the band of

interest is observed, with input return loss (s1) better than -13 dB and power gain

(s2 1 ) around 8 dB. Noise figure is measured with a calibrated noise source, and is

found to be 3.7 - 4.0 dB in-band. TX/RX path isolation (not shown) is better than

-45 dB in band.
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(a) TX mode
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Figure 3-15: RF frontend frequency response

3.7.2 TX large-signal response

The TX path is first characterized with singe-tone excitation. High-power high-

frequency measurements require some special considerations. RF signal sources do

not generate enough output power to drive the TX directly. A highly linear off-chip

GaN pre-amplifier with 10 dB of gain is used between the signal source and the TX.
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The pre-amplifier is separately measured to have a P1dB over 36 dBm, and therefore

does not limit the linearity of the amplifier chain. Accurate RF power measurements

are essential to benchmark TX performance. Since only in-band output power should

be measured (excluding harmonics), a spectrum analyzer is used. The absolute power

accuracy of the spectrum analyzer is not adequate to measure efficiency correctly.

Therefore spectrum analyzer readings are calibrated using a power meter, which has

its own accurate power reference built-in. All cable and trace losses are also de-

embedded from the measurements.

The dual-bias for the PA transistors is tuned to maximize the P1dB. Figure 3-16

shows the AM-AM response for two bias configurations consuming the same total

quiescent current IQ of 9 mA. In the Class-AB/AB case, the current partitioned

equally amongst the two transistors, yielding a strongly nonlinear response. For

the Class-AB/C case, one transistor carries most of IQ while the other transistor is

biased below threshold, yielding a more linearized response with IP1dB improving

dramatically by over 6 dB, thereby validating the linearization scheme introduced in

section 3.4.2.

S-3 -

-4 - Class-AB/AB
Class-AB/C

-10 -8 -6 -4 -2 0 2 4 6 8 10 12 14 16 18 20
PIN(dBm)

Figure 3-16: Dual-bias linearization

Figure 3-17 shows TX power sweeps with the optimized Class-AB/C bias. In

additional to the nominal VDD of 28 V, the TX is also tested at 37 V for direct

rail connection in power-over-ethernet (PoE) scenarios. Key performance metrics are

tabulated in table 3.5.
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Figure 3-17: TX power sweep

VDD (V) 28.0 37.0

IQ (mA) 9.0 9.0

OP1dB (dBm) 33.1 33.7

PSAT (dBm) 33.9 35.3

77SAT (%) 48.5 43.8

Table 3.5: TX CW performance

TX performance is also investigated over frequency. The TX is driven into sat-

uration to characterize PSAT and TJSAT. Results shown in figure 3-18 reveal a 1 dB

BW of 1 GHz (5.7 - 6.7 GHz) or about 15 %. The best 77SAT and PSAT of 50.8 % and

34.5 dBm are measured at 6.5 GHz. Since the design is optimized for 5.9 GHz, this

indicates that the fabricated value of passives in the output match is probably lower

than nominal.
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Figure 3-18: TX saturated power and efficiency over frequency

3.7.3 TX modulated tests

To evaluate performance with real communication signals, the TX is tested with 64-

QAM OFDM waveforms with 20 MHz BW 6 and PAPR exceeding 7 dB. The average

power level at the input is gradually raised to drive the PA into compression. As shown

in figure 3-19, output power and efficiency improve with increased drive power, while

EVM degrades due to nonlinearities that arise from large-signal operation. Figure 3-

20 shows TX performance at the 802.11 EVM limit of -25 dB. The TX complies with

the 802.11 spectral mask, while achieving an average efficiency of 30 % with 27.8 dBm

output power, without applying any digital predistortion.

3.7.4 RX large-signal response

The RX is also tested for linearity. Figures 3-21(a) and 3-21(b) show the large-signal

single-tone and two-tone response, respectively with VDDLNA = 12 V and IQ = 5.5

mA. The output referred 1 dB compression point (OPidB) and third-order intercept

(OIP3) lie at 10.8 dBm and 22.0 dBm, respectively.

6 Even though 802.11p has a fixed BW of 10 MHz, tests are performed at 20 MHz to explore

possibility of co-existence with 802.11n systems.
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Figure 3-19: Power sweep with 20MHz BW OFDM signal at 5.875 GHz
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Figure 3-20: TX performance with OFDM signal at -25 dB EVM
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Figure 3-21: Rx large-signal measurements
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3.8 Comparison with other published work

Table 3.6 compares the achieved TX performance with some other recent work. Since

the focus here is on a fully integrated and compact solution, discrete designs are not

considered, as they occupy areas that are two to three orders of magnitude larger.

[34] and [45] represent recently reported 802.11a (4.9 - 5.9 GHz) PA's with highest

saturated efficiency and output power of 32.1 % (at 26 dBm) and and 30.3 dbm (at

19.4 %), respectively in CMOS technology. [46] reports a switch-based digital GaN

TX with higher output power. It is seen that the this work easily outperforms CMOS

with a large margin even without predistortion due to the superior device properties

of GaN, and offers significantly better average efficiency than the switch-based GaN

architecture, thereby validating the proposed Gm linearization technique. Finally, it

is worth noting that the output power and efficiency numbers reported in this work

include the TX switch, unlike the other publications which do not.

Parameter [34] [45] [46] This work

Application WLAN WLAN Generic QAM 802.11p/n
Process 45-nm CMOS 65-nm CMOS 200-nm GaN 250-nm GaN

Architecture Class-AB Class-AB Switching Class-AB/C
Integrated TX/RX SW No No No Yes
Freq. band range (GHz) 4.9 - 5.9 4.9 - 5.9 7 5.7 - 6.7

VDD(V) - 6.35/4.80 28 28
PSAT (dBm) 26.0 30.3/28.2 37.0 33.9

17SAT (%) 32.1 19.4/24.1 - 48.5

POUT (dBm) 18.7 - 33.2 27.8

S(%) - - 19.1 30.0
IQ-BW (MHz) / PAPR (dB) 20 / - - 20 / 6.2 20 / 7.3

EVM (dB) -25.0 - -28.0 -25.3
Predistortion Yes No Yes No

Table 3.6: TX performance comparison with other fully integrated solutions
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Chapter 4

A Frequency-agile RF Frontend for

Multi-band TDD Radios in 45-nm

SOl CMOS

Mobile devices targeting ubiquitous connectivity need to support a growing number

of frequency bands spanning multiple octaves. In the past, time division duplexing

(TDD) was prevalent for internet connectivity (WLAN, Bluetooth etc.), while fre-

quency division duplexing (FDD) was primarily used for voice (GSM, WCDMA etc.)

applications. The ongoing adoption of the LTE shows a trend of convergence. The

current LTE specification [47] lists 40 bands for worldwide operation, ranging from

0.7 to 3.8 GHz. While radio transceivers have evolved towards the software-defined

radio vision of minimalistic and reconfigurable hardware, state-of-the-art RF fron-

tends still employ dedicated, redundant hardware for each band; an approach which

is not scalable to future needs. Therefore, it is imperative that reconfigurable RF

frontend architectures be developed to cover the maximum number of bands with

minimal hardware while achieving competitive performance. This chapter presents

a new frequency-agile RF frontend architecture for multi-band TDD applications to

meet this challenge.

This chapter is organized as follows: section 4.1 discusses prior art and identifies

key shortcomings in the context of multi-band operation; section 4.2 presents the
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proposed architecture, and outlines key innovations which address these shortcom-

ings. Section 4.3 provides a brief overview of TDD operation and how the proposed

architecture supports it. Sections 4.5 and 4.6 detail transmitter (TX) and receiver

(RX) design, respectively. In section 4.7, custom design of RF passive components is

detailed. The impact of CMOS scaling in improving the performance of the proposed

architecture is theoretically analyzed in section 4.8. Physical design aspects such as

layout and ESD protection are briefly discussed in section 4.9. Sections 4.10 and 4.11

present measurement results obtained from the prototype IC. Finally, in section 4.12

the achieved results are put into perspective through comparisons with prior work

reported in prominent publications.

4.1 Conventional multi-band TDD architecture

Figure 4-1 shows a conventional multi-band mobile TDD radio. It consists of a

software-defined CMOS transceiver (i.e. baseband and up/down-conversion circuitry)

such as those recently reported [27], in conjunction with multiple narrowband power

amplifier (PA) and low noise amplifier (LNA) modules, which are switched in and

out depending on the desired frequency band. In the context of upcoming wireless

standards like LTE, this approach has several shortcomings:

1. Redundant components: The use of multiple PA's and LNA's (typically one

each per band) arises from the narrowband behavior inherent in resonant RF

circuits. However, this approach is not scalable to dozens of bands required for

future systems.

2. Use of multiple device technologies: As high-power PA's and RF switches

are challenging to implement in CMOS, such implementations often combine

heterogeneous device technologies like CMOS, SiGe and GaAs in a multi-chip

module. Clearly, this is not a cost- or area-optimal architecture.

3. Analog intensive design: Analog RF circuits have limited reconfigurability

and do not always benefit from CMOS scaling.
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Figure 4-1: Conventional multi-band RF frontend architecture

4. Complicated switching scheme: To select among multiple PA's and LNA's,

the RF frontend requires a multi-port RF switch which consumes significant die

area and adversely impacts TX output power, efficiency and linearity.

4.2 Proposed frequency-agile architecture

The proposed architecture shown in figure 4-2 takes a more minimalistic and flexi-

ble approach to address shortcomings of the conventional architecture with four key

innovations:

1. Frequency-agile architecture: Only a single PA and LNA, whose frequency

response can be digitally tuned over a wide frequency range are used to cover
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Figure 4-2: Proposed RF frontend architecture

multiple bands.

2. Monolithic integration: All blocks are integrated on a single-chip in a silicon-

on-insulator (SOI) CMOS technology.

3. Maximally digital design philosophy: Both PA and LNA unit cells utilize

broadband topologies inspired by the CMOS inverter. As a result, key perfor-

mance parameters like PA efficiency and tuning range directly benefit from the

continual scaling of CMOS technology.

4. Simplified switching scheme: The switching scheme is simplified two-fold.

First, the number of ports is reduced to just two as only one PA and LNA are

used. Second, the TX branch RF switch is absorbed into the PA itself without

any power loss penalty.
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4.3 TDD operation and proposed TX/RX switch-

ing scheme

Time division duplexing or TDD, illustrated in figure 4-3(a) implies that the radio

works in half-duplex mode i.e. at a given time, it either transmits or receives. There-

fore, the same frequency can used for both transmit and receive. This arrangement

is often called unpaired spectrum usage to differentiate it from frequency division

duplexing or FDD, illustrated in figure 4-3(b), which uses a pair of frequency bands

to transmit and receive simultaneously.

To share a common antenna for both TX and RX while supporting multiple bands,

TDD radios use a single-pole-multi-throw switch. It is worth noting that the switch

shown in figure 4-1 performs both band-selection and time-multiplexing, while in the

proposed architecture of figure 4-2 it does only the latter, since a single PA and LNA

cover all bands.

(a) (b)

TX TX TX

Time Time

Figure 4-3: Radio duplexing schemes (a) Time division duplexing or TDD (b) Fre-

quency division duplexing or FDD

Non-idealities in TX/RX switching circuitry adversely impact overall performance

and have already been given detailed treatment in section 3.3.1. Recall that the TX

branch switch (TXSW) is particularly challenging to design, if its loss is denoted by

PL,TXSW (in dB), then the impact on overall TX output power and efficiency is given

as:

PL,TXSW

POUT PO ,PA X 10-( 10 (4.1)
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PL TXSW

77 = 'qPA X 10 - 10 - " (4.2)

Where POUT,PA and T/PA denote output power and efficiency of the standalone PA.

Despite the design challenges mentioned in section 3.3.1, such switches have been

demonstrated in SOI technology. Generally, power handling and insertion loss trade

off against each other. Reported designs in SOI achieve sufficient linearity with inser-

tion loss in the region of 0.5 - 1.0 dB at GHz frequencies [43] [48]. Loss also increases

with the number of branches (throws) required, which is a direct consequence of the

number of PA's that need to be switched in and out to support all required bands,

again reinforcing the assertion that the concept of figure 4-1 is not scalable to dozens

of bands.

Recall from section 3.3.1 that even overcoming even 1 dB of loss can dramatically

lower TX energy consumption by 20 % while maintaining the same POUT. Therefore,

like chapter 3, this work also aims for:

PL,TXSW = 0 (4-3)

While the objective is identical to chapter 3, the conjugate matching based ap-

proach used there cannot be transposed to this frequency-agile design, because mul-

tiple reactances are difficult to tune over a wide frequency range.

The modified switching scheme used in this work can be understood by considering

the two modes of operation, shown in figure 4-4. Both the PA and LNA cores have a

broadband response. The LC resonator at the common TX/RX port VTRx determines

the frequency response of the system, and can be digitally tuned for band selection

by the frequency control word (FCW).

1. TX mode: VTRX serves as the RF output. The PA transmits data with high

output power, leading to very high voltage swings. For instance, VTRX when

loaded by a 50 Q antenna would swing 14 VIp at 27 dBm output power. The RX

path is inactive and isolated from VTRx by the RX switch, which is specifically

designed to be tolerant of high voltages in its off state.
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2. RX mode: VTRX serves as the RF input. The PA is switched off, and is

designed (without adding extra elements in the signal path) such that it presents

a high output impedance ZO,PA looking back from VTRX. The RX branch switch

is on, and the incident RX signal from the antenna passes to the RX signal path,

which is matched to 50 Q to facilitate maximum power transfer.

(a)
TX EN=1

PAW

RXEN =0

FCW

(b)

TX EN=0

-ZDPA "'open'

RXENF=

Figure 4-4: Proposed TX/RX switching scheme (a) TX mode (b) RX mode

Since the architecture requires no explicit TXSW, it overcomes the loss attributed

to it, thereby improving TX output power, efficiency and linearity.

4.4 Target frequency range

The primary goal of this design is to cover the maximum number of TDD-LTE bands.

From the LTE specification [47], it is observed that 10 out of 12 TDD-LTE bands

lie in the 1.8 - 3.6 GHz range. This range also conveniently covers WLAN (802.11g)

(2.4 - 2.5 GHz) and WiMax (2.3 - 2.7 GHz and partially 3.3 - 3.8 GHz). It therefore

makes sense to center the design at the geometric mean of the 1.8 - 3.6 GHz range

i.e. fc = 2.5 GHz, and then attempt to maximize the frequency range around the

center frequency with architectural innovation and careful design.
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4.5 TX design

The primary design goal for the TX is to maximize frequency range while maintaining

competitive efficiency, linearity and output power. Simultaneously satisfying all four

requirements makes the design particularly challenging. Further, to be future-proof,

the architecture should be digital friendly with performance directly benefiting from

CMOS scaling. To this end, it is clear that switching amplifier based architectures

are highly preferable over analog (Class-AB) style implementations.

If a bottom-up approach is taken, outlining a switch-based, linear CMOS TX

architecture involves design decisions at three levels of hierarchy:

1. PA unit cell: The basic, RF power generating building block.

2. Core architecture: The smallest combination of unit cells (with or without

supplemental circuitry) that yields a linear amplifier e.g. outphasing, polar

modulation etc.

3. Top-level architecture: Matching network, power control and combining

scheme.

In the following sections, a detailed and clear rationale for design choices made at

each of these levels is presented. Mathematical analysis is presented where appropriate

to develop design insight.

4.5.1 PA unit cell

For the PA unit cell, the voltage-mode Class-D structure is chosen for three main

reasons:

1. It is inherently digital, with a CMOS inverter-like topology that only relies on

switching performance of transistors.

2. A simple drive scheme can be implemented by smaller replica stages to design

a broadband, high-gain RF signal chain.
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3. The natural turn-off (tri-state) ability can be exploited to eliminate the explicit

TX switch in a TDD frontend, this feature is detailed in section 4.5.4.

2 VDD

... VDO K
+VDD 2 VDD 2 VDD
Level
Shift K

VD ......... VDD

V - 2VDD

EN=VDD VD

VDD
'IN=0

) 0

2 VDD

2 VDD K

+VDD 2D
Level DD VD
Shift K

VD ........ VDD

V_ 0  

VDDD

TXEN=VDDVD

0
VIN= VDD

(b)

Figure 4-5: Class-D PA unit cell in both TX mode RF switching states

Since a high-power PA (> 27 dBm) is targeted, it is prudent to maximize the

output power available from each unit cell. A modified version of the stacked Class-D

topology reported in [22] [49] [50] is used in this work to enable RF switching between 0

to 2VDD at the output, thereby boosting the unit cell output power by 6 dB compared

to conventional CMOS inverter. Given their superior switching performance, only

thin-gate transistors are used. Figure 4-5 shows the two steady state conditions,

where no gate-source or gate-drain junction sees voltages beyond VDD while operating

at 2 VDD. Intermediate devices in the stack which are connected to the output see

a slightly higher drain-source voltage for a short time during switching transients,

but this does not pose a reliability issue. To aid the analysis which follows, device

sizing is normalized to the final stage NMOS device. A DC level-shifted replica of the

RF input VIN feeds the P-side driver logic, which operates between VDD and 2 VDD-

Both N- and P-side drivers include multiple stages of tapered CMOS inverters, with

a conservative post-layout fanout ( ) of 2.5. The last stage in both the N- and P-

side driver chains is sized asymmetrically (skewed) to reduce crowbar current [51],

which results from both N- and P-side transistors being simultaneously on for a short
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time during switching transients. Minimizing crowbar current is important for two

reasons. First, crowbar current reduces PA efficiency as it simply flows from supply

to ground without contributing any RF output power and second, it results in large

current spikes, which can compromise supply integrity.

VO

RL

Figure 4-6: Simplified electrical model of the PA unit cell

The operation of the PA unit cell can be analyzed by studying the simplified

electrical model shown in figure 4-6. Assuming that each unit cell is loaded by an

impedance RL, the output power Po can be calculated. The output waveform is a

square-wave with amplitude VDD. From fourier-series analysis, the voltage amplitude

produced at the fundamental frequency can be calculated as 4VDD. The devices are

sized in such a way that the on resistance of the PA unit cell is a small fraction V of

the load impedance:

2 RON (4.4)
RL

The voltage appearing across the load is attenuated by the factor because of

resistive voltage division:

4 1
Vo = -VDD (4.5)

7r 1+ v

The RF output power, as a function of RL is:

2_L (VDD 2 1
PoQ(RL) = 2RL = 8 k~ Ll+ V) 2  (4.6)

2RL ir ) RL(l
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Assuming that crowbar current is minimized by design, there are two remaining

sources of loss that limit PA unit cell efficiency:

1. Conduction loss due to finite on resistance of the PA unit cell switches. Since

the same current flows through the switch on resistance and the load, equa-

tion 4.4 can be used to write the conduction loss as:

PLres = VP 0  (4.7)

2. Switching loss due to finite capacitances that need to be charged and dis-

charged once every RF cycle. From figure 4-5, it is clear that gate-source ca-

pacitances are charged from 0 to VDD, while gate-drain capacitances are charged

from -VDD to +VDD, which makes them effectively 4x larger. In SOI processes,

capacitances to bulk are small and are neglected in this analysis. If the ratio of

NMOS to PMOS strength is denoted as r,, then the total equivalent capacitance

discharged from 0 to VDD in the PA unit cell final stage is simply:

CDPA = 2(1 + r,)(CGS + 4CGD) (4.8)

There is additional capacitance attributed to the N- and P-side driver chains.

Relative to the final stage, each driver stage is sized successively smaller by a

factor E (< 1). Since several tapered stages are usually employed, a capacitance

multiplication factor for all the driver stages can be computed by using the

Maclaurin series:

+ 62 + .(4.9)

Additional driver capacitance is therefore:

CDRV (1I + r)(CGS + 4CGD) (4.10)
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Adding equations 4.8 and 4.10, the total equivalent capacitance is:

CTOT = CDPA + CDRV = (1 + K)(CGS + 4CGD) (4.11)

The switching loss can be written as:

PL,cap = CTOTVDDfRF (4.12)

Considering the above losses, the instrinsici efficiency of the PA unit cell is:

P0
77D = PO(4.13)

PO + PL,res + PL,cap

4.5.2 Core architecture

Switching amplifiers such as Class-D can only support constant envelope modulation

schemes (e.g BPSK) when deployed in a standalone configuration [9]. Since modern

communication standards almost always employ non-constant envelope signals (e.g.

2x-QAM, OFDM), a more elaborate architecture which enables linear amplification

with switching amplifiers should be used. The PA core is the simplest combination

of unit cells that can handle both amplitude and phase modulation. The two most

promising architectures to form the PA core are outphasing [20] and polar modulation

[23]. For the present design, outphasing is chosen over polar modulation because:

1. Outphasing offers the potential for wider modulation bandwidths compared to

polar architectures, as the latter typically require simultaneously high band-

width and linear envelope amplifiers2.

2. Outphasing works particularly well with Class-D unit cells. Specifically, the low

output impedance of the Class-D architecture renders it relatively immune to

'Limited mainly by device technology used for circuit implementation i.e. neglecting losses in

matching network and other non-idealities.
2 It is noteworthy that recently polar modulation with Class-D cells [52] without an explicit

envelope amplifier has emerged as a interesting technique. However, difficulty in implementing

tunable, high-power floating capacitors makes this architecture less attractive for frequency-agile

design, which is the present focus.
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reactive loading, thereby enabling the use of non-isolating and ideally lossless

power combiners [22] [53], resulting in higher average efficiency.

3. Significant research has been conducted into all-digital phase modulators, mak-

ing outphasing a promising approach for fully digital radios [54] [55] [56].

Figure 4-7(a) shows the implementation of the outphasing PA core, which con-

sists of two Class-D PA unit cells and a transformer. The transformer performs the

amplitude vector combining necessary for outphasing. For the purpose of this section

it is adequate to assume an ideal, 1:1 transformer.

(a)

V2

0: Outphasing angle

(b)

r V2

Vo,

2RoN

VOD 2RL

2RON

V02

Figure 4-7: Outphasing PA core (a) Implementation (b) Equivalent electrical model
at fundamental frequency

The two PA unit cells are driven by rail-to-rail CMOS signals which contain only

phase information:

V, = [I + sgn(cos(wt + 9 - #))]

V = VDD [1 - sgn(cos(wt + 9 + 4))]
2

(4.14)

(4.15)

Where sgn is the signum function, 9 is the phase of the incoming RF signal and # is

the outphasing angle.
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Outphasing action can be understood by studying the simplified electrical model

of figure 4-7(b), which is valid at the fundamental frequency (f = g). The two

Class-D PA unit cells produce square-wave output waveforms, whose fundamental

frequency representation is simply given by:

4 4
Voi = -VDDCOS(Wt + 0 - VDD [COS()COS(Wt + 0) + sin(4)sir(wt + 0)] (4.16)

4 4
V0 2 = - VDDCOS(Wt+0+0) = VDD[-COS( )COS(wt+O)+Sin7)Sir(Wt+9) (4.17)

Since the load resistor 2RL appears differentially between the two PA unit cells, the

common-mode voltage component (second term) in equations 4.16 and 4.17 produces

no current. The output voltage waveform is simply:

8
V0 1 - V0 2 = -VDDCOS(O)COS(Wt + 0) (4.18)

7r

The waveform amplitude across the load is:

8 1
VOD = ~ VDDCOS(O) (4.19)

7r 1 + V

The output power can be calculated in a manner similar to the previous section:

POD OD = (VDD 2 COS
2  (.)

4RL 7r RL(1+v)2

Comparing equations 4.6 and 4.20, POD may be re-written as:

POD = 2Po(RL,mod) (4.21)

RL,mod is simply the real part of the effective load impedance seen by the two unit

cells that comprise the outphasing PA core, modulated by the outphasing angle # in

response to RF signal amplitude:
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RL,mod - - RL (4.22)
cos2(o)

From equation 4.22, it is clear that this implementation of outphasing relies on

load modulation. Clearly, peak power occurs at # = 0, and can be modulated all the

way to zero with $ = i. Details of how the # is mathematically derived from the

original RF signal can be found in appendix C.

4.5.3 Top-level architecture

PA impedance transformation

Achieving high PA output power in a deep submicron CMOS process is challenging

due to the large impedance transform required from the antenna impedance ZO (=

50 Q) to the optimal PA impedance R,, needed to extract this power from the low

supply voltage. Rpt can be calculated from equation 4.6 by substituting RL = Ropt

and Po = PSAT 3 . Assuming VDD = 1 V, PSAT = 30 dBm4 and v = 0.15, we obtain

Ropt = 0.61 Q. The required impedance transformation ratio is therefore:

Zo
X 83 (4.23)

Ropt

Tunable matching network

It is well known that with traditional L and 7r impedance matching topologies, a

tradeoff exists between transformation ratio X and network efficiency [11]. Large

values of x, as required here to extract high output power from a low supply adversely

impact efficiency. Further, considering that the ultimate goal is a tunable matching

network, L and 7r topologies are unattractive because they would require multiple,

3 This calculation does not imply that a single PA unit cell (section 4.5.1) is required to produce
all of the output power. As previously discussed (section 4.5.2), a minimum of two unit cells are

needed to implement outphasing. Ropt is simply the effective impedance presented to the supply by
all the unit cells that comprise the PA working in unison; with 2n PA unit cells operating in parallel,

each cell will see an impedance 2n times larger (= 2nRopt).
4 Target saturated output power of 28 dBm + 2 dB margin for on-chip losses
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floating and tunable high quality factor (Q) RF inductors and capacitors, which are

very difficult to implement.

In this work, a tunable version of the transformer series-combining topology [57]

[11], compatible with high output power is proposed for three main reasons:

1. Being transformer based, it is inherently compatible with the outphasing PA

core presented in section 4.5.2

2. The number of tunable passives in minimized to just one ground referenced

capacitor

3. It has been analytically shown that unlike L and 7r topologies, the efficiency of

this approach is independent of x [11]

(a)

ITRX VTRY

+

VTa/n Z

VTax/n

t Zd/n

VTmx/n

(b)

V,

V2(=-)

-

Rsec = 2(t2/k2 )RL
VI , k

t: Tun

V2(=-V) 1:t' k: Co

RL

Figure 4-8: PA tunable matching network (a) Simplified electrical model (b) Actual
implementation
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Figure 4-8 (a) shows a simplified electrical model of the transformer series-combining

topology used in this work. n identical voltage sources are stacked in series to sum

up to VTRX. As the circuit is symmetrical, the voltage produced by each source is

n times smaller than at the load (VTRx), while the current is the same as the load

(ITRx). Therefore, the impedance seen by each of n voltage sources is simply Q.

Figure 4-8(b) shows the actual topology used. Each of the n voltage sources cor-

responds to one PA core. The transformer secondary windings are connected in series

for voltage summation. The transformers are composed of coupled inductors with

coupling coefficient k and turns ratio t. The total magnetizing inductance appearing

at VTRx is denoted by LTFMR (= nL 2 ). LTFMR is resonated out by the capacitor

bank CTUNE, which can be reprogrammed to support different bands. The resonant

frequency fRF is given by:

1
fRF =(4-4

2wr LTFMR X OTUNE

Recall that at peak output power, the outphasing angle # = 0, which implies that

the two PA unit cells in each core are exactly out of phase (V2 = -V). Consistent

with section 4.5.1, the single-ended impedance seen by each of the 2n PA unit cells

is RL. Two such impedances in series form the primary side impedance 2RL, which

is approximately reflected to the secondary side (see appendix B) as:

t2
Rsec = 2 (2) RL (4.25)

At resonance, figure 4-8(a) and (b) are equivalent, therefore:

Zok 2

RL = 2nt 2  (4.26)
2nt2

Since there are a total of 2n PA unit cells that see RL, the effective PA load impedance

is:

R L Z0kg2
R - =ri 2  (4.27)
2n 42t2
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Finally, the effective impedance transformation ratio is:

Zo 4n 2t 2

X = R=
Rot k2

(4.28)

Equating 4.23 and 4.28 and assuming that the transformers are symmetrical

with t = 1 and k = 0.8, it is seen that to meet the targeted output power: n > 3.64.

The closest integer value of n = 4 is used in this work.

Full TX output power

- i VmRx

PCW(1)V 1

PCW1}-V2

(a) Class-D PA
Unit Cell

PCW{n}-VI

PCW{n)V 2 '0

0: Outphasing angle
PCW: Power Control Word
FCW Frequency Control Word

Figure 4-9: TX architecture: (a) Class-D PA unit cell (b) Outphasing PA core (c)
Tunable matching network

The full TX subsystem architecture is shown in figure 4-9. At this level, an additional
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degree of freedom is introduced for static back-off of output power. Each of the

n outphasing PA cores is gated with an n bit, thermometer coded power control

word (PCW). If the ith bit is 0, the corresponding outphasing PA core produces no

RF voltage. Using equation 4.19 and applying superposition, the total RF voltage

generated by n cores as a function of PCW is:

t 8
VTRX = PCW -VDDCOS) (4.29)

1 + v'zr

It is worth noting that this stage that the tunable matching network is not ideal. The

efficiency of this passive network is denoted here by 77M, and is obviously independent

of output power. Since the TX output port VTRX is connected to the antenna with

impedance ZO, the PA output power is therefore:

POUT = 77MV X = rMPCW 2  D ) 2 o
2D q$2 (4.30)

2ZO (1+V 7r2ZO

Saturated TX output power and efficiency

To achieve maximum (saturated) output power, PCW = n and q = 0:

2 t )2 32V2D
PSAT = 71n - 2VOD (4.31)

1 + V r2 Zo

Further, the TX efficiency at saturated output power is given by:

TISAT = 77D X "7M (4.32)

4.5.4 Embedded TX switching

Figure 4-10 shows how the TX branch switch is absorbed into the PA itself by repur-

posing transistors M 2 and M 3 in RX mode.

Recall that in TX mode (TXEN = 1), the gates of M 2 and M3 are connected to

VDD through M5 and M6 (see figure 4-5). Therefore, M2 and M3 toggle between linear

and cutoff region with their corresponding rail devices MI and M 4, preventing them

from seeing drain-source voltages in excess of VDD and ensuring device reliability.

81



In RX mode (TX-EN = 0), M 2 and M3 function as the TX branch switch by

turning off through large pull-down and pull-up resistors R1 and R2 . The off-state

PA presents an output capacitance CO,PA, which is dominated by device parasitics at

VOUT. Two such capacitors in series form a second, undesired resonant circuit with

the transformer primary inductance L 1 at frequency fre given as:

1 2
fres = -

27r L1CO,pA

-.

W
zI-

0

(4.33)

(to RX)

VTRx
CILNA

LNA input
parasitics

(b)

0

Figure 4-10: Embedded TX switching (a) PA unit cell
parasitic capacitance loading on RX signal path

in RX mode (b) Impact of

Since TDD standards work on unpaired spectrum i.e. the frequency for TX and RX

is the same, the frequency range covered in RX mode should match the TX mode.

To make sure that the parasitic loading does not significantly alter the frequency

response, this resonant frequency should much higher than the maximum frequency
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of interest, namely:

fres > max(fRF) (4.34)

If equation 4.34 is indeed satisfied, the original desired resonance at VTRX (see

equation 4.24) is maintained in the RX mode, allowing for the incoming signal to

propagate to the RX signal path.

4.6 RX design

Figure 4-11 illustrates the RX section, which consists of the RX switch and the LNA.

Ha-
VTRX P 1>2!UT

TX_EN: TX mode enable
RXEN: RX mode enable (=TX EN)
GCW: gm Control Word
RFCW: RF Control Word
ROCW RO Control Word

Figure 4-11: RX architecture (a) RX switch (b) Gain and power scalable LNA
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4.6.1 RX switch

The RX switch, shown in figure 4-11(a) employs a series-shunt topology to maximize

TX/RX isolation [48]. The series path uses a high voltage switch (HVS) with m

stacked floating-body SOI NMOS's.

The TX mode (TXEN = RXEN = 1) corresponds to series-off shunt-on con-

figuration. The LNA input is grounded, and isolated from the high voltage swing at

VTRx by the HVS, which is off. Operation of the HVS can be easily understood by a

superposition of DC and RF voltages, and is detailed in figure 4-12 . The RX-EN

signal uses a negative DC logic-0 voltage VOFF, applied through gate resistors R. Since

no DC current flows through the switch, all the intermediate drain-source nodes have

a DC level of 0. The gate resistors are sized large such that they appear as open

circuits at RF. This is ensured by satisfying equation 4.35.

1
fRF >> R (4.35)

27r RCp

In TX mode the PA is obviously on, and produces a large voltage amplitude at

VTRX. This RF voltage stress is equally shared by a stack of 2m parasitic capacitors

in series. So the maximum RF voltage seen at the gate-drain or gate-source junction

for any of the m transistors in the stack is given by equation 4.36.

max(VCP) = VTRX(
2m

For reliable operation, stacking factor m and VOFF should be appropriately chosen

to satisfy two equations simultaneously:

1. To ensure that the that the RF signal does not turn nominally off devices in

the stack on:

VTH > VOFF + VTRX (4-37)
2m

2. To avoid oxide breakdown:
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Figure 4-12: HVS off state operation details

BVox>| VOFF I+VTRX

2m
(4.38)

As before, a maximum PSAT of 30 dBm (1 W) is assumed. It follows that the worst

case voltage amplitude at VTRx is 10 V. For the technology and device type used,

the design choice of m = 5, VOFF = -1.4 V satisfies both equations with adequate

margin.

The RX mode (TX.EN = RX-EN = 0) corresponds to series-on shunt-off con-

figuration. VON = VDD = 1 V for low on-resistance. The RX signal passes through

m series-connected on devices (in triode region) that form the HVS to the LNA. The

insertion loss of the switch is given by:

PL,RXSW (dB) = 20log1o (MR +
(4.39)
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Zo (= 50 Q) is the reference impedance to which both the LNA and antenna are

matched, while RON (< 1 Q) is the on resistance of a single NMOS transistor in the

stack.

4.6.2 Gain and power scalable LNA

In LNA design, noise figure usually trades off with bandwidth and power consump-

tion. Over the years, inductive degeneration [44] has remained a popular topology as

it is capable of excellent noise figure and input matching with low power dissipation.

However, this technique is inherently narrowband, and necessitates multiple LNA's

as shown in figure 4-1 for multi-band coverage. Due to the desire for multi-standard

compatibility, broadband designs in CMOS have recently attracted a lot of research

attention. Common gate [58] and shunt feedback [59] topologies are effective ways of

achieving input matching, but compromise somewhat on noise figure and power dissi-

pation. More recently, broadband, noise canceling LNAs have become popular [60]'.

With broadband designs, resilience to out-of-band interferers is especially important

to make sure that the RX frontend does not saturate due to blockers. Some inno-

vative techniques like impedance mixing [29] have been recently reported to address

these issues.

In this work, a shunt feedback LNA is employed as it offers acceptable noise figure

while being inherently broadband. If even lower noise figure and better out-of-band

rejection is required, the proposed RF frontend architecture does not preclude employ-

ing more sophisticated architectural techniques like noise canceling and impedance

mixing when implementing the full RX chain.

The LNA implementation shown in figure 4-11(b) also follows a maximally-digital

design approach. A CMOS inverter based transconductance (gm) cell is employed

with resistive output load (RL = Ro 11 r,, 11 r0p) and shunt feedback (RF) for low

voltage, broadband operation. The choice of an inverter based g, cell has two key

5Noise canceling is intuitively understood as a hybrid of an unmatched, low noise figure amplifier
and a matched noisy amplifier whose noise is sensed and cancelled by the former to relax the tradeoff
between noise figure and bandwidth.
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benefits:

1. The complimentary topology reuses current, boosting the achievable transcon-

ductance per unit current (gm/Id,) to reduce power.

2. N/PMOS gm superposition [61] and a nearly rail-rail output voltage swing offer

improved linearity at low supply voltage (VDD).

The simulated response of the gm cell, which illustrates these two benefits is shown

is figure 4-13.

C/14..
E
(> 12.
0 dO.-

0 .. . 1....3 0 4 .... 7.. .. ...... .... ...

v.V

0tp swn

0 01 02.... 03.4.0.0..07 08 .9.

Figure 4-13: Complimentary g,, cell response showing superposition of g"" and gmp

To calibrate for PVT variation and implement moderate gain control, the LNA

design incorporates digital tuning. The gm cell has 7 slices that can be selectively

turned off with a 3b gm control word GCW. Within each g, cell, M7 and M 10 are

the main signal transistors, while M8 and Mg are simply used to tri-state (turn-

off) the cell through the relevant GCW bit when not in use. RF and RO are also

tunable through 3b words RFCW and ROCW respectively. The tunable LNA design

parameters are given by:

g. = GCW x (g,, + g,,p) = GCW x (g,,7 + gm10) (4.40)

RF RFS (4.4
RFCW
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Ro = Ros (4.42)
ROCW

The small-signal performance of the LNA can be analyzed using the linearized model

presented in figure 4-14. Noise sources are also shown in grey. The presented analysis

is only valid for frequencies significantly lower than the 3 dB BW of the LNA. From

node analysis, the voltage gain of the LNA (AV) is given as:

VO 1
AV =- = - -9+ (RL || RF) ~ -m(RL 1 RF) (4.43)

Vi RF)

While the LNA input impedance (ZI,LNA) is given as:

ZI,LNA = RF + RL (4.44)
1 + gmRL

For maximum AV, both gm and RF are set to maximum while Ro is open (RL =

ron 11 rp). The design parameters are chosen such that the input is matched for

maximum power transfer i.e. ZI,LNA = RS = 50 Q. To reduce gain (and power) gm,

RF and Ro are all scaled appropriately to maintain input match at lower gain.

The LNA output is not inherently matched to 50 Q. Since LNA's typically drive

the capacitive input of a mixer, 50 Q output matching is indeed not required in a

radio SoC implementation. However, if the LNA is to be tested individually, as is the

case here, a matched RF output is indeed preferred. Therefore, a highly linear source

follower based voltage buffer is cascaded at the LNA output to provide this match.

Assuming the output buffer gain is unity, the measured voltage gain at VOUT will be

6 dB lower than the LNA gain, and should be de-embedded post measurement.

4.6.3 Noise analysis

The noise figure of the switch is simply equivalent to its loss:

NFRXSw(dB) = PL,RXSW (4.45)

The noise factor of the LNA can be calculated by doing a straightforward noise
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Figure 4-14: LNA small-signal model including noise sources

analysis by referring again to figure 4-14. Only thermal noise from physical resis-

tors and channel noise from NMOS/PMOS devices is considered. The latter can be

modeled as a single composite noise source:

j2tgm 4kT gmAf

7y 2
a -

(4.46)

(4.47)

^ is a process dependent constant. its value is bounded on the lower end to 2 fora 3

long-channel devices, but can be much higher for short-channel devices [44].

The noise from RS and RF simply shows up in parallel if current noise representa-

tion is used. Since the input is matched i.e. ZI,LNA = Rs, the current divides equally

between the two branches. The input noise currents can be converted to an output

noise voltages as follows:

A2

40RS = ,RS" 2= AkTRsAf

Vno,RF ,F 4 fl,RFR#S = 
2 RF

(4.48)

(4.49)

The noise from the g, rendering active device and the output resistor Ro results in
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a total equivalent noise current of:

joeq = i,gm + i2  = 4k T gm + Af (4.50)

Part of the above noise current flows through the branch containing RF and Rs, the

voltage across Rs in turn activates gm to lower the impedance at this node. The

equivalent impedance Req is:

RF 1 RF I
Req= RL 1RF+ Rs1 (1+ -) RL || RF + s) (4.51)

The approximation made above is RF > RS, which is reasonable because the open

loop gain gmRL is high. iloq can now be converted to voltage noise:

Vno,eq = i ,eqRe2  (4.52)

The noise factor, using output referred noise voltages is simply given as:

F = Vno,RS + Vno,RF + Vno,eq (4.53)
V2
no,RS

Substituting values from equations 4.48, 4.49 and 4.52 into 4.53:

2

R41 1+ 1
F = 1 + Rs +4 17 + RL RF (4.54)

RF gmRs a gmRO 1 _i_, 14RF) _
(RL RF RS gm

It is clear that in order to minimize noise figure gm should be maximized. Low noise

figure clearly comes at the expense of power consumption, but the gm superposition

principle previously discussed helps in relaxing the power and noise figure tradeoff to

some extent. RF and Ro should also be maximized for low noise, but the values are

constrained by gain and matching requirements, as previously outlined in equations

4.43 and 4.44.
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The overall RX path noise figure, with all quantities expressed in decibels, is then:

NF = N FRxsw + 10logio(F) (4.55)

4.7 Design of RF passives

The passive components in the RF signal path must be designed with great care for

three primary reasons:

1. The shunt resonator formed by LTFMR and CTUNE determines the frequency

response of the system. Therefore, any variation in component values from the

nominal will shift the frequency range. Limitations associated with the practical

implementation of these passives also limits the tuning range of the frontend.

2. Losses in RF passive components, which are quantified by their finite quality

factor (Q), limit the efficiency of the PA in TX mode, and the overall noise

figure of the signal chain in the RX mode.

3. Large RF voltage and current swings encountered in the TX mode must be

tolerated without any reliability issues.

4.7.1 Choice of component values

Recall equation 4.24, where it is clear that the resonant frequency of the tank formed

by total transformer inductance LTFMR and tunable capacitance OTUNE determines

the frequency response of the system:

1
w = 2 7rfRF = (4.56)

vLTFMR X CTUNE (.6

As will become evident in section 4.7.3 , only a finite CTUNE tuning ratio is practi-

cally achievable, and limits what range of frequencies can be covered. Nevertheless, it

is clear that the problem is under constrained i.e. an infinite number of combinations
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of numerical values for LTFMR and CTUNE can satisfy equation 4.56 at any given

fRF -

Losses in passive components degrade performance both in the TX and RX mode.

Priority is given to the TX mode, since it is the high-power mode of operation.

Therefore, optimal values of passive components are determined with the aim of

maximizing efficiency rm (see section 4.5.3) of the PA matching network.

The transformer based power combiner was introduced in section 4.5.3. Recall

that Rec is the differential impedance seen by each of n series-connected secondary

windings terminated in ZO. Revisiting figure 4-8:

Rsec =- (4.57)
n

For a standard antenna impedance of Zo = 50 Q and n = 4, which is dictated by

the output power requirement (derived in section 4.5.3), we have Reec = 12.5 Q. The

efficiency of transformer based power combiners have already been studied extensively

in prior work [11] [62]. The analysis is not reiterated here but the key result is restated

and applied to the current design. The optimal primary side inductance (L1 ,pt) which

maximizes the efficiency when resonated with a shunt capacitor (see equation 4.24)

is given by:

Rsec A
wL -Opr t2 1 + A2  (4.58)

Where t is simply the turns ratio:

t = 2 (4.59)

Further, A is given by:

A= (4.60)

For this optimal inductance value, the maximum combiner efficiency is:
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7TM,opt = (4-61)

1+Q1k2+ 2  Q1Q2k2  + 2 Q 2 k2)

Where LTFMR is related to L1,op by:

LTFMR = n L2,opt = nt 2 Li,opt (4.62)

As mentioned previously in section 4.4, the design is centered at fc = 2.5 GHz.

Equation 4.58 implies that for frequencies above fc, the fixed chosen inductance will

be higher than optimal, while for frequencies below fc, it will be lower than optimal.

Clearly, implementing this frequency-agile architecture requires some compromise in

efficiency. From prior work [57] [62], reasonable approximations can be made about

transformer parameters in a sub-100nm CMOS process even before any design is done.

Since a symmetrical (t = 1) design is targeted, Q1 = Q2 = 10 at fc = 2.5 GHz is

assumed, with a k = 0.8. Substituting these values into equations 4.24, 4.58 and 4.60

gives L1,0pt = 390 pH. Further, equation 4.24 with fc = 2.5 GHz gives CTUNE(fc) =

2.6 pF. These values are used as starting points in transformer and capacitor bank

design, which is detailed in the next two sections.

4.7.2 Transformer based power combiner

Transformers are designed with the aid of electromagnetic (EM) simulation. Figure 4-

15 shows the top and cross-sectional view of the transformer combiner. The combiner

is composed of four individual transformers, which have their secondary windings

connected in series. An octagonal geometry is employed to minimize undesired cross-

coupling from one transformer to another [62]. Since the digital stackup in this

process offers no ultra-thick metal, the top three metal layers are stitched in parallel

with vias to form a low resistance, composite RF conductor. Primary (PRI) and

secondary (SEC) inductors are composed of two windings each, which are interleaved

(PRI-1/SEC-1/PRI-2/SEC-2) in a manner similar to [63]. There are three main

benefits of this arrangement:
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Figure 4-15: Transformer based power combiner details

1. This transformer arrangement enhances lateral coupling between the two wind-

ings, because the two central conductors (SEC-1/PRI-2) achieve flux linkage on

both sides.

2. Wide metal traces are preferred for low DC resistance and reliable operation

with high currents. However, thick top conductors have maximum width DRC

rules. With multiple interleaved conductors both requirements can be satisfied

simultaneously.

3. Skin effect becomes important at higher frequencies, with the current becoming

more concentrated at the edges of wide conductors [64]. The current density at

higher frequencies can be modeled as having a exponentially decaying charac-

teristic:
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J = Jse P (4.63)

The Js is the sheet current density at the surface and d is the distance from it.

The skin depth p is given by:

p u = (4.64)

The skin depth at 2 GHz for Cu conductors is about 2 Am. Due to skin effect,

95 % of the current will be concentrated within 3p of the edges, implying that

conductors thicker than 6p = 9 pm will not significantly improve the inductor

Q. As seen from equation 4.64 this phenomenon becomes more significant at

higher frequencies due to reduction in skin depth as f-2. Having two thinner

conductors uses the physical metal width 2x more effectively, reducing the

effective winding resistance (R1 , R 2) and enhancing the quality factor (Q, Q2)

for higher frequencies.

A method-of-moments 2.5D EM simulator is used to simulate the transformer

structure. A few iterations are performed through geometry tweaks to approach the

optimal value of inductance i.e. L1,p = 390 pH, while maximizing the winding qual-

ity factors (Q, Q2) and mutual coupling coefficient (k) for high efficiency (see equa-

tion 4.61). The s-parameters obtained from the EM simulation can be converted to

z-parameters [65], from which the relevant transformer parameters can be extracted.

These parameters correspond to the transformer equivalent circuit model [66] shown

in figure 4-15, which is only valid at frequencies significantly lower than transformer

self-resonance. The mathematical framework for this extraction procedure is pre-

sented in appendix B. Results from the extraction for the optimized structure are

plotted in figure 4-16. The impact of non-ideal on-chip passives on efficiency across

the multi-octave frequency tuning range is quantified later in section 4.7.4.
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Figure 4-16: ransformer parameters extracted from EM simulation

4.7.3 Digitally tunable capacitor bank

Figure 4-17 shows the implementation of the capacitor bank. All the capacitor unit

slices are unary weighted. To keep the capacitor layout symmetrical about the VRX

trace, non-binary bit weighing of 1,2,4,7 is used. The capacitance Cu (= 280 fF)

is implemented with metal-on-metal (MoM) capacitors, which rely on the capaci-

tive coupling in closely spaced inter-digitated metal fingers constructed with multiple

interconnect layers. A square geometry maximizes the achievable Q [67]. In this

design, 6 (metal-3 to metal-8) stacked metals are used. The bottom two metal layers

are omitted to minimize bottom-plate parasitics.

For compatibility with high voltages at VRX in the TX mode, a high voltage

switch (HVS), employing stacking with rn (= 4) SOI floating body NMOS's is used.

The design of this switch is similar to the one presented in section 4.6.1. In the on
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Figure 4-17: CTUNE implementation details

state, the Q of the capacitor is limited by the on resistance of the HVS (= m x RON).

The on state capacitor parameters are:

CON = CU

1
QoN(w) = C xmN

(4.65)

(4-66)

In the off state, the bottom plate parasitic (OCU), in addition to the off-state parasitic

capacitance of the HVS (Co = P) show up in series with CU and result in a much

smaller, but finite capacitance value COFF given as:

_Cu(CO + $bCu)
COFF- CU+Co+ OCU

CU + Co + )CU
(4-67)

The value of the total capacitance CTUNE at any given value of FCW is:

CTUNE = FCW x CON + FCW x COFF (4-68)

Referring to equations 4.24 and 4.68, it becomes clear that the implementation of
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CTUNE determines the frequency ratio r that can be achieved by the RF frontend:

max(fRF) C0 N CU(
r (4.69min(fRF) COFF Co + CU

Table 4.1 shows the simulated performance of the capacitor slice, while the real-

ized CTUNE values are plotted versus the 4b FCW in figure 4-18. The simulated r =

3.24. It should be noted that the simulated value of r is a theoretical upper bound.

In practice, r is limited by several other factors like additional routing parasitic ca-

pacitance. In this design, QON is limited by the switch on resistance. The capacitor

switch is sized with the goal of achieving a target QON at the design center frequency

fc (= 2.5 GHz) of about 25. Hence, the product of QON and w is a design constant

(see equation 4.66), denoted by /.

Parameter Value

CON (fF) 280.0

COFF (fF) 26.7

mRON (fF) 9.5

/ = WQON (rad/s) 3.77 x 10"

Table 4.1: Capacitor slice simulation results

000
U- , 0

WFCW

0 0 0
00

1.0000
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FOW

Figure 4-18: Designed value of CTUNE vs- FCW
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4.7.4 Tunable matching network efficiency

The overall matching network is simulated with models extracted for both the trans-

former combiner and the digitally tunable capacitor bank. The frequency response is

plotted by tuning the FCW from minimum to maximum in an AC sweep. Figure 4-19

shows the results from four individual transformers connected in a series combina-

tion, essentially conforming to the model parameters presented in figure 4-16. The

maximum achievable efficiency at each FCW setting and corresponding resonant fre-

quency (feff) are also highlighted. Recall that the transformer inductance is designed

to be optimal around the center frequency of fc = 2.5 GHz. Equation 4.61 predicts

78 % theoretical maximum efficiency, which agrees well with the simulated value of

75 %. The slight difference is easily explained by finite capacitor Q included in the

simulation, which is neglected in the equation to keep the derivation simple.

I 30
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I
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Figure 4-19: Tunable matching network - Efficiency and power factor vs. FCW
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It is important to note that for non-ideal transformer coupling i.e. k < 1, maxi-

mum efficiency and power factor do not simultaneously occur at the same frequency.

As discussed in section 4.5.1, Class-D unit cells are somewhat immune to reactive

loads (i.e. poor power factor), but advantage of this should be taken mostly when the

PA is operating in outphasing mode, which will inevitably cause power factor degra-

dation because the transformer is used a non-isolating combiner. This phenomenon is

well analyzed in [53]. For best overall linearity, the power factor should still be close

to unity at peak power. Therefore, for a given value of tunable capacitance CTUNE, a

better choice than feff is to operate the PA at the frequency fopt where the product

of efficiency and power factor is maximized. The range of achievable efficiency and

power factor with feff and fopt are compared in table 4.2. Clearly, the improvement

in power factor trades off with efficiency.

Setting flow - fAigh (GHz) qM (%) Power factor

feff 1.8 - 4.2 67 - 82 0.69 - 0.77

fopt 2.1 - 5.5 64 - 80 0.94 - 0.98

Table 4.2: Tunable matching network - Performance at feff vs. fopt

4.8 Impact of CMOS scaling

Having outlined the proposed architecture, it is worthwhile to study the impact of

CMOS scaling on two of its key performance metrics:

4.8.1 Achievable frequency range

Returning to the digitally tunable capacitor presented in figure 4-17. Equations 4.67

and 4.69 can be combined to obtain:

r = C(4.70)

Recall from section 4.7.3 that the product of QON and w is a constant given by f:
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# = 
(4.71)

mRONCU

Further, a common switch figure-of-merit is the time constant formed by the on

resistance and off state parasitic capacitance between the two switch terminals:

T = RONOP (4.72)
2

Combining equations 4.70, 4.71 and 4.72 gives the achievable frequency ratio r as:

1
r = (4.73)

is a metric of capacitor performance and dependent on the process metal stack

and type of capacitor. As it is not really related to gate length to a first order, it

is also assumed to be constant. r is plotted for different SOI device technologies in

figure 4-20.

4-

0

CD

L-

300 250 200 150 100 50 0
L(nm)

Figure 4-20: Impact of CMOS scaling on achievable frequency ratio (# = 3.77 x 10")

4.8.2 PA instrinsic efficiency

Returning to the simplified electrical model of the Class-D PA unit cell presented in

figure 4-6, from equations 4.4 and 4.13 we have:
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1
97D I pLcap (4.74)

1 + V + PO

Substituting calculated expressions for P0 , CTOT and PL, from equations 4.6, 4.11

and 4.12 respectively, we obtain:

1
1 + V + 72(1±V)2 (2-E)(1+K)RON(CGS-+-4CGD)fRF (4.75)

4v- 1 6

There is only one strongly process dependent term in equation 4.75; the time constant

given by RON(CGS+ 4CGD). This time constant can be re-written with more familiar

quantities. In addition to r given in equation 4.72 with CGD ~ Op, another common

transistor parameter is the transition frequency ft, given by the expression:

ft = 9M (4.76)
27r (CGS + CGD)

Further, if the transistor behavior is approximated by square-law physics and early

effect ignored, then:

M= (4.77)
RON

Substituting values from equations 4.72, 4.76 and 4.77 into 4.75, the final expression

for PA intrinsic efficiency T D is:

U7D + = V+ 2 (1V) 2  (4.78)
4v +-1) (1+ 2) 2 ) fRF

Model predicted efficiency is plotted for several different device technologies vs.

frequency in figure 4-21. It is also noteworthy that for the same gate length, SOI

technology will perform significantly better than its bulk counterpart due to reduced

parasitic capacitance.

As CMOS technology scales, gate length L decreases, ft increases, while r de-

creases. Therefore, equations 4.69 and 4.78 prove that achievable frequency range

and PA intrinsic efficiency benefit from CMOS scaling. Figures 4-20 and 4-21 quan-
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Figure 4-21: Impact of CMOS scaling on PA unit cell efficiency (v = 0.15)

tify the improvement by plotting model predicted values for representative CMOS

technologies.

4.9 Layout, ESD and packaging

The prototype is integrated in a 45-nm SOI CMOS process. The die micrograph is

shown in Figure 4-22. The RF frontend occupies an active area of only 1.5 mm x

1.4 mm, no larger than a single CMOS PA with comparable output power [31] [53] .

Flip-chip interconnect is used for superior RF performance. The Class-D PA produces

current transients at the switching frequency fRF akin to clocked digital circuits.

Current transients, if not addressed, can cause supply droops and severely degrade

PA performance. To maintain supply integrity, 400 pF of decoupling capacitance
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(DCAP) is integrated on-chip. Lower capacitance density MoM capacitors are favored

over MOS gate capacitors as they can handle the 2 VDD (= 2 V) supply voltage without

any reliability concerns. DCAP is evenly distributed between all three rails: 2 VDD

to VDD, VDD to VSS and 2 VDD to Vss. Further, the supply and ground buses utilize

multiple distributed bumps placed close to the Class-D PA cores to reduce parasitic

supply inductance.

Standard ESD structures, robust to > 2 kV HBM are used on all supply, RF and

control pins except VTRX. Protecting VTRX with clamps or diodes is very difficult, if

not impossible due to the simultaneously high-frequency and high-voltage waveform

encountered in the TX mode. Fortunately, another elegant feature of the proposed

architecture is that the grounded transformer secondary inductor at this node provides

inherent ESD protection [68] [69] at no capacitance or area penalty.

To facilitate testing, a two-stage package is designed. As shown in figure 4-23(a),

the prototype IC is first flipped on to a custom ceramic chip-scale thin-film package

which employs Alumina substrate which 6 pm gold metallization. Alumina can han-

dle extreme thermal temperatures of above 350 'C needed to perform the flip-chip

attachment. The package also has space to mount 0201-size ceramic decoupling ca-

pacitors close to the IC to guarantee supply integrity. Once assembled, the Alumina

package is then mounted to a 4-layer Rogers R04350B PCB shown in figure 4-23(b),

and electrical connections are made through 15-mil gold ribbons. The PCB has ad-

ditional 0402-, 0603- and 1206-size decoupling capacitors, as well as wideband baluns

to convert the incoming RF drive signals to differential before they are fed in to the

IC.
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Figure 4-22: Die micrograph
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Figure 4-23: Custom two-stage RF package details (a) Ceramic (A120 3) package with

flip-chip IC attachment (b) Rogers R04350B PCB

4.10 TX measurements

4.10.1 TX mode setup

The TX mode experimental setup is shown in figure 4-24. The entire setup is con-

trolled via a computer through multiple USB connections. A custom motherboard is

designed to support the testing and is based on a commercially available FPGA plat-

form. Two commercially available direct up-conversion transmitters, which combine

dual IQ-DAC's and complex modulators are used to generate RF input signal vectors

V and V2. The motherboard supplies the baseband data (I1, Q1, 12, Q2) to the IQ

modulators in real-time. It should be noted that the IQ modulators are in fact used

only to modulate phase in real-time, the amplitude information being coded into the

phase itself via the outphasing control law (see appendix C). 0 is the phase of the

original RF signal, while t±0 is the outphasing angle. A low phase-noise signal gener-
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Figure 4-24: TX mode experimental setup

ator is used as the RF source. The specific instruments used for testing are listed in

appendix D. The two outphasing vector V and V2 are fed from the IQ modulators into

the test module. Single-ended to differential conversion occurs on-board before being

the signal is fed into the IC, which contains internal differential 50 Q terminations.

The port VTRx is connected to the spectrum analyzer and oscilloscope simultaneously

through low loss RF cables and a power splitter to monitor the PA output power and

EVM respectively. No off-chip filtering of any kind is applied between VTRX and the

measurement equipment. All losses from VTRx to the test equipment are carefully

de-embedded to get accurate RF power measurements. Accurate measurement of DC

power is equally important for efficiency measurements. A highly accurate sourceme-

ter with 4-wire supply sensing is used to de-embed losses due to DC resistance in the

supply traces. The RX path output VOUT is terminated to 50 Q.
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4.10.2 Turn on/off transients

To begin with, a step response test is performed to evaluate basic PA operation.

With the FCW set for the frequency of interest and the outphasing angle < set to 0,

the PCW is stepped from minimum (0000) to maximum (1111) through software for

the turn-on test, and stepped back from maximum to minimum for the turn-off test.

Figures 4-25 and 4-26 show the results for two frequencies spaced one octave apart

at 1.7 GHz and 3.4 GHz, respectively. In both cases the RF voltage swing at VTRX

exceeds 14 Vpp, validating that the PA produces close to 27 dBm RF power over at

least one octave. The turn on and turn off times are below 2 ns, much faster than

the us range switching periods of most TDD systems.

8 . ......... .... .... ...... .. .. ..... .. .. ..
FCW.: 1111
PCW: 0000 -> 111

-4........ ...............
-8............

X 0.-

-5 -4 -3 -2 -1 0 1 2 3 4 5
Time(ns)

8 .......... -- - - --.-. FCW: 1111
PCW: 1111 -00004.. ...... ..... ... . ... .... ..

S ..... .....

-5 -4 -3 -2 -1 0 1 2 3 4 5
Time(ns)

Figure 4-25: TX step response at fRF= 1.7 GHz
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Figure 4-26: TX step response at fRF = 3.4 GHz
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4.10.3 Continuous-wave (CW) performance
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Figure 4-27: TX continuos-wave measurements

Figure 4-27 shows TX mode measurements under continuous-wave (CW) drive. At

each frequency, the FCW is optimized to maximize saturated output power (PSAT),

followed by fine adjustments in the static outphasing angle (#) to calibrate path delay

mismatches. Only fundamental6 output power is included in the measurements. As

shown, nearly constant PSAT of 27.7 + 0.5 dBm is measured from 1.3 to 3.3 GHz.

Best-case total efficiency (QSAT = D, including all 6 driver stages) is 30 % at 2.2

GHz.

6 At the RF frequency, excluding all harmonics
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4.10.4 Static outphasing response

The static outphasing response of the TX is validated by sweeping the outphasing

angle # over the entire (+2 -f) range, for all four PCW settings. Figures 4-28(a)

- 4-28(c) show the results over a frequency range of 1.44 - 3.41 GHz. Both output

power and efficiency are normalized to the maximum (saturated) values reported in

figure 4-27. The test frequencies are aligned to lie in relevant LTE bands. Good

agreement with the outphasing control law is observed. Note that maximum output

power does not occur at exactly # = 0 due to delay mismatch between the two phase

paths. This mismatch is calibrated out for all the other TX measurements including

the CW performance already presented in figure 4-27.

The efficiency trend also shows the benefit of non-isolated transformer based com-

bining. For instance, at the mid-range frequency of 2.31 GHz shown in figure 4-28(b),

the normalized efficiency at 6 dB back-off ( uT = 0.25) with the PCW set to maxi-

mum (1111) is 0.43, as compared to the expected value of 0.25 for the isolating case,

a 1.7x improvement.

The results also show the promise of further efficiency enhancement with dynamic

or signal-dependent PCW modulation, which would make the TX a multi-level out-

phasing system. For instance, as shown in figure 4-28(b) realizing 6 dB back-off with

a lower PCW of 0011 rather than 1111 would yield a normalized efficiency of 0.59,

another 1.4x improvement. However, this technique comes at the cost of linearity

has already been validated recently (albeit for a single band design) in [53], so the

work will not be repeated here.
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Figure 4-28: Normalized output power and efficiency vs. power control word (PCW)
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4.10.5 Modulated signal performance

Tests are performed with 64-QAM, 20 MHz modulated signals with a PAPR of ap-

proximately 5.2 dB after performing some crest-factor reduction. Various test fre-

quencies corresponding to LTE bands spanning more than one octave are used to

thoroughly characterize the TX. Lookup table based predistortion [24] is applied to

improve performance. For each measurement, the optimal FCW is used. In-band out-

put power (POUT, integrated over 20 MHz) is measured as before with the calibrated

spectrum analyzer. Adjacent channel leakage ratio (ACLR) is also measured with

channel BW and offsets for E-UTRA and UTRA scenarios [47]. Error vector magni-

tude (EVM) measurements are performed by capturing the data with a high-speed

oscilloscope.

For 64-QAM modulation, the measured output spectra and demodulated IQ con-

stellations for selected frequencies are shown in figures 4-29(a) to 4-29(c), while a

detailed summary is presented in table 4.3. POUT of 22.5 t 0.9 dBm is measured

from 1.44 to 3.41 GHz. Best-case average efficiency is 17.4 % at 1.72 GHz with 23.4

dBm POUT.

Further tests with 802.11g (64-QAM OFDM, 20 MHz) signals at 2.41 GHz show

that the PA also meets the WLAN mask at 21.6 dBm POUT and -25.5 dB EVM.

fRF LTE LTE FCW POUT Eff. E-UTRA E-UTRA UTRA EVM

TDD FDD ACLR1 ACLR2 ACLR1

(GHz) (dBm) (%) (dBe) (dBc) (dBc) (dB)

1.44 11(21) 1111 22.7 17.2 -32.3 -39.3 -36.6 -31.5

1.72 3,4,10(9) 1100 23.4 17.4 -32.9 -37.9 -37.2 -31.8

1.91 33,39(35-37) (2,25) 1011 23.1 14.9 -31.9 -34.2 -36.4 -32.4

2.31 40 0110 22.7 14.4 -35.3 -38.8 -39.8 -35.7

2.60 38,41 (7) 0101 22.8 13.2 -33.9 -38.8 -38.3 -35.6

3.41 42 0001 21.6 9.8 -30.9 -35.6 -35.2 -30.6

Table 4.3: TX performance in multiple LTE bands for 64-QAM, 20 MHz signals with
PAPR=5.2 dB
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Figure 4-29: Outphasing TX performance with 20 MHz, 64-QAM modulated signals
with PAPR = 5.2 dB
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4.11 RX measurements

4.11.1 RX mode setup

Phase Modulator #1
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Figure 4-30: RX mode experimental setup

The RX mode experimental setup is shown in figure 4-30. IQ modulators are not

required and deactivated through software. VTRx now serves as input for the RX

signal while VOUT is the output, observed with a spectrum or network analyzer. A

calibrated noise source is used to measure noise figure. For lIP3 measurements, the

two-tone function of the RF signal generator is used.

4.11.2 Small-signal measurements

Testing the RX mode allows observing the resonance of the tunable matching network

directly, which largely determines the frequency response of the RX path. With all
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other ports terminated, the RF I/O port VTRX can be connected to the network

analyzer to observe the return loss, with the LNA control words (GCW, RFCW and

ROCW) set to nominal values to power match the RX. Under this condition, the VTRX

is essentially loaded by the tunable matching network (LTFMR, OTUNE) in parallel

with ZI,LNA ~ 4O = 50 Q 7. Its clear that a trough in sii should be observed at the

resonance frequency, which in turn is controlled by the FCW. By tuning the FCW,

a family of s1 traces can be plotted. As shown in figure 4-31, the tunable resonance

ranges from 1.6 to 3.5 GHz, thereby agreeing reasonably well with the designed values

and target frequency range.

0

-20 -- FCW =1111\I
-- FCW = 1100
-- FCW = 0111

FCW = 0100
-FCW=0010
-0001

-- FCW = 0000
-3011 - p 020

0.5 1 1.5 2 2.5 3 3.5 4 4.5 5
Frequency(GHz)

Figure 4-31: Frequency Response

Figure 4-32 shows RX mode LNA small-signal measurements. The LNA control

words are set to maximize the voltage gain (AV) and minimize noise figure (NF),
7Assuming the off-state PA unit cell loading is negligible, as discussed in section 4.5.4
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while the FCW is optimized with frequency to match the input using the data of

figure 4-31. Av > 14 dB, NF = 4.4 ± 1.6 dB are measured from 1.3 to 3.3 GHz, with

only 6 mA current drawn from VDD = 1 V. The power consumption of the voltage

buffer is not included in the measurement. RX branch switch loss (PL,RXSW) is also

individually measured with a test structure to be 2 dB.

E

M

z

1.2 1.4 1.6 1.8 2 2.2 2.4 2.6 2.8 3 3.2 3.4 3.6 3.8
Frequency(GHz)

Figure 4-32: LNA small-signal measurements - Av: Voltage gain, NE: Noise figure,
lIP 3 : Input-referred third order intercept

4.11.3 Third-order intercept test

To evaluate linearity, the input-referred third-order intercept (lIP3 ) is measured

across a range of frequencies. A tone spacing of 20 MHz is used. Figure 4-32 sum-

marizes the results. The LNA achieves IIP3 > -7 dBm across the entire frequency

range.

Figure 4-33 shows details of how the measurement is performed for one frequency

point centered at 1.8 GHz. The optimal FCW is set as with all other measurements.

A signal generator is used to synthesize the two tones 20 MHz apart (fRF1, fRF2)

with equal power. The total power in these two tones (PIN) is then swept, and

the fundamental (PRF1 + PRF2) and third-order inter modulation power (P2RF1-RF2

+ P2RF2-RF1) is measured. Linear extrapolation to the hypothetical point where

the two power levels meet gives the uncalibrated, input-referred third-order intercept

(PL,RXsw+ -l-IP3 ), from which the RX switch loss should be subtracted to the get

117



the IIP3 referred to the input of the LNA.
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Figure 4-33: LNA two-tone power sweep for IIP3 - fRF1 = 1.79 GHz, fRF2 = 1.81
GHz

4.12 Performance comparison and conclusions

4.12.1 Comparison with state-of-the-art CMOS PA's

For a fair comparison, only silicon based designs (bulk CMOS, SOI, SOS) at frequen-

cies up to 6 GHz that achieve a PSAT greater than 20 dBm are considered. All of the

designs are fully integrated and include driver circuits.

Achieving simultaneously high PA bandwidth (BW), output power and efficiency

is very challenging due a number of reasons. First, impedance transformation net-

works are usually BW limiting. Second, loss usually trades off against BW, lowering

118



efficiency of broadband designs. Third, harmonic tuning techniques to enhance effi-

ciency tend to be inherently narrowband. To evaluate the present work in this context,

a comparison with prior work in the (BWPSAT) and (BW,r7SAT) space shown in fig-

ures 4-34(a) and 4-34(b), respectively. To decouple the comparison from the absolute

value of the center frequency fc, a percentage measure of bandwidth is used: BW =

fhigh--flo. A few relevant observations can be made about prior work. First, Class-AB
fc

PA designs [13] [14] [45] [70], which rely on multiple tuned stages with fixed match-

ing networks do not exceed 30-35 % 3 dB BW'. Second, switching architectures [22]

[52] [53] [63], greatly cut down on the number of BW limiting reactive components,

achieving up to 42 % 1 dB BW. Finally, an exception among switching architectures

is [71], which approaches nearly one octave 1dB BW of 64 %.

This work, based on a digital PA core with a tunable high-power matching network

compatible achieves the widest 1 dB BW of 87 % reported to date.

It is noteworthy that the above comparison is still not completely fair since this

work includes a TXSW while the standalone PA's referred do not. Equivalent PA

output power and efficiency for the present work assuming PL,TXSW = 1 dB is also

plotted in figures 4-34(a) and 4-34(b). If needed, output power can be further boosted

through more aggressive power combining [53] or custom high-voltage device engineer-

ing [77].

This PA performance comparison is not complete without consideration of linear-

ity. In this regard, it should be noted that this work demonstrates linearity that is

competitive with other published architectures with much lower BW. Specifically, the

three closest competitors to the present work [22] [53] [71] in figure 4-34(b) utilize

modulated test signals which are either less stringent or approximately equivalent

to those used here, yielding comparable test results in terms of ACLR and spectral

mask compliance. It is also worth noting that [22] [53] only report linear test results

at one frequency. Even for the closest competitor [71], linear test results are only

available for a relatively narrow range of 11 % compared to reported 1 dB BW of

64 %. The present work for the first time demonstrates consistent linearity over a

'These publications only report 3 dB BW, so 1 dB BW numbers are not available.
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multi-octave frequency range. Further, there is still room for improvement. Specif-

ically, this work utilizes a relatively simple lookup table based static predistortion

algorithm [24]. In future work, adoption of more sophisticated linearization schemes

which account for memory effects will further improve performance, truly breaking

the bandwidth-efficiency and bandwidth-linearity tradeoffs.
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Figure 4-34: Comparison with state-of-the-art CMOS PA's; JSSC - [22] [53] [63] [72];
TMTT - [73] [74]; ISSCC - [45] [52] [71] [75] [76]; ISSCC (3dB) - [13] [14] [70] (these
papers report 3 dB BW instead of 1dB)
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4.12.2 Comparison with state-of-the-art CMOS RF frontends

Finally, the design is compared with prior work on TDD RF frontends in CMOS.

The performance comparison is shown in table 4.49. While prior work targets one

or two bands, the modulated frequency range of 1.44 - 3.41 GHz achieved through

the proposed frequency-agile architecture in this work covers 10 (out of 12 currently

defined) TDD-LTE bands'0 , as well as the unlicensed band used for WLAN (802.11g)

/ Bluetooth (2.4 - 2.5 GHz) and WiMAX (2.3 - 2.7 GHz and partially 3.3 - 3.8 GHz),

thereby offering an unprecedented level of RF frontend integration for TDD scenarios.

Parameter [34] [78] [35] This work

Application WLAN WLAN WLAN WLAN/TDD-LTE

CMOS Process 45-nm 32-nm 65-nm 45-nm SOI

Integrated TX/RX SW Yes/No Yes No Yes

Integrated balun Yes/Yes No Yes Yes

Freq. band range (GHz) 2.4-2.5/4.9-5.9 2.4-2.5 2.4-2.5 1.44-3.41

PA's+LNA's 2+2 1+1 1+1 1+1

No. bands 2 1 1 12

PSAT (dBm) 29.0/26.0 27.1 27.5 27.6t0.6

U7SAT ( 31.3/32.1 29.0 35.3 25.0-30.0

POUT (dBm) 22.3/18.7 20.3 22.4 22.5±0.9

n (%) - 14.6 18.0 9.8-17.4

Predistortion Yes No Yes Yes

Table 4.4: Performance comparison with other published TDD RF frontends.

'For [78], TX efficiency is calculated from PA efficiency using 1.3 dB loss reported for TXSW as
TX numbers in this work include power dissipation of other blocks like the LO generator.

'1In addition, 10 (out of 28 currently defined) FDD-LTE bands are also within the frequency range,
but would require a different, system-level implementation involving duplexers, which is beyond the

scope of this work.
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Chapter 5

Conclusion

5.1 Summary of results

The results presented in this work represent several compelling advances in the area

of RF frontend design for next-generation applications.

The RF frontend architecture presented in chapter 3 shows the promise of emerg-

ing GaN technology in enabling high-power RF integration. The efficiency advantage

offered by GaN compared to other technologies for watt-level transmitters was the-

oretically quantified. A modified switching architecture was proposed to improve

overall transmitter efficiency. A simple but effective transconductance superposi-

tion technique was demonstrated for GaN transistors to improve linearity. All active

and passive components were fully integrated on one chip. The prototype IC was

fabricated in a 250-nm GaN HEMT process targeting 802.11p, a recently ratified

standard for vehicular connectivity. Measurements showed excellent performance in

the 802.11p band with best-in-class transmitter efficiency for a monolithic solution.

The frequency-agile RF frontend architecture presented in chapter 4 represents

a radical departure from conventional RF design techniques. Starting with the ob-

servation that CMOS processes have become increasingly more digital friendly, the

transmit chain was re-architected with a fully switch-based architecture, for which key

performance metrics were theoretically shown to directly benefit from CMOS scal-

ing. The key design goal was not to have the best performance in any one frequency
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band, but rather to demonstrate a more minimalistic and flexible architecture that

performs competitively over a wide frequency range. The prototype IC, fabricated in

45-nm SOI CMOS showed competitive efficiency, output power and linearity over a

multi-octave frequency range, for the first time opening up the possibility of using a

single RF frontend for dozens of bands in next-generation mobile wireless systems.

Recall that in chapter 2, three principal design challenges were identified in RF

frontends: (a) Monolithic integration (b) Energy-efficient operation and (c) Multi-

octave frequency coverage. The architectures proposed in this work address all three

challenges across a range of RF power levels. Since RF frontend design has a dis-

proportionate impact on the mobile radio system as a whole, the advances presented

herein go a long way towards enabling the vision of ubiquitous connectivity.

5.2 Future work

There are exciting opportunities for future work in the sphere of GaN for RF appli-

cations at both device and system level:

1. The intrinsic performance of GaN transistors has ample room for improvement.

The prototype IC in this work utilized a commercial, 250-nm GaN process.

There is ongoing research into scaling gate lengths to improve fT [79] [80], en-

hancement of breakdown voltages with novel field structures, and enhancement

mode devices which do not require negative control voltages [81]. As technol-

ogy improves, GaN transistors will become intrinsically more energy-efficient,

operate at higher RF frequencies and become suitable for more complicated

circuit architectures with higher transistor count. With improved devices and

architectural creativity, more efficient switch based architectures could be mono-

lithically integrated in GaN. Further, the frequency-agile approach presented in

chapter 4 could be extended to much higher power levels.

2. While GaN has showed promising results for high-power RF frontend integra-

tion, a complete vehicular connectivity radio based on 802.11p requires integra-
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tion with the medium-access control, baseband and transceiver subsystems. In

fact, the work presented herein is part of a much bigger project with the goal of

delivering such a solution. These other radio subsystems are highly digital and

do not need the high-power capabilities of GaN. Clearly, CMOS remains the

technology of choice to implement them. In the short term, a complete solution

would be a two-chip GaN-CMOS module in a single package. In the long term,

there is tremendous interest in growing GaN alongside CMOS transistors. In-

deed, some work has already been done in this direction [18] [82]. The ultimate

solution would therefore be monolithic integration of an entire 802.11p radio on

a GaN-enhanced CMOS process.

The frequency-agile architecture presented in this work for mobile applications is

intended for TDD standards. While there are a growing number of RF applications

and standards that can benefit from the techniques presented, universal RF frontends

that impact all wireless applications will require more research into FDD scenarios

to enable dual-mode (TDD+FDD) solutions. There are several unique challenges in

FDD systems. Principal among them are:

1. Since the transmitter and receiver are operational simultaneously, the noise

power spectral density of the transmitter in the receive band should be suf-

ficiently low so as not to de-sensitize the receiver [83]. Employing dedicated

filtering at the PA output or improving duplexer performance can help, but

this usually comes at the cost of efficiency. This is one of the principal reasons

why in spite of nearly a decade of work, CMOS based switching architectures

have not yet made it into any FDD products.

2. Frequency-agile FDD architectures will require tunable RF duplexers and filters

compatible with high output power. This has been a very active and challeng-

ing area of research extending well beyond solid-state circuit innovation, but

a compelling solution that meets all system-level requirements remains elusive.

MEMS [84] and liquid-RF [85] are two exciting areas which might result in a

future breakthrough.
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Appendix A

List of Abbreviations

ACLR: Adjacent Channel Leakage Ratio

ADC: Analog to Digital Convertor

BW: Bandwidth

C4: Controlled Collapse Chip Connection

CMOS: Complimentary Metal Oxide Semiconductor

CW: Continuous Wave

DAC: Digital to Analog Convertor

DRC: Design Rule Check

DUT: Design Under Test

ESD: Electrostatic Discharge

E-UTRA: Evolved Universal Terrestrial Radio Access

EVM: Error Vector Magnitude

GaAs: Gallium Arsenide

GaN: Gallium Nitride

HBM: Human Body Model

HEMT: High Electron Mobility Transistor

IC: Integrated Circuit

IoT: Internet of Things

FDD: Frequency Division Duplexing

LINC: Linear Amplification with Nonlinear Components
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LNA: Low Noise Amplifier

LTE: Long Term Evolution

MIMO: Multiple Input and Multiple Output

NF: Noise Figure

OFDM: Orthogonal Frequency Domain Multiplexing

PA: Power Amplifier

PAPR: Peak to Average Power Ratio

PC: Personal Computer

PVT: Process, Voltage and Temperature

RF: Radio Frequency

RX: Receiver/Receive

SiGe: Silicon Germanium

SoC: System on a Chip

SOI: Silicon On Insulator

TDD: Time Division Duplexing

TX: Transmitter/Transmit

WLAN: Wireless Local Area Network
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Appendix B

Transformer Analysis and

Modeling

B.1 Transformer equivalent circuits

(a)
r1 *k ' r

Port 1 3 3 Port 2

(b)
r1  L1(1-k)

Port 1

(C)

P

r1  L1(1-k 2)

ort1 

L201-k) r2

Port 2

r2

Port 2

Figure B-1: Transformer equivalent circuit models
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B.2 Impedance transformation

The coupling coefficient for on-chip transformers is typically well below unity. Im-

perfect coupling between primary and secondary windings impacts the impedance

transformation.

To obtain design insight without excessive complexity, the finite quality factor of

inductors is ignored in this analysis. This simplification is justified for two reasons.

First, the objective here is to study impedance transformation, not to calculate ef-

ficiency. Second, for moderately high quality factors (;> 10), this assumption only

introduces minor error in the impedance calculation.

L- L1(1-k 2 )

Z 14 -+ C-Rk
2/ t2

Figure B-2: Transformer impedance transformation

The non-symmetric model of figure B-1(c) is most convenient to use here, as it

yields a network with the least number of distinct nodes. A single shunt capacitor is

used in parallel with the load resistor to resonate the transformer inductance. Clearly,

for resonance:

__1

L 2w (B.1)
Cw

The resonator is an open-circuit at resonance, so the only finite admittance reflected

to the primary stems from the load, and is purely real. The impedance seen at the

input port is simply:

Z,(w) = Rs + jXs = R, j2- + jwL1(1 - k2) (B.2)

For moderate coupling, the first term dominates at low frequencies, yielding an
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impedance transformation ratio of:

R, t2
( - =(B.3)

If the primary is driven by a voltage source, then admittance is more useful to calculate

extracted power:

Y(w) - - jwL1(1 - k2 ) (B.4)
YS (W) = - B4

(Rik) 2 + w2L2(1 - k2)2

Equation B.4 indicates that as the frequency increases, the real part of the admittance

will decrease due to frequency dependent term in the denominator, resulting in a

reduction in extracted power. Nevertheless, equation B.3 is a useful starting point

for design. Finally, the load power factor is:

P =T (B.5)
V(R y + 1w2L!(1 - k2)2

B.3 Lumped model extraction

The equations corresponding to the transformer model shown in figure B-1 are:

Vi = (jwLi + ri)I1 + jwMI 2  (B.6)

V2 = jwMI1 + (jwL 2 + r 2)12  (B.7)

While the standard z-parameter representation is:

V1 = Z 1111 + Z 1212  (B.8)

V2 = Z 21 11 + Z 22 12  (B.9)

If the model is valid, the two representations are equivalent, therefore:

131



Li imag(Zii)
w

r= real(Zii)

L2 imag(Z22 )
w

r2= real(Z22 )

M = imag(Z12)
w

_M

k =
L1 L2
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Appendix C

Outphasing Control Law

(a) (b)

0

X,(t)

-~ S(t)

X2(t)

--

0 ----X1 '(t)

SX2 (t)rrI

Figure C-1: Outphasing vector representation

S(t) = A(t)cos[wt + 0(t)] (C.1)

In an outphasing configuration, the amplitude information A(t) is represented by

the outphasing angle 0(t):

acos[ A(t)
max I Arbt )

The two outphasing vectors, assuming an arbitrary amplitude R(t) axe:

(C.2)
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X1 (t) = R(t)cos[wt + 9(t) + 4(t)]

X 2(t) = R(t)cos[wt + 9(t) - 0(t)] (C.4)

For the outphasing representation given by equation C.3 and C.4 to be equivalent

to the original signal given in equation C.1 i.e. no linear scaling of output power:

S(t) = X 1(t) + X 2(t)

1
R(t) = -max | A(t)

(C.5)

(C.6)

It is worth noting that outphasing works equally if the original signal is constructed

with a difference of two vectors. In this alternate configuration, the original signal

and corresponding outphasing vectors are given as:

S(t) = X'(t) - X2(t)

X'(t) = R(t)cos[wt + 9(t) - 0(t)]

X2(t) = R(t)cos[wt + 9(t) + 0(t) + 7r]

(C. 7)

(C.8)

(C.9)
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Appendix D

List of RF Test Equipment

Calibrated noise source: Agilent Technologies N4000A

FPGA platform: Opal Kelly XEM5010

High-speed oscilloscope: Agilent Technologies DSA80000B

Network analyzer: Agilent Technologies N5242A

Phase modulator: Analog Devices AD9779A-DPG2-EBZ

Power supplies: Keithley Instruments 2602A, Agilent Technologies 3646A

RF signal generator: Agilent Technologies E8267C

Spectrum analyzer: Agilent Technologies N9020A
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