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Abstract

Technology scaling poses challenges in designing analog circuits because of the decrease in intrinsic

gain and reduced swing. An alternative to using high-gain amplifiers in the implementation of

switched-capacitor circuits has been proposed that replaces the amplifier with a current source and
a comparator. The technique has been generalized to zero-crossing based circuits (ZCBC). It has
been demonstrated but not limited to single-ended and differential pipelined ADCs, with effective
number of bits (ENOB) ranging from 8 bits to 11 bits at sampling rates from 1OMS/s to 100MS/s.

The purpose of this project was to explore the use of the ZCBC technique for high-precision
ADCs. The goal of the project is a 13-bit pipelined ADC operating at up to 100MS/s. A two-phase
hybrid ZCBC operation is used to improve the power-linearity tradeoff of the A/D conversion. The
first phase approximates the final output value, while the second phase allows the output to settle

to its accurate value. Since the output is allowed to settle in the second phase, the currents through

capacitors decay, permitting higher accuracy and power-supply rejection compared with standard

ZCBCs. Linearization techniques for the ramp waveforms are implemented. Linear ramp waveforms
require less correction in the second phase for given linearity, thus allowing faster operation. Tech-
niques for improving linearity beyond using a cascoded current source are explored; these techniques
include output pre-sampling and bidirectional output operation. Current steering is used to min-

imize the overall delay contributing to the first phase error, known as overshoot error. Overshoot
error reduction at the end of the first phase improves the linearity requirements of the final phase.

Automated background overshoot reduction is introduced though not included on the prototype
ADC. A prototype ADC was designed in 1V, 65nm CMOS process to demonstrate the techniques
introduced in this work. The prototype ADC did not meet the intended design goal and achieved

11-bit ENOB at 21MS/s and SFDR of 81dB. The main performance limitations are lack of overshoot

reduction in the third pipeline stage in the prototype ADC and mid-range errors, introduced by the
bidirectional ramp linearization technique, limiting the attainable output accuracy.

Thesis Supervisor: Hae-Seung Lee
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Chapter 1

Introduction

Modern battery-powered mobile communications devices and wearable devices are

becoming increasingly more integrated and demand new power efficient circuit so-

lutions. CMOS technology scaling has been driven by better performance and high

power efficiency of digital circuits. Switched-capacitor circuits find a place at the

interface between the digital and analog domain in front-end analog signal processing

and digitizing system blocks. System component examples of switched-capacitor cir-

cuits include filters, pipelined analog-to-digital converters (ADCs), sigma-delta ADCs

and digital-to-analog converters. Applications of switched-capacitor circuit blocks can

be found in voiceband modems, baseband processing in wireless transceivers, radar

and medical imaging devices to name a few.

Easy integration of switched-capacitor circuits in standard CMOS processes for

digital circuits has made them widely used since the 1970s [7]. Their performance

relies on matching of integrated capacitors in standard CMOS processes, which makes

them robust to temperature and aging variations [7]. Switched-capacitor circuits can

be used to realize building blocks such as a sample-and-hold (S/H), a gain stage, an

integrator etc. Functions such as amplification, integration and subtraction are im-

plemented in switched-capacitor circuits through input sampling and charge-transfer

between capacitors. Precise charge-transfer relies on high-performance opamps con-
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figured in negative feedback. The opamp requirements are large dc gain to reduce

output gain error and unity-gain bandwidth much greater than the bandwidth of the

input signal to allow for sufficient output settling.

The realization of high gain opamps in modern nanometer technologies is increas-

ingly difficult [28, 321, especially if power consumption is constrained. Reduced device

intrinsic gain with technology scaling limits the achievable gain per stage. Stability

issues and the need for increased bandwidth and power become a concern when sev-

eral gain stages are cascaded [13, 28]. As the feature transistor size is scaled in new

processes, the supply voltage has to decrease to ensure reliable device operation. Cas-

coding is typically used for improved opamp gain, however, at low supply voltages,

its use can severely limit the opamp output swing.

New techniques, that address the limitations on amplification and voltage swing,

imposed by modern technologies on analog design and take advantage of technology

scaling, have been developed. A gain enhancement technique, introduced as correlated

level shifting (CLS) in [16], achieves over 60dB gain in 0.18pm CMOS process using

a 30dB gain opamp and allows for rail-to-rail operation. The downside to using CLS

is the need for two-phase operation, which ultimately limits the attainable speed and

increased power dissipation as the level shifting capacitor loads the opamp during the

coarse phase of operation. The combination of open-loop amplification with digital

background calibration to trade-off precision in the analog domain with digital signal

processing, is demonstrated in [32]. A resolution of 12 bits is attained at 75MS/s in a

pipelined ADC with over 60% opamp power reduction in comparison to a conventional

feedback opamp implementation. The penalty is continuous background calibration

overhead in addition to upgradable memory space, which must track accurately any

drift and variations during the conversion operation. There is an inherent trade-off

between accuracy and the tracking time constants of the supporting algorithm [32].

Any non-linearity that is not in the gain stage element can limit the applied correction

algorithm. In [19] a time-based power-efficient ring-amplifier, which approximates C-



class amplification operation is demonstrated in a 15-bit pipelined ADC at 20MS/s.

This work also uses CLS and has the same constraints as [161. The ring amplifier,

though fast and power efficient, used during the coarse phase operation relies on

an input offset to create an input-dead zone and condition the class C structure in

its proper operating condition and is sensitive to variations during the conversion

operation.

A power-efficient approach first introduced as comparator-based switched-capacitor

circuits (CBSC) in [151 and then generalized into zero-crossing based circuits (ZCBC)

in [4] address the challenges faced by high gain amplifier design in scaled technolo-

gies especially at high sampling rates. ZCBC replace the opamp in conventional

switched-capacitor circuits with a current source and a zero-crossing detector (ZCD).

The technique has been demonstrated but not limited to in single-ended and differen-

tial pipelined ADCs [15, 4, 5, 9, 26, 21], with effective number of bits (ENOB) ranging

from 8 bits to 11 bits at sampling rates from 1OMS/s to lOOMS/s.

This work expands on previous architectures, addressing the challenges of ZCB

switched-capacitor circuits for high precision applications especially at high sampling

rates (up to 100MS/s). A two-phase approach to charge-transfer is used, first pub-

lished in [21], which combines the strengths of ZCBC and negative-feedback opamp

settling operation in addition to using CLS. Cascoding combined with rail-to-rail

ZCBC operation is enabled through bidirectional ramp operation of the ZCBC cur-

rent sources. The delay from the instant at which the virtual ground condition is

satisfied in a ZCBC to the instant at which the output voltage is stored on the load

capacitor results in an output error, called an overshoot error. Minimizing this delay

reduces the overshoot error and improves the output linearity of the ZCB switched-

capacitor circuit. A zero-crossing detector (ZCD) signals when the virtual ground

condition is satisfied and the current sources are turned off. The ZCB phase output

linearity is improved by using current steering to minimize ZCD delay and current

source turn-off delay. A test chip for the design of 13-bit lOOMS/s pipelined ADC



demonstrates the techniques introduced in this work. In addition, a background

calibration technique is introduced though not included on the test chip.

1.1 Summary

Chapter 2 introduces ZCBC in the context of opamp based-switched capacitor circuits

in pipelined ADCs. This chapter also provides a brief description of precision limita-

tions in ZCBC, followed by an overview of several published architectures developed

to improve precision in ZCBC.

Chapter 3 outlines circuits, which improve output linearity and enable cascoding

and rail-to-rail output swing implementation of the ZCBC.

Chapter 4 presents the design and implementation details of a 13-bit 10OMS/s

pipelined ADC. The chapter starts with a brief description of the first pipeline stage

top level design. The first pipeline stage is considered here because its design sets

the attainable resolution of the ADC. Next specifics of the design parameters, con-

straints and implementation choices of the building blocks of the first pipeline stage

are detailed.

Chapter 5 presents the pipelined ADC test chip results.

Chapter 6 summarizes the contribution of this thesis and outlines areas of further

research.



Chapter 2

Zero-Crossing Based Circuits (ZCBC)

Operation and Output Linearity

This chapter starts with a brief introduction to pipelined analog-to-digital converters

(ADCs). Next, the multiplying digital-to-analog converter (MDAC) building block of

a pipelined ADC stage is introduced in its conventional implementation, followed by a

power efficient zero-crossing based (ZCB) implementation. To address non-linearities

limiting the ZCB MDAC output precision, three two-phase ZCB topologies are pre-

sented. Trade-offs in terms of sampling rate, output linearity and power dissipation

are considered for the different topologies.

2.1 Pipelined ADC Background

A pipelined ADC is a cascade of multiple, nearly identical in architecture, stages

controlled by the same clock, working sequentially on the input signal to resolve a

fraction of the output code. A conceptual block diagram of the nth stage of a pipelined

ADC is presented in Figure 2-1. The input voltage VIN is sampled by a sample-and-

hold circuit and digitized by an N-bit sub-ADC, U in Figure 2-1. The sub-ADC

digital output is then converted back to an analog signal through an N-bit digital-to-

analog converter (DAC), U2 in Figure 2-1. The DAC output is next subtracted from
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the sampled input to produce an error voltage between the sampled input signal and

its digitized copy. This voltage error is commonly referred to as a residue voltage. The

residue is typically amplified (U3) to the full scale of the input voltage (VIN) (usually

determined by the ADC reference voltage) and sampled by the following stage. The

gain G of an nrh stage in a conventional implementation is G = 2Nn. To reconstruct

the output code, it is necessary to take into account the amplification between the

sub-ADC stages in the pipeline. The digital output of each stage is multiplied by the

aggregate gain of the following stages. The digital output of a pipelined ADC can be

expressed as:

Dout = (Dcut(1)(2N1) + Dout (2))(2N2 +

=1 (D ,,t(n)IIm,2N

where ?n is the number of pipeline stages. One reason to choose the residue gain to

be a power of 2 is to simplify the digital output reconstruction implementation. In

the digital domain multiplication by 2 can be realized simply by bit shifting. The

operating rate of a pipelined ADC is limited by the time it takes to make the sub-AD C

and DAC conversions and residue amplification. The time it takes for the input signal

to propagate through the cascade results in conversion latency which is acceptable in

many applications.

The building blocks of an n'h stage of a pipelined ADC are: a sample-and-hold,

a sub-ADC, a DAC, a subtraction circuit and a residue amplifier as illustrated in

Figure2-1. The DAC, subtractor and residue amplification functions are commonly

combined into a single switched-capacitor circuit referred to as a multiplying DAC

(MDAC). The sub-ADC is typically implemented as, though not limited to, a flash

ADC.

Each block of the pipelined ADC contributes errors which accumulate to limit the

ADC resolution. Stage errors can be offsets (in the sub-ADC comparators, opamp



or charge injection), capacitor mismatch errors and insufficient residue amplification

gain or settling errors. The errors can cause the pipeline stage output voltage to go out

of range at the bit transition input values resulting in wide codes at the ADC digital

output. Alternatively ADC stage error can scale the gain of the stage producing either

wide codes or missing codes at the ADC digital output [28, 6]. The most widespread

approach to alleviating the occurrence of wide codes is to use redundancy or over-

range protection [30]. Redundancy holds if the gain of the residue amplifier is 2 M and

M, < N, which implies that the nth stage output is not amplified to full scale at the

bit transition points, allowing room for presence of errors. If redundancy is used, the

offset design requirement on the sub-ADC comparators is relaxed, which allows their

realization as dynamic latches. Typically the dynamic latch comparators implemented

in flash converters are very power efficient and scale well with modern technologies

[31]. Thus the sub-ADC represents a small fraction of the power dissipation of the

pipelined ADC in contrast to the residue amplification, implemented by the MDAC,

which takes up between 50% to 70% of the ADC power budget [39, 32]. Moreover,

precise amplification in high resolution (14bits and higher) pipelined ADCs requires

opamp gains on the order of 100dB, which in older technologies could be achieved with

a gain boosted two stage topology [321. Attaining high opamp gain is increasingly

difficult and power inefficient in modern nanometer technologies with diminishing

device intrinsic gain and supply headroom. Thus there is a need for power-efficient

MDAC circuit solutions, which can attain high output precision at high sampling

rates.
r-------------------------------------------

MDAC

U1 U2

vN No-i N-bit + VOUT

sub-ADC DAC

DoUT,

Figure 2-1: Block diagram of an nth stage of a pipelined ADC



2.2 Conventional Switched-Capacitor Circuit Operation

Switched-capacitor circuits are discrete-time circuits. The input and consequently the

output of discrete time circuits are valid at discrete (usually periodic) instants of time.

In contrast, in continuous time circuits the input and output values of the circuit

are valid at all times. Switched-capacitor circuit function is based on two phases

of operation: a sampling phase and a charger-transfer or amplification phase. In

addition to an input signal, they require a clock signal to control the flow of operation

through two clock phases: #1 and 02 (illustrated in Figure 2-2b), corresponding to

the sampling and charge-transfer phase respectively. The clock phases have to be

non-overlapping to ensure no loss of charge during overlapping clock transitions. An

example of a switched-capacitor circuit is a multiply-by-two topology (see Figure

2-2a), first introduced in [38] and commonly used to realize a multiplying digital-

to-analog converter (MDAC) in a ibit/stage or 1.5bit/stage pipelined ADC and as

such will be used to illustrate the operation of the switched-capacitor circuits in this

section. A single-ended implementation of the circuit is assumed for simplicity.

1

Can
VIN i i

+ 1!1 2 01AC111A

2 IA C.. 2

d VREF VGM VCM VcM t

(a) Multiply-by-two switched-capacitor circuit used as MDAC in (b) Timing diagram for a multiply-by-two

a pipelined ADC stage. switched capacitor circuit.

Figure 2-2: Multiply-by-two switched-capacitor circuit used as MDAC in a pipelined ADC stage. It
operates on two clock phases q1 and 02. Clock phase 01 controls the input sampling of vIN, while
clock phase 02 controls the charge-transfer phase of operation. At the start of 02, the bottom plate
of C1, is connected to the reference voltage of the pipeline ADC, VREF. The output signal VOUT is
valid at the end of 02.

First the sampling phase is considered. Capacitors C1 ,i and C2., are the input

sampling capacitors of an n'h stage multiply-by-two circuit of a 1.5bit/stage pipelined



ADC, while capacitor C,+1 represents the input sampling capacitor of the subsequent

pipelined ADC stage. During the sampling phase (#1), C1 n and C2 , are configured

as shown in Figure 2-3. By the end of 41, the input signal VIN is sampled on Cl"

and C2,. Bottom-plate sampling is commonly used to sample the input signal to

minimize input-dependent charge injection. The bottom-plate switch (sW3 ) is turned

off first by #1A slightly before #1 transitions and charge q = (Cn + C2 n)VIN is fixed.

The turn-off of sw3 defines the sampling instant. On turn off, sw3 injects charge

q3 into the equivalent input capacitor Ceq = C1,, + C2,, producing a voltage error

Vsw3 = -7- but both q3 and therefore Vsw3 are relatively independent of the input
Ceq

voltage. Suppose sw3 is implemented as an NMOS switch, with a fast turn-off clock

slope, then the channel charge contribution q3  2wCO.(VDD-THN-CM) ted on

Ceq is relatively constant independent of input voltage, where VDD corresponds to the

high voltage of the clock signal driving sw3, C_ and VTHN are the oxide capacitance

and the threshold voltage of the NMOS device, and VCM is the common mode voltage

in the circuit. The clock feed-through voltage error I VDD( WC 0V ) of sw3 at Ceq is

independent of the input voltage and depends on VDD and overlap capacitance C,, of

sw3. Next sw, and sw2 are turned off on the high to low transition of #1 and since

the bottom plates of C1, and C2, are disconnected already no charge is injected on

CeG. In a differential switched-capacitor architecture the constant charge injected by

sw3 appears as common mode and can thus be suppressed at the output.
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Figure 2-3: Input sampling phase of a multiply-by-two switched-capacitor circuit. Capacitor C,

in gray indicates the parasitic capacitance at node Vs3. Phase notation: 01 enables the sampling

phase, 02 enables the charge-transfer phase. Switch sw 3 is turned off first by 01A. Next swi and

Sw 2 are turned off by 41.

The charge-transfer phase relies on the operation of an opamp, configured in nega-

tive feedback through C2n to move the charge on C1, to C2n and exponentially settle

the output voltage by the output sampling instant. More specifically, at the start of

02 (see Figure 2-4a), the top plate of C1 , is connected to d VREF in a 1.5bit pipelined

ADC stage, where d can take on values [1, 0, -1] determined by the output of the

sub-ADC of the pipeline stage and VREF is the reference voltage of the ADC. The

voltage at the virtual ground node VX steps instantaneously, disturbing the virtual

ground node. In addition at the start of 0 2, the top plate of C2" is connected to

the output of the opamp VOUT. During 02, if the opamp has infinite gain, it settles

the output voltage VOUT exponentially to its ideal final value vof as the voltage at

VX exponentially approaches VCM as shown in Figure 2-4b. If the opamp has finite

gain A, and sufficient bandwidth to settle the output voltage to the required accuracy

of the ADC stage, the output voltage VOUT settles to its final value voUT,, while the

opamp input node Vx settles to VCM -vo UTf, resulting in output-dependent deviation

from the ideal output voltages vo and VCM at both nodes respectively (see Figure



2-4b). Insufficient gain of the opamp results in a gain error at the output VOUT, which

if larger than the accuracy requirement of the pipelined ADC stage, translates into

static non-linearity in the ADC digital output [6].



S VX2n VOUT

dVRE1 

VCM VCM

(a) Charge-transfer phase configuration of a conventional

multiply-by-two switched-capacitor circuit
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(b) Voltage waveforms at the output

node vOUT and opamp input node vx

and timing diagram for the charge-

transfer phase of a multiply-by-two

switched-capacitor circuit. The values in

gray indicate the ideal node voltages at

the end of <2, for an opamp of infinite

gain. The dashed lines indicate the node

voltages at VOUT and VIN for an opamp

of finite gain A.

Figure 2-4: Charge-transfer phase operation of a multiply-by-two switched capacitor circuit as used
in a pipelined ADC stage

Charge conservation is used to derive the transfer function of the multiply-by-two

switched-capacitor circuit of Figure 2-2. If an ideal opamp of infinite gain is assumed,



the following relationship between VOUT and VIN is derived in Appendix A:

VOU C - + )VIN dVREF- (2.1)
C2n C2n

If an opamp of finite gain A is assumed, the voltage at the feedback node is vx

VcM - v04 . The transfer function of the multiply-by-two switched-capacitor circuit

for finite opamp gain is also derived in Appendix A as:

(Cln+C2n )VIN - C1.ndVREF
VOUT+

where 3 is the feedback factor of the circuit, 0 = C. Finite opamp gain causes

gain reduction in the multiply-by-two transfer function, which produces missing codes

at the bit decision boundary of the pipelined ADC stage, the number of which is

inversely proportional to the opamp gain. The missing codes translate into a static

nonlinearity in the pipelined ADC transfer function and limit the attainable ADC

resolution[28, 6]. The opamp has to be designed with sufficient gain to satisfy the

desired ADC resolution. The gain error referred to the input of the first pipeline

stage for an ADC of full scale input VFS and N-bit of resolution has to be < }VLSB
to ensure no missing codes at the ADC output:

VFS

2 N+1 A/G'

2 N+1
A>.

>3GVFS

As / = the opamp gain requirement can be expressed as:

A > 2 N+1

Thus for a 13-bit ADC, the opamp gain has to be A > 84dB. In the presence of

opamp input-referred constant offset voltage VOS, the multiply-by-two circuit transfer

function can be expressed as:



(ClC2)(vI - - 1dVREF
VOUT +-

Circuit techniques, such as auto-zeroing and chopping [12] address constant offset for

improved output precision. Research efforts for gain error correction in opamp based

switched-capacitor circuits through digital background calibration has been developed

and have been used to reduce errors due to low gain [18], open loop amplification [32]

and incomplete settling [22]. The proposed techniques rely on continuous background

calibration tracking variations during the conversion process and there is a trade-off

between the attainable accuracy and the tracking time necessary to complete the

algorithm. Open loop amplification relies on a linear sub-DAC operation, while non-

linearity apart form the open loop amplifier are present. Furthermore a model for

the region of operation of the differential amplifier devices is assumed used in the

linearization algorithm. Incomplete settling relies on a first order response of the

amplifier with both its input and output starting from from a voltage independent of

previous samples and is also code-independent with every conversion step [22].

2.3 ZCBC Overview

2.3.1 Single Phase ZCBC

Zero-crossing based switched-capacitor circuits (ZCBC), [15, 4, 5, 26, 9] take ad-

vantage of the discrete nature of sampled systems to implement the charge-transfer

function in a power efficient way at higher speeds and over a wide range of output

accuracies[23].

Both opamp and ZCB switched-capacitor circuits share an identical sampling phase

#1 but differ in the way the charge-transfer phase is performed. In a ZCB switched-



capacitor circuit implementation, the function of the opamp in transferring charge

from Cin to C 24, is replaced by a current source charging C1", C2" and C,+1 , and a

Zero-Crossing Detector (ZCD) (see Figure 2-5a). At the start of <2, a preset phase

(Pre) resets the output node to a preset voltage (in the case of Figure 2-5a it is

ground). In addition, the preset phase ensures that the feedback node vx starts in this

particular case below the virtual ground condition, assuming a PMOS current sources

is used to charge up the load capacitors. The timing diagram and output waveforms

for the ZCBC charge-transfer operation are shown in Figure 2-5b. The output voltage

VOUT ramps towards its ideal final value vOf, while the feedback node vx ramps

towards VCM. The ZCD detects when the charge from C1 , has been transferred to

C2n, which occurs at the instant when the voltage at the feedback node Vx crosses

VCM. In contrast, the opamp in the conventional switched-capacitor circuit, through

negative feedback, forces the virtual ground condition to be vx = VCM.
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(a) Charge-transfer ZCB switched-capacitor circuit diagram used as

MDAC in a pipeline ADC stage

VouT

VoV0 - - - - - - --- - - - - - -I O

VCM

V"M-

Vx
VC -- -----------

02-

Pre__ _

ZCDOUt

(b) ZCBC waveforms at the output node

vOUT and negative feedback node vx and

timing diagram

Figure 2-5: Conceptual diagram of charge-transfer operation in a ZCB switched-capacitor circuit: a
current source and a zero-crossing detector (ZCD) replace the function of an opamp in conventional
switched-capacitor circuits. Finite ZCD delay td results in an output overshoot error voy from the
ideal output voltage vo.



For an infinitely fast ZCD and ideal current source of infinite output resistance, the

final output voltage VOUT of an MDAC multiply-by-two circuit ZCB implementation

is equivalent to the output voltage of an ideal opamp implementation and can be

described by Eq. 2.1. A non-ideal ZCD however, has finite delay which results in

an overshoot error (vov) in the output voltage as shown in Figure 2-5b. Next the

ZCBC output error is considered starting with ideal components and introducing

non-linearities one at a time.

2.3.1.1 Output Voltage Error

Ideally the current source has an infinite output resistance and current value idal

and the ZCD has an infinitely fast response or a ZCD delay, td = 0 . The output

voltage is sampled at the exact instant that the virtual ground condition is satisfied

(the voltage at node ox crosses VCM) such as the transfer function of the circuit is

described by Eq. 2.1. The overshoot voltage (voV = 0) in this case is zero. The ideal

output voltage (vo) can be expressed as:

vo(to) = IIDEAL to, (2.3)
CLO

where to is the zero-crossing instant. If the current source is still assumed ideal (i.e.

has infinite output resistance) but the ZCD output response has a finite delay td, then

the output voltage can be expressed as:

VOUT(tO+td)= IDEAL t IDEAL td
(to ) + -) = to±+

=vo(to) + -IDE AL ,

wherevov = 'IDEAL td is the overshoot voltage error due to the finite ZCD delay td.

Note that for a constant ZCD delay td, the output overshoot error appears as a

constant output error for all output voltages similar to the the input-referred offset



error (Vos) in an opamp based switched-capacitor circuit.

VDD

'IDEAL RO

VOUT

t=-- C

Figure 2-6: Simplified diagram of ZCB circuit ramp current source operation. Current source is
modeled as an ideal current source with finite output resistance RO and capacitor C represents the
ZCB circuit load capacitor. swl is assumed to open at time t = 0.

If the current source is no longer assumed ideal, to first order the current source

can be modeled as an ideal current source of value 1IDEAL in parallel with a finite

output resistance, RO ( refer to Figure 2-6). In practice, the current source output

resistance is a function of the current, which in turn depends on the output voltage

VOUT. Therefore the proposed model is a rough approximation of the current source

operation. Applying KCL at node VOLT yields:

iC = IDEAL + tRO

VDD - VOUT(t) (2.4)
=IDEAL -± 24RO

At a specific output value vo = vouT(to), during the ZCD delay (td), the voltage

change at the ZCBC output VOUT can be assumed to be small relative to the ZCBC

full-scale output voltage VFS. To begin with, to first order the output voltage depen-

dence of the current around VOUT= vo, can be neglected. Thus, assuming a constant

current around the operating point VOUT vo and applying KCL, the current through



the capacitor ic(t) can be expressed as a function of vo as follows:

VDD --V0
ic(t) Ivo= IDEAL + VO

The voltage change from time to = 0 (the zero-crossing instant) to time tf = td at

the ZCBC output VOUT can be expressed as a function of the output voltage value vo

as follows:

td

vov(td) v, = f (IDEAL ~ VDD - Vo)dt

0
=IDEAL VDD td V0 td

- C CRo CRo

(IIDEAL~ +0 Lt - CR td. (2.5)
C CRo

Let 'IDEAL -+, thenIEL Ro Ite

VO (td) |v,= td -Vo td (2.6)
C CRo

If the ZCD delay td is assumed to be constant with the output voltage vo, then the

first component of Eq. 2.6 is independent of the output voltage vo, while the second

component is output-dependent.

In the analysis above the current, at a fixed output voltage value vo, is assumed con-

stant as the output voltage changes from instant to when the virtual ground condition

is satisfied to tf when the ZCD output transitions. Next the case of output current

dependence on VOUT is included. Remembering the voltage and current relationship

for a capacitor ic(t) = CdvOUT (t) and substituting in Eq. 2.4, the output voltage VOUT

as a function of time can be found from the following first order differential equation



CdvTt) = IDEAL + VDD - VOUT(t) (2.7)cdvouT(t) -DD -__yT __C dt IIEL+ RO . .7

The solution to Eq. 2.7 is of the form VOUT(t) = Kest+ P, where s = - can be

found from the homogeneous solution to Eq. 2.7, while P =IIDEALRO+ VDD and

K = -P are found form the particular solution of Eq. 2.7 and the initial condition

voUT(t = 0+) = 0 respectively, when swl in Figure 2-6 closes. The instant of swl

closing corresponds to the falling edge of the preset signal Pre in Figure 2-5b. It

follows that VoUT(t) can be expressed as:

VOUT(t) = (IIDEALRO + VDD)(1 - e ROC). (2.8)

Since the output voltage vouT(t) of interest for the current source operation is for

t < RoC, Eq. 2.8 can be approximated by using a Taylor series expansion of the

term e ROC: e RO RCC + 2!( + +.... Then vouT(t) can be approximated

including only the first three terms as:

VOUT(t) = (IIDEALRO ± VDD)(l (1 - P__ t

=(IIDEALRo + VDD)( - P - 2
RCC 22(R0 )C)

=(IDEAL 
+ VDD)J - P

oC 2RCC2)

-t - 02t (2.9)
C 2RoC2

If vo(t) = -st is the error-free output voltage in this case, then:



VOUT(t) =vo M ) IC2t2 (2.10)
2RoC

=vo(t) - (vo(t)) 2  (2.11)
21ORo

(vo (t))2 )(.2
=VO W)(I - ) (2.12)

The second term in Eq. 2.10 represents the output error due to the finite current

source output resistance and it is the error at the output for an infinitely fast ZCD.

Differentiating Eq. 4 yields the current ic(t) through capacitor C as a function of

time assuming the approximation made above t < RoC

cdvouT(t)

ic(t) = C it
dt
t

o(1 - RC). (2.13)

Until this point a finite current source output resistance was considered in the

analysis leading to Eq. 2.9, assuming an infinitely fast ZCD. For a finite ZCD delay

td the output voltage can be expressed as:

!IUt Io(to + td) 2

VOUT(tO + d = ± td) 2RoC 2

Io I0 It _ ot Otd_ IOt2
-to ± -td - 0___ d ____ ___

C C 2RoC 2  CRoC2  2RoC 2

IO 10 t2 IOtOtd _IOt2

=vo(to) + Ct 2RoC 2  RoC 2  2RoC 2

where to is the zero-crossing instant. The output error (COUT) can be expressed as a

function of the error free output voltage vo(to) = IO as:



EOUT(VO (to), td) = vOUT(to - td) - vO(to)

Io VQ(tO)td (VO(to)) 2  It_= td - .O______ d (2.14)
C RoC 2Rolo 2RoC 2

The first error term in Eq. 2.14 contributes to the overshoot error (voV) and is due

to the ideal current source in the current source model and finite ZCD delay td. The

second term describes the first order dependence of the overshoot error (voV) on

output voltage due to both the finite resistance Ro of the current source and the

finite ZCD delay td, under the assumption that the ramp current does not vary by

much during td. The third term represents a deviation from the ideal output voltage

(vo(to)) due to the finite current source output resistance Ro and is present even if

the ZCD has zero delay as seen in Eq. 2.10. The last term of Eq. 2.14 represents the

output voltage error due to the output current dependence on the variation of output

voltage during the delay td of the ZCD. Note that if the second order terms of Eq.

2.14, are neglected, it reduces to Eq. 2.6. For a constant finite ZCD delay, both the

first and last term of Eq. 2.14 are constant for all output voltages, which means that

they do not contribute gain error or non-linearity at the output and can be corrected

by using offset correcting techniques similar to the ones used in conventional opamp

based switched-capacitor circuits. On the other hand, the second and third term

are output-dependent errors and contribute to non-linearity at the ZCB switched-

capacitor circuit output and will be the focus of the following discussion:

VoV (VO (to), td) = 0td - VoCtO. (2.15)

The squared term - 2td is only delay dependent and is a lot smaller than the first

term I td a (2td)< td 1, as td < ROC and thus will be neglected. The remaining

square term is (Vo(to))2 (vo(to))2 where VA is the Early voltage of the current source

does not contribute an error as it is not delay dependent and the feedback network in



the case of zero delay will cause the zero-crossing to occur at the ideal output voltage

value so this term will be neglected.

It has been shown that the output-dependent component of the overshoot error

(vOV) is similar to the error due to opamp finite gain in an opamp implementation

[36, 6, 17]. The output resistance dependence of the current source on the constant

current 1o can be expressed through the concept of Early voltage VA as:

RO- VA (2.16)
10

If only the output-dependent component of the overshoot error is considered, the

ZCBC output voltage can be derived by adding the output-dependent overshoot error

V OO - (t) to the ideal output voltage expressed in Eq. 2.1 to yield:

(Cl'+C2n)VIN - gindVREF

VOUT -0VOU11~ ~ ± tdIO (.7
VAC

Note that Eq. 2.17 has the same form as Eq. 2.2. Thus, ZCBC output linearity to first

order is limited by the output-dependent overshoot error, which has a similar effect

as finite opamp gain on output linearity in a conventional opamp based switched-

capacitor circuit.

2.3.2 Dual Ramp ZCBC

To improve ZCBC output linearity, a dual ramp ZCB switched-capacitor circuit is

introduced in [15]. The goal of dual ramp ZCBC is to reduce the ramp current

at the zero-crossing instant instant, thus reducing the output overshoot error and

output non-lineraity. The concept behind the dual ramp technique is based on a two-

phase charge-transfer operation. A fast, coarse ramp is generated to approximate

the output voltage during the first phase, followed by a slower fine phase. The fine

phase corrects the overshoot error of the coarse phase (Figure 2-7) to arrive at a more

accurate estimate of the output value than a single phase ZCBC implementation. The



ideal fine phase current Iof,, is only a fraction of the ideal coarse phase current locoae

and typically of opposite sign of 'Ocarse At the end of the coarse phase when the

ZCD makes its decision, 'ofn,, is turned off and the output voltage estimate is held on

the load capacitors C1i, C2, and C,+,. The fine phase current source is then turned

on and the output ramps down (Figure 2-7a) to a more accurate approximation of the

ideal value vo as shown in Figure 2-7b. The ZCD output transitions as the voltage

at Vx crosses VcM again, which defines the output sampling instant.

As the current IOf is much smaller than lo.,, the current at the second zero-

crossing transition is reduced, resulting in a smaller overshoot error. As demonstrated

by Eq. 2.14, the coarse phase output overshoot voltage voyOare to first order consists

of an output-dependent component and another component invariant with output

voltage. The invariant part of VOVy0 ,,,e if input-referred, can be thought of as an

offset voltage in an opmap based circuit and various techniques exist to correct for it

at the end of the coarse phase. If constant overshoot correction is used, the fine phase

then has to only correct the output-dependent part of the coarse phase overshoot error

VOcoasre *
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Figure 2-7: Simplified dual ramp ZCB switched-capacitor charge-transfer operation based on phases:

coarse and fine phase. The ZCD detects the virtual ground condition at the end of each phase.



In the discussion to follow the focus will be on the output-dependent overshoot

error at the end of the coarse phase (v.cr) and at the end of the fine phase (v.,,).

In Appendix B, the fine phase overshoot error voVfne is derived in detail as a function

of the ideal output voltage vo(t) and ZCD delay td (assumed to be the same for both

phases of charge-transfer operation):

Vo vI f (VOtdt ) - _,,, td V O (t)td td I _O_ ... , d t\

C C R0,,, Ro "',C ) 2C 2 ROfn Ro_,C S

The output-dependent overshoot error component vvfne is then (making the assump-

tion that Roarse does not vary significantly with the ZCB circuit output voltage VOUT)

VOvfine(VO(t ) td) - (t) td1 - td )
CRofe Ocoarse C

The transfer function for the dual ramp ZCB multiply-by-two switched-capacitor cir-

cuit can then be derived by adding the fine phase output-dependent error component

Vfine (vo(t)) to the ideal output transfer function derived in Eq. 2.1:

VOUT (Cl+C2'VIN - dVREF
VO)I + C2 td (1-~nt

RofineC ROcoarseC)

If the Early voltages of both current sources are assumed approximately the same,

the transfer function can be re-written as:

(ClnC2n)vIN - c-'MVREF

VOUT dI t C2-
t1 Ifine tdlOcoarse fine

VA C VAC

As Iof,, decreases during the fine phase, vjf,,, which is proportional to first order

to Iofne is proportionately decreased and the ZCB circuit output linearity improves

as well. If the fine phase current Ifie is smaller than the ramp current (Iosingl) in

a single phase ZCB multiply-by-two switched-capacitor circuit, the equivalent gain



error in the output voltage is reduced in comparison.

Suppose Of ine =-

Suppose o = , the ZCB circuit full-scale output voltage is VOUTFS and

the ZCD delay td is the same in both phases of charge-transfer. The coarse phase

output-dependent overshoot error (VOcoarse) from Eq. 2.14 expressed as:

VO(t )td
voVcoarse(vo(t)) = R- c .s (2.18)

Roco__eC

Assuming for simplicity and for comparison purposes that td< RocoarseC, vvfine can

be reduced to:

VOVf e(VO (t)) = -ta vo -- tdV .OtIOf (2.19)
Roftn C VAC

For simplicity suppose also that the Early voltage VA of the fine and coarse phase

current source devices is the same. Then from Eq. 2.18, Eq. 2.19 and Eq. 2.16 it

follows that the output-dependent overshoot error at the end of the fine phase vofjne

is reduced by the ratio H of the coarse (10.arse) to fine (I0fine) currents:

-tdVOUTp

C( VA
0vcoarseMAX _ 'Ocoarse

VOluf. iMAX 
2 tVuTF2.0

,of ine

'Ocoarse

,OfAine

-H.

To get a better idea of the trade-offs in terms of output linearity and power dissipa-

tion due to the current sources, between single and dual ramp ZCBC implementations

for fixed sampling speed, suppose both switched-capacitor circuits operate at the same

sampling speed so that tsingle = tcoarse + tfine = where T8 is the sampling period,

tsingle is the maximum duration of the single phase charge-transfer and tcoarse is the

maximum coarse phase duration. Assuming ideal ZCB circuit operation, if the single

and dual ramp currents are 'Osingle I Ocars, and 'o fin respectively, and vocoarseMyx and



vjf ineMAX are the maximum coarse phase and fine phase output-dependent overshoot

errors respectively, it follows that:

VOUTFS _ VOUTFS VovcoarseMAX

'single coarse ±fine
C C C

Substituting E. 2.20 into Eq 2.21, the relationship between Icoarse and 'single can be

expressed as:

vovcoarsemAX H
1 1 VOUTFS

'Osingie '0coarse + 10coarse

10 = IO lI + | ovcoarTseMAX H). (2.22)
,oar\ 9OUTFS

Substituting I VovcoarseMAX = H | VovfineMAx | in Eq. 2.22 if H is fixed, in one

extreme VOefine << VOH2 then and the power dissipation of theH2  then 'Ocoarse 10'singie adtdsiaino h

current sources (not taking into account ZCD power dissipation) is comparable for

both implementations. If vofineMAX = Hi5  then the coarse current doubles

(Iocoarse a 2I0single) and the ramp rate of the coarse phase doubles (assuming C is

fixed) compared to the single phase implementation at the same switched-capacitor

circuit sampling rate. If vofineMAX > VH_7 I l0coarse will increase significantly in

comparison to Ios, and the maximum output-dependent error vafineMAX will also

increase for a fixed H.

Another measure of the output linearity improvement of the dual ramp ZCB cir-

cuit over a single phase ZCB circuit is the ratio of the maximum fine phase over-

shoot Vne- VOUTtdOcoarse (from Eq. 2.20) to the maximum overshoot

A OUTFStdIOsingi nVovsingleMAX VA C iasnge phase implementation

|vofineMAX I_ c , ( .) (2.23)
VovsingleAX \0sHngl )

If 'coarse= Hsinge, there is no longer a benefit to using a dual ramp ZCB implemen-



tation as Io,, = IOfine* Substituting Eq. 2.23 into Eq. 2.22 gives an expression for

the improvement in output linearity for a fixed 1o,, ing, H and ratio 10;-ar:
'single

VovfineM x H =1 + |VovfineMAX | H 2

| VovsingIeMX VOUTFS

VO~fi nM VovsingleAXx I
H (1 - H " "v ' ''e A I

VOUTFS

One downside to the dual ramp ZCB implementation is added complexity of the

second phase and power dissipation during the fine phase, contributed by the ZCD

and the fine phase current source Ifine. The power dissipation contribution of the

ZCD in the case of a dynamic ZCD (as used in [4]) roughly doubles due to the ZCD

second transition at the end of the fine phase. However, if a preamplifier is used as

part of the ZCD architecture then the static power of the ZCD in the dual ramp case

increases proportionately to the fine phase duration tfine, assuming the coarse phase

is equivalent to a single phase ZCB implementation ('coarse = Ifine) for fixed load

capacitor C. The fine phase current is only a fraction of the coarse phase current

and the increase in power dissipation contributed by Ifine should not be significant

in comparison to a single phase ZCBC of the same ramp current as the coarse phase

current ('coarse = Ifine) for fixed load capacitor C. However, the dual ramp ZCB

circuit has to operate at lower speed than its single phase counterpart to allow for

the fine phase duration (tfine).

2.3.3 Dual Ramp ZCBC with Correlated Level Shifting (CLS)

A technique to further reduce the output-dependent overshoot error beyond the out-

put linearity improvement introduced by dual ramp ZCBC is described in [17] used

in a low-voltage zero-crossing based integrator in a delta-sigma ADC. It combines

correlated level shifting (CLS) (similar to the technique in [16] in a 1.5bit per stage



opamp-based pipelined ADC) and dual ramp ZCBC operation. Correlated level shift-

ing is a technique which reduces finite amplification gain error. In dual phase ZCBC's

the natural break between the coarse and fine phases allows the implementation of

the CLS with no penalty in charge transfer time. The basic principle of the ZCBC

CLS technique is the combination of two-phase charge-transfer operation (estimation

phase or coarse phase and level shifting phase or fine phase) with an additional output

capacitor (CCLS in Figure 2-8) which samples the output at the end of the estimation

phase and cancels it from the feedback path during the level shifting phase. Capacitor

CCLS is charged in parallel with the load capacitor (Ceq + C,±i) during the coarse

phase. The function of CCLS is to sample the rough output voltage estimate at the

end of the coarse phase. During the fine phase, CCLS decouples the ZCB output VOUT

from the fine phase current source output VCLS, as shown in Figure 2-8. Thus the fine

phase current source output is decoupled from the full-scale ZCBC output voltage.

Therefore, the fine current source output voltage swing is only bound the overshoot

error, which remains to be corrected by the end of the fine phase. Reduced output

swing at the fine current source output node results in reduced current variation and

better ZCBC output linearity as demonstrated earlier in Eq. 2.19. The timing dia-

gram and output waveforms for the dual ramp ZCBC with CLS are the same as the

ones shown in Figure 2-7b.
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Figure 2-8: Simplified diagram of dual ramp ZCBC with CLS switched-capacitor circuit used as
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operation is similar to the dual ramp ZCB implementation but for a level shifting capacitor CCLS,
which samples the output at the end of the coarse phase and decouples the ZCB circuit output VOUT

from the fine phase current output VCLS



The overshoot error at node VOUT at the end of the fine phase is derived in detail

in Appendix C, as a function of the ideal output voltage vo(t) and ZCD delay td

(assumed to be the same for both phases of charge-transfer operation) :

,/Ifinetd 10.o:,.st| PVO t)t2
VOVfi (vo(t), td) = I + d

Cfine 2RQo_ C2oarseRofne Cf ine ROcoarse Ocoarse ROfie f ine

where -y is the voltage divider ratio from node VCLS to the output node VOUT, -y

Ceq+Cn Ccs Ccoarse = CCLS + Cn+1 + Ceq is the load capacitor being charged by

Icoarse during the coarse phase and Cfine = CCLS (Cn+1 + Ceo) is the capacitor being

discharged by 'fine in Figure 2-8. The fine phase output-dependent error vffin is:

von,.(v~t),V0 =v(t)t2

Ror CcoarseRo ine Cf ine

The transfer function for the dual ramp ZCB multiply-by-two switched-capacitor

circuit charge-transfer, can be derived by adding the fine phase output-dependent

error component vc, f ie (vo(t)) to the ideal output transfer function derived in Eq.

2.1 to yield:

(Cln+C2n vIN - C-ndVREF

VOUT - (2.24)
ROcoarse Ccoarse Rof, Cf ine

Substituting the expressions for Ccoarse and Cfine in Eq. 2.24, and assuming the Early

voltages for both fine and coarse current sources are approximately the same, the ZCB

circuit transfer function becomes:

VOT C2n )VIN - cindVREF

dhcoars e Of ine
V 'CCLS(Cn+1+Ceq)

For the purpose of comparison to the dual ramp ZCB circuit implementation transfer

function, the case of CCLS = Cn+1 Ceq = C is considered, the ZCB circuit transfer

function can be re-written as:



(C1_+C2jVIN - c REF
VOUT 1 IlOcoarseI dVReF

V2C
2

Note that in comparison to the dual ramp ZCB implementation without CLS, the

gain error in the transfer ZCBC function contains only the square term dependent

on td. The use of CLS therefore reduces the output-dependent overshoot error by

tdcoarse . The downside is added power needed to charge the level shifting capacitor
HVAC

CCLS during the coarse phase. If the level-shifting capacitor CCLS is equal in value

to the load capacitor C (as will be discussed further in Chapter 4 and is shown to

be an optimal value in Appendix D), the coarse phase current source power doubles

compared to the dual ramp implementation.

2.4 Hybrid CLS-OpAmp/ZCB Circuit

2.4.1 Architecture Overview

An alternative two-phase architecture, to the dual ramp ZCBC with CLS, is the

hybrid CLS-OpAmp/ZCB circuit (Figure 2-9) introduced in [20], where it was im-

plemented in an 11bit 20MHz 1.5bit/stage pipelined ADC. This topology combines

the benefits of both ZCB and opamp based switched-capacitor circuits. The hybrid

CLS-OpAmp/ZCB technique is also based on a two-phase charge-transfer operation.

The first phase produces a power efficient, rough estimate of the virtual ground and

output voltages based on ZCB charge-transfer operation. It is identical to the coarse

phase of the dual ramp ZCBC (refer to Figure 2-9a). For improved output voltage

linearity an additional phase, using an opamp in negative feedback configuration, cor-

rects the coarse phase non-linearity. More specifically, the fine phase (Figure 2-9b)

settles the overshoot error incurred at the end of the coarse phase to a more accurate

estimate of the output voltage. The output waveform and timing diagram for the

hybrid CLS-opamp/ZCB switched-capacitor circuit is shown in Figure 2-10.
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Figure 2-10: Timing diagram and voltage waveforms at the virtual ground node vx and the ZCB

switched-capacitor circuit output VOUT for CLS-OpAmp/ZCBC implementation

To further improve the output voltage accuracy, the CLS technique described in

Section 2.3.3 is also implemented in addition to combining ZCB with opamp based

charge-transfer operation. The level shifting capacitor CCLS is placed in series with

the opamp output VAMP during the fine phase (Figure 2-9b), effectively decoupling

VAMP from the switched- capacitor circuit Output VOUT. The initial output voltage

of the opamp AV at the beginning of the fine phase is proportional to the difference

between the rough estimate VEST and final value vF of the output voltage VOUT.

2.4.2 Advantages of Hybrid Approach

The advantages of this topology for high precision, high speed switched-capacitor

circuits stem from the combination of the power efficiency of ZCBC with the added

precision of opamp settling of the error at the virtual ground and output nodes

through negative feedback. The use of level shifting capacitor CCLS, combined with a

two-phase operation, lessens the gain and swing requirements of the fine phase opamp.

The additional opamp phase makes the architecture tolerant of errors limiting ZCBC



precision, especially at higher sampling rates and therefore higher ramp currents. In

the context of a high speed, high precision pipeline ADC multiply-by-two switched-

capacitor circuit, the errors alleviated by the hybrid CLS-opamp/ZCB topology can

be broken down as follows:

. Voltage reference settling error

In conventional opamp based charge-transfer operation, the voltage references settle

for the duration of the entire charge-transfer phase, which is half the sampling period.

In ZCBC the zero-crossing instant is input-dependent in contrast to a conventional

opamp-based switched-capacitor circuit, where the sampling instant occurs always at

the end of <02. In single phase ZCBC, the voltage references of the pipelined ADC

stage have to settle for the minimum input voltage at node VX, which translates in

time to a small fraction of the sampling period. If the voltage references do not settle,

an input-dependent error is introduced, resulting in an output non-linearity.

An opamp based fine phase, following the ZCB charge-transfer phase, allows the

voltage reference inputs to settle for the same time as in a conventional opamp based

switched-capacitor circuit. In addition, during the fine phase the current through

the reference switches decreases exponentially just as in an opamp-based switched-

capacitor circuit. In contrast, the reference switches carry the entire ramp current

in single phase ZCBC, resulting in input-dependent errors due to switch resistance

variation.

. Output-dependent switch resistance error

The switches connecting the current source to the feedback capacitor C2n and load

capacitor Cn±1 to the current source during the ZCB phase carry the entire ramp

current. The resistance of either switch is dependent on the output voltage as the

switch transistor drain or source is directly connected to the output. Current split-

ting is used [6] to remove series switches in the current path of the current sources

and the associated voltage drops and will be discussed in more detail in Chapter 3.



In addition bootstrapping can reduce the switch resistance output dependence. At

higher speeds and higher accuracy the total ramp current increases which, results in

increased output-dependent voltage drops across the output switches, introducing a

nonlinearity at the output.

The current through the output switch decreases as it is settled exponentially by

the opamp during the fine phase. The initial value of the current, supplied by the

opamp is only a function of the difference between the coarse phase output voltage

estimate and the final value, which is significantly smaller than the coarse phase ZCBC

current, thus reducing the voltage error across the switch. The exponential decay in

current through the output switch reduces even further the contribution of voltage

error due to variation in the switch resistance with output voltage and improved the

output linearity of the switched-capacitor circuit.

. Reduced opamp gain and settling requirements

During the fine phase, the opamp only corrects the output-dependent overshoot error

of the coarse ZCBC phase output voltage. The gain and settling requirements of the

opamp are therefore reduced by the effective gain of the coarse phase compared to

an opamp charge-transfer operation. The gain and settling opamp specifications are

discussed in more detail in Chapter 4.

* Reduced opamp output voltage range

The opamp is decoupled from the full-swing output of the switched-capacitor circuit

and effectively only corrects the output-dependent overshoot error of the coarse ZCB

phase. The output swing for the opamp in a hybrid CLS-OpAmp/ZCB topology

is therefore much smaller compared to the output swing of a conventional opamp

based switched-capacitor circuit implementation as well as an opamp based CLS

architecture. Small output swing allows for cascoding, for gain enhancement. Both

output swing and choice of opamp topology are discussed in more detail in Chapter

4.



2.4.3 Fine Phase Charge-Transfer

Assuming an ideal opamp with infinite gain, which has fully settled, the change in

charge during the fine charge-transfer phase on capacitance C1 , 11 C2" is proportional

to the change in the voltage across it:

C1C2AQ1 = [(VO - VREF) - (vO - Vov - VREF)]

where vo is the ideal output voltage, v. is the output-dependent overshoot error, vo +

vov is the final value at the end of the coarse phase (assuming the output independent

overshoot error has been corrected) and vo is the final value at the end the fine phase

as the ideal opamp fully settles the coarse phase overshoot error. The change in

charge during the fine phase on capacitor C,+1 is proportional to the change in the

voltage across it:

AQ 2 = Cn+1 [(vo - VCM) - (vo +'vV - VCM)].

The change in charge during the fine charge-transfer phase on the level shifting ca-

pacitor CCLS is proportional to the change in the voltage across it:

AQ = CCLS[(VCM + VAMP - vo) - (VCM - (vO + ov)]

AQ 3 = CCLS (VO - (VCM + Vamp) - ((vO + ov ) - VCM)1

where vampf is the final opamp output voltage with respect to VCM. Charge conser-

vation holds that AQ1 + AQ 2 + AQ 3 = 0 :

C1C 2 ( VO±) + Cn+1(-vov) + CCLS (V -ampf - ov ) = 0CI + C2 ( )



dC2
VO ( C +Cn+ 1 + CCLS) = Camp, CLS

C1+ C2

v( 0  CCLS a . 2.S
____- CIC2 + Cn+1 + CCLS (2.25)
Vampf c(1±c2

Let

'Y = CC2 CCLS (2.26)
c 2 + Cn+1 + CCLS

then it follows that in the case of an ideal opamp with infinite gain, which settles

fully by the end of 0 2 ,the final value of the opamp output voltage is:

Vamp 1 V.. (2.27)

From Eq. 3.12 it is evident that there is a trade-off between -Y or the size of the level-

shifting capacitor and the opamp voltage swing requirement, which will be discussed

in further detail in 4.

2.4.4 Voltage Waveforms

To understand better the linearity limitations of hybrid CLS-OpAmp/ZCBC the out-

put waveforms during the fine charge-transfer phase are described in this section.

To derive the transfer function of the fine opamp-based phase of charge-transfer

operation, first the node voltages at the end of the coarse phase and beginning of fine

phase will be established. The output voltage at the end of the coarse ZCB phase

(see Figure 2-9a) can be described to first order to have the following components

from the discussion on error contributions to VOUT in Section 2.3:



VOUT = VO + VOV + v.

where vo is the ideal output voltage and Vov is the constant part of the overshoot

error for the case a finite ZCD delay of constant value td and constant slope ramp

(refer to Eq. 2.14). The output-dependent component of the overshoot voltage error

ex = f(vouT) is a first order approximation of a ZCB circuit with finite current

source output resistance and finite ZCD delay of constant value td, assuming the

current does not vary significantly with output voltage during td. The constant part

of the overshoot appears as an input-referred offset and can be canceled as discussed

previously. In [4, 20], different methods to address the constant overshoot error

correction are proposed and are discussed here in more detail in Chapter 4. For

simplicity of the analysis below, it is assumed to be corrected, i.e. Vov = 0.

The virtual ground condition is not accurately met at the end of the coarse phase

due to the non-idealities described above, resulting in an error at the opamp input

node VX. The voltage at vX at the end of the coarse charge-transfer phase can be

expressed as:

VX = VCM + PvO(vouT) (2.29)

where VCM is the voltage at VX if the virtual ground condition is fully satisfied at

the end of the coarse phase and 3 is the output feedback factor P= C- (refer to

Figure 2-9b).

Next the fine phase node voltages will be established. At the start of the fine phase

(t = 0-) the opamp output starts at VCM,

VAMP(O) = VCM-

The opamp output voltage V.4MP during the fine phase can be expressed as:

( 2.28)



VAMP(t) = VCM + Vamp(t).

The opamp input vx during the fine charge-transfer phase can be described as:

VX(t) = VCM + V.(t)

and the initial condition at node vx at the beginning of the fine phase is

vX(0O) = vOV.

The output voltage (assuming Vov = 0) can be expressed as:

VOUT = vo + vot(t),

with an initial condition at the beginning of the fine phase

vot(0-) = v,.

As all incremental node voltages have been defined during the fine phase of charge-

transfer operation, next a small signal model can be derived.

* Small Signal Model

The function of the level shifting capacitor CCLS, as already described, is to store

the estimate VOUT of the ideal output voltage vo at the end of the coarse phase. The

opamp output voltage vamp(t) during the fine phase depends only on the error vov

between the coarse estimate and the ideal output voltage vo. Only the voltages vx(t),

Vamp(t) and vost(t), affected by the opamp charge-transfer operation are considered

below. An equivalent small signal diagram of the fine opamp based charge-transfer

phase is shown in Figure 2-11 based on the node voltages defined above.
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Figure 2-11: Fine phase small-signal diagram. Conventionally a voltage-dependent-voltage source
models the function of the opamp

At the instant during the fine phase (t = 0) when the opamp is connected in a

feedback configuration with capacitors C1 , C2n, CCLS and Ci, the voltage difference

Vin = Vin, - Vinn (refer to Figure2-11), where vim, and vinp are the inverting and

non-inverting inputs of the opamp respectively, changes instantaneously from 0 to

-pv,,. Note that when the opamp is connected in feedback v, = vian. The input

to the opamp Vin at the beginning of the fine phase can be modeled as a unit step

function vi,, (t) = -Pvou(t), where vv is the output-dependent overshoot error. The

voltage waveforms at vamp, v2, vut can then be represented as superposition of the

step responses v'mp, v'(t) and v' (t) of the opamp in feedback configuration with

capacitors Cin, C2n, CCLS and C1l, with no initial charge on all capacitors and the

initial voltages at nodes vamp(0 ), v(0 ) and vt(0-) before the opamp is connected

in feedback. Therefore vamp, v2, vou can be expressed as:

Vamp(t) Vamp(0-)+ V mp(t) (2.30)

v2(t) = v2(0~) + v (t) (2.31)

vout(t) = vut(0-) + vO U(t). (2.32)

The transfer function from the opamp output voltage to the opamp input can be

derived as follows (refer to Figure 2-12):



amp(s) _ A (s)
v'(s) 1+KA(s)

where K = Py and A(s) = A is the opamp transfer function (assuming it can be

described as a first order system with time constant T and gain A). Substituting A(s)

into Eq. 2.33:

V'm (s) _ A
"(s)"A (2.34)

V' (s) 1+ sT+KA

A 1
=-(1+KA ). (2.35)

Taking the Laplace transform of the input vi2 (t) and substituting it in Eq. 2.35, the

output voltage Vamp(s) ca be expressed as:

A 1 - V
vamp(S) = (1+KA + S (2.36)

T

Taking the inverse Laplace transform of Eq. 2.36 yields the opamp output voltage

Vamp as a function of time during the fine charge-transfer phase:

A )I t(1+AK) )amp(t) = -v( I+ AK )(1-e ). (2.37)

= __Y V,( )(I _ e-(1+AK)
From and Eq. it follows that v' = YVm Thus the

step repose at node v(± )- is:

I =AK t(1+AK)

V+t = -)(e ). (2.38)

The voltage at node v, is related to the output voltage v,.t by vx = /v3 ,t. Therefore



the step repose at node v. is:

AK t(1+AK)
V() = -v( )-- ). (2.39)1-+-AK

From Eq. 2.30 , Eq. 2.31, Eq. 2.32, and Eq. 2.37, Eq. 2.39 and Eq. 2.38 the fine

phase voltages at nodes vamp, v2, vet can be expressed as:

Vamp(t) = -,3v,( )(+K ) (2.40)
1±AK

1+AK t(1+AK)vx(t) =-3vv ( A) + vv( l±AK) e T (2.41)

1 AK t(1+AK)

vout(t)= v0 ( 1+ AK) +vo( 1 + AK)e- ) (2.42)

and are plotted as a function of time are plotted in Figure 2-15, Figure 2-14, and

Figure 2-13 respectively.

A(s) ap,(s)

Figure 2-12: Block diagram for the transfer function the opamp input vi2 (s) to the opamp output
voltage vamp(S)-
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Figure 2-13: Fine charge-transfer phase time waveform at the opamp output node vAMP .
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VCM + V1
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Figure 2-14: Fine charge-transfer phase time waveform at the negative feedback node vx.

VOUTA

VO+ 1 A
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Figure 2-15: Fine charge-transfer phase time waveform at the output node VOUT.

The transfer function for hybrid CLS-OpAmp/ZCBC can be expressed by adding

the error 1rA = t-tdat the output voltage node VOUT to the ideal transfer function

From Eq. 2.1 to obtain:

(C1C2n vIN - I, dVREF

1 (1td 1
\VA C }\i±A,3-

VOUT ~- (2.43)

t



In the above expression it has been assumed that the opamp has settled to the desired

accuracy and only the gain error is considered for the purpose of comparison.

2.5 Conclusion

Table 2.1 summarizes the output voltage and gain error for the different ZCB topolo-

gies described in this chapter when used in a multiply-by-two switched-capacitor

realization of an MDAC in an n"1 pipelined ADC stage. To simplify the output volt-

age error comparison, suppose the sampling rate, ZCD delay td and load capacitor

C are fixed for all topologies. Moreover, suppose all two-phase based topologies use

the same coarse ZCB phase with ramp current Ior* Note also that in the analysis

thus far the ZCD delay td at the end of the coarse and fine phases has been assumed

equal.

The gain error of a single phase ZCB topology is similar in form to the gain error

of a conventional opamp based switched-capacitor circuit using negative feedback.

One important difference is that the ZCB topology gain error is proportional to the

ramp rate and will increase with the ADC sampling rate, while in the conventional

opamp based circuit, the gain error is static. The opamp is assumed to have set-

tled to the required accuracy of the multiply-by-two switched-capacitor circuit. The

main advantage of ZCBC is their power-efficiency in performing the charge-transfer

operation in switched-capacitor circuits [25].

The gain error improves from the single to dual ramp ZCB implementation by a

factor of 107r if only the linear ZCD delay-dependent error term in Table 2.1 isIoH

taken into account. Note that if the sampling rate is fixed, then the coarse phase

ramp current has to be larger than the single phase ZCB current, 10orr5 > 0. The

dual ramp ZCB charge-transfer operation takes advantage of a fast coarse ramp which

allows the fine phase current to be reduced by a factor of H since it is used to only

correct the output-dependent overshoot error of the coarse phase output. Reduced

current during the fine phase ZCD transition results in a decreased output-dependent



overshoot error and therefore improved output linearity by a factor of H. The down-

side is increased power dissipation, the reasons for which are twofold. The ZCD has

to detect the second virtual ground condition during the fine phase. If a dynamic

ZCD is used, this results in power increase by a factor of two if the same ZCD is

used during both phases. If a preamplifier is needed in the ZCD architecture, then

the preamplifier bias current contributes to power dissipation for the entire charge-

transfer phase in contrast to single phase ZCBC, where the time, during which, the

preamplifier in on is input-dependent. The second source of increased power dissipa-

tion comes from of the coarse phase current as discussed in Section 2.3.2, assuming

the fine phase current contribution is small. A slower more power-efficient ZCD can

be used for the second zero-crossing detection to alleviate the power penalty of dual

ramp charge-transfer.

The dual ramp ZCB architecture with CLS eliminates the gain error term linear

with respect to the ZCD delay td ( tdfoase ), present in the dual ramp ZCB circuit and

therefore improves the output linearity of the multiply-by-two circuit. This comes at

the expense of larger power dissipation during the coarse phase, necessary to charge

the level shifting capacitor CCLS.

In the hybrid CLS-opamp/ZCB architecture, the use of an opamp, in place of a

fine ZCB phase, is an improvement in terms of gain error over the dual ramp ZCB

topology because the error term t'loporse -- 0ge is reduced by the loop gain of the
HVAC A C

circuit (tdOcoarse _ o ). Compared to dual ramp ZCB circuit with CLS, the

linear term of the gain error with respect to the ZCD delay td is not eliminated but

greatly reduced. Using an opamp during the fine phase comes at a cost of greater

power dissipation compared to the power dissipation of the fine phase of a dual ramp

ZCB circuit with CLS, which is due to a fine phase current source and the second

transition of the ZCD. One important advantage of the hybrid CLS-opamp/ZCB

topology is that it reduces errors caused by voltage drops across switches, which

contribute to output non-linearity in addition to the overshoot error. The current



through the output switches and reference voltage switches decays exponentially as

the output settles and the input to the opamp approaches virtual ground. In the ZCB

architectures the current through the switches in the circuit is the entire ramp current

and it is even larger for a single phase ZCB circuit by a factor of ""'g" compared to its
FOf ne

two-phase counterparts. The opamp based phase only has to settle the output voltage

error to a few time constants compared to a conventional opamp-based circuits and as

shown in [391, the power efficiency of opamps in switched-capacitor circuits is inversely

proportional to the number of settling time constants.

Multiply-by-two, Equivalent gain error

switched-capacitor

circuit

Conventional

opamp-based

td 10Single phase ZCB

Two phase ZCB [ O - td

Tow phase ZCB

with CLS

ItdIOcas

Hybrid VAC

CLS-OpAmp/ZCB

Table 2.1: Comparison of output voltage error and gain error of a conventional switched-capacitor
circuit and the four different ZCB topologies presented in this chapter.



Chapter 3

Techniques for Improved Precision in

High Speed ZCBC

This chapter discusses circuit techniques, which improve performance in high speed,

high-precision zero-crossing based circuits (ZCBC) in terms of output swing, power

efficiency and output linearity. Although the circuit techniques presented here are

developed for hybrid CLS-opamp/ZCB pipelined ADCs, they are relevant to other

ZCB implementations. The hybrid CLS-opamp/ZCB circuit is based on two phases of

charge-transfer operation: a ZCB coarse phase and a slower opamp-based fine phase.

The coarse phase output linearity determines the gain and bandwidth requirements

of the fine phase opamp. Higher opamp bandwidth requires higher power dissipation

during the fine phase. Thus for a power efficient, high precision, high speed two phase

charge-transfer operation, it is important to optimize the ZCB phase output linearity.

The two circuit techniques, presented in this chapter, focus on improving the

coarse ZCB phase performance. At high output rate, current steering is used in

place of turning off the current sources through a switch at the gate of the cascode

devices at the end of the ZCB phase, which minimizes the current source turn-off

delay and ZCD delay and improves output linearity. A bidirectional ramp technique,

introduced in the following section, extends the ZCB phase operating output range,

65



while it simultaneously allows for current source cascoding in ZCBC to boost output

linearity.

3.1 ZCBC Output Sampling

Charge-transfer in an nih ZCB pipelined ADC stage relies on a current source charg-

ing a load capacitor. The load capacitor consists of the configuration of the input

and feedback capacitors of the nth stage in series connected in parallel to the input

sampling capacitors of the n + 1 stage. A zero crossing detector (ZCD) replaces the

function of an opamp in a conventional charge-transfer operation and signals when

the virtual ground condition is satisfied. The output of the ADC stage is next sam-

pled on the input capacitors of the subsequent pipeline stage. In an opamp based

charger-transfer operation, the current through switches in the switched-capacitor

circuit diminishes exponentially as the circuit settles to steady state. In contrast,

any switches present in the current source path of the ZCB switched-capacitor circuit

carry the entire ramp current at the output sampling instant and contribute voltage

errors that limit circuit output linearity.

3.1.1 Background

The charge-transfer phase of an nth stage of a single-ended, single phase ZCB pipelined

ADC is shown in Figure 3-1. Current source splitting first demonstrated in a single-

ended 8-bit pipelined ADC [4], is used to eliminate the series switch, which connects

the feedback capacitor Cn2 to the output node VOUT in a pipeline ADC stage for and

their associated voltage error drops. Output-dependent switch error results from the

fact that both the switch resistance as well as current flow through the switch vary

with output voltage. Current source splitting consists of replacing a single current

source at the output with two current sources. In Figure 3-1: the first current source

charges the stage load capacitor (C 1 C, 2), comprised of the input and feedback

capacitors of the n'h stage in series. The second current source charges the input



sampling capacitor of the n + 1 stage (C,+ 1 ). Thus each of the two current sources is

dedicated to effectively charge a single capacitor and a separate ramp is generated at

nodes VOUT and vOUT. The currents I, and 12 are scaled such that the ramp rates at

VOUT and v'UT are equal. When current source splitting is used swl has to carry only

the mismatch current between I and 12. The output-dependent switch voltage error

is proportional to the difference in the current flowing through the two current sources

due to device variation and can be negligible by carefully matching the ramp rates at

VOUT and vO UTand making swl large. Even though in a hybrid CLS-OpAmp/ZCB

topology the fine phase attenuates errors from the coarse phase, the coarse phase

linearity limits the overall attainable accuracy of the stage. In addition it sets the

accuracy requirement on the fine phase and therefore its power efficiency. The focus

of this section is on improving the coarse phase output linearity .

The remaining switches in the current path of the circuit are: the switches at the

pipelined ADC reference voltages and the switch at the bottom plate of Cn+1 . In this

section, it is assumed that the resistance of the reference switches is minimized by

choosing large width devices to allow sufficient settling of the ADC reference voltages

at the output sampling instant. The sizing of the reference switches is less stringent for

the charge-transfer phase in a hybrid CLS-opamp/ZCB circuit as the references have

the entire duration of 42 to settle. In addition, the current decreases exponentially

through the reference switches during the opamp based fine phase, reducing their final

error contribution at the output. The focus in this section is on the switch at the

bottom plate of the load capacitor C,+1 in addition to minimizing ZCD and current

source trun-off delay.

3.1.2 Output Sampling in High Precision, High Speed ZCBC

3.1.2.1 Single phase ZCBC

In previous ZCB pipelined ADC implementations [36, 6, 9, 261, the output sampling

instant is defined as the instant at which the ZCD detects the virtual ground condition



and turns off the bottom plate output sampling switch, implemented by M5 in Figure

3-1. When M5 is switched off, the charge on load capacitor C,41 is fixed and it is

not disturbed by the output current source formed by transistors MI, M2, which is

turned off next. During the short time, when the output current source is still on

and M5 is turned off, the output current source effectively charges only the parasitic

capacitance Cp at VOUT. Next both current sources at VOUT (M1, M2) and vOUT

(M3, M4) are turned off. Switches M6 and M8 control the turn-on, and M8 and M9

control the turn-off of the current source cascode devices MI and M3, triggered by

PCASc,,, as shown in Figure 3-1 and 3-2.

VDD VDD VDD VDD

Pcastr Pbias Pcasctri Pbias
M9 cf M4 12 M7 M2 1

Pcas Vbias M3 Pcas Vbias M1
M8 Vout b sw1 Vout

Pre PreI
CfCp

Toni
Cn2 

--M5

Cn,
ZCDT, ZCD*"t M5

d VREF VCM

Figure 3-1: Single-ended single phase ZCB charge-transfer phase (<02) implementation [4]. Bottom
plate sampling is used (Mi) to sample the output on capacitor C,+,.
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Pcascti

'M1
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Figure 3-2: Timing diagram for the charge-transfer phase (<2) of single phase single-ended ZCB

implementation

In single phase ZCBC the maximum ramp duration tramp (which occurs at the

maximum output voltage vOUTj, is smaller than i (where T, is the ADC sampling

period) by the duration of the preset phase (Pre) as shown in Figure 3-2. Since

the preset phase is much smaller than 1 , for the purpose of this discussion it is

assumed that tramp ~'. As the desired pipelined ADC resolution increases, larger
-P 2

input sampling capacitors are used to lower sampled thermal noise. Larger ZCB

circuit load capacitor C requires larger ramp current for the same ramp rate. For

example, to reduce the sampled thermal noise by a factor of 2, Cnj and Cn2, as well

as Cn+1 have to be increased by a factor of 4, which results in a factor of 4 increase

in ramp current I at a fixed ramp rate. At higher pipelined ADC sampling rates,

for fixed ADC resolution (i.e. fixed C) and ZCBC output range VOUTFS, the ramp

rate increases, dVOUT - VOUTFS From i - VOUTFS it follows that the ramp current I
2 2

increases inversely proportionately to T,:

Since sivl only carries mismatch current as discussed previously, the error it con-

tributes can be ignored in this discussion. However, at higher currents, the mismatch

current increases. Bootstrapping can be used for swl in order to minimize the varia-



tion of its switch resistance with output voltage. In contrast to swl, the bottom plate

sampling switch M5 carries the entire current 11 of the output current source. The

current I, varies with the output voltage VOUT due to the finite output resistance of

the current sources, which results in voltage variation across M5. The variation of I1

with output voltage by Eq. 4.39 in Section 2.3.1.1 as:

Iot
(t) = 10 - ,Ct (3.1)

ROCn+1'

where Io is the ideal current of M1 and RO is the current source output resistance.

The voltage VM5 at the drain of M5 is

VM5 = I1 (t)ron

where ran is the on-resistance of transistor M5 when operating in triode region. The

voltage error EM5 in voltage VM5 due to the change in I1 with output voltage can be

derived by combining Eq. 3.2 to express the ideal value Io of I, as 10 = VOUTpC C+1
2

and Eq. 3.1:

VOUTFSC

I- U . (3.2)
2

From Eq. 3.2 it follows that at higher ADC resolution and sampling rates, the ramp

current increases as do the errors contributed by the voltage drop across switches in

the current path.

Iot
EM5 = - r (3.3)

RoCn+1

VoUTFSCn+ lt 3.4)
-T ROCn+1

OUTFS
=-- T O . (3.5)
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From Eq. 3.3 it is clear that EM5 can be reduced by decreasing the resistance of

M5. The switch resistance of M5 can be expressed by recalling the resistance of a

transistor operating in the triode region :

1
1fnCoxi(VGS - VTN - VDS)' (3.6)

where M, is the transistor channel charge mobility, Cox is the oxide capacitance of

the transistor, W and L are the width and length of the transistor and VGS,VDS and

VTH are the gate source voltage, drain source voltage and transistor threshold voltage

respectively. Ignoring the dependence of ron on the voltage across M5, EM5 is:

EM5 VOUTFSt 1
T- RO pCox W (VGS - VT N

To reduce EM5, the width of M5 can be increased (while keeping minimum length

to minimize parasitic capacitance), since the remaining parameters in Eq. 3.7 are

fixed. At t = , 6 M5 is at its maximum and is equal to VO F ro . The downside2 R0

of increasing the width of M5 is that the gate capacitance of M5 increases, which

requires higher ZCD power dissipation for the same switch turn-off speed. Conversely

larger gate parasitic capacitance presents a load to the ZCD and can result in a

ZCD delay increase for fixed power dissipation, which in turn diminishes the output

linearity of the circuit.

3.1.2.2 Dual Ramp ZCBC

In a dual ramp ZCB pipelined ADC stage, the coarse ZCB phase is equivalent to

the one shown in Figure 3-1. The ramp duration in contrast to single phase ZCB

implementation is tramp f T, where f is a small fraction of i. For fixed load

capacitor C and ADC sampling rate this results in a factor of 1 increase in rampf

current I during the coarse phase compared to a single phase ZCB implementation.

The coarse ramp current I can be expressed as a function of the maximum output

voltage VOUTFS as:



I =OUTFSI VOTFS C (3.8)
7 f

In dual ramp ZCBC the ramp current increases at a rate larger by a factor of f

compared the ramp current increase in single phase ZCBC for fixed VOUTmax (refer to

Eq. 3.2). It follows that the error due to the resistance of the switch at the bottom

plate of C,+1 increases proportionately at the end of the coarse phase in a dual ramp

ZCBC compared to its single phase counterpart.

In dual ramp ZCBC an approximate value of the output is first stored on the load

capacitor and then the final output value is sampled at the end of the charge-transfer

phase. The current sources are turned off at the end of the coarse phase, when the

ZCD output transitions and the output is stored on the load capacitor C. The fine

phase current sources are then turned on at the beginning of the fine phase. The fine

phase output current is a fraction of the coarse phase output current and thus the

error incurred by the bottom plate sampling switch is a fraction of the switch error

at the end of the coarse phase.

The focus of this discussion is on accuracy limitations of the coarse phase. Sub-

stituting Eq. 3.8 into Eq. 3.3, the error at the drain of the bottom plate sampling

transistor at the end of the coarse phase is:

VOUTF- Cn+1
-

T
Sf

RoCn+1

VOUTFSt

IfRo2

Att= , E achieves its maximum value IVO. ro . For fixed ADC resolution,

sampling rate and ZCBC output range, the error across the bottom plate sampling

switch at the output sampling instant is increased by a factor of I compared to the

error in a single phase implementation (refer to Eq. 3.3). For the same error as in a



single phase implementation, the width of the sampling transistor has to be increased

by - compared to its single phase counterpart. Larger width switch device translates

into a larger gate parasitic capacitor and an increase in the delay in turning off the

current sources, which results in an increase in the output overshoot error. However,

in a dual ramp ZCBC the switch voltage error is reduced by the fine phase and the

width of the sampling transistor does not have to increase by I.

An important difference between single phase and dual ramp ZCBC is the effect of

turn-off time of the current sources. While in the single phase case the turn-off time

is not critical, in the dual ramp implementation it delays the start of the fine phase of

charge-transfer operation. The current source devices are designed for small satura-

tion voltage (VDSAT) to maximize the output swing especially at low supply voltages.

This results in increased current source device width and gate parasitic capacitance.

The larger cascode device gate capacitance will load the analog multiplexer, which

switches the cascode voltage from Pcas to VDD (refer to Figure 3-1). This will in-

crease the time constant of the multiplexer for a fixed on-resistance and increase the

delay to turn off the current source. The multiplexer switch resistance is proportional

to the width of the device for a minimum length device and its gate capacitor loads

the ZCD and increases the delay td and therefore the output overshoot error. The

power increase due to the larger gate capacitance is P = j(VDD Pcas)2 Cgsfs, where

f, is the ADC sampling rate.

3.1.2.3 Hybrid CLS-OpAmp/ZCBC

Figure 3-3 illustrates the coarse ZCB charge-transfer phase of a hybrid CLS-OpAmp/ZCB

pipelined ADC stage. The CLS technique [16] introduces capacitor CCLS to sample

the output signal VO"UT at the end of the coarse ZCB phase in order to reduce the

amplification gain error at the end of the charge-transfer phase #2. The output values

at VOUT , VOUT and vOUT are sampled at the end of the coarse phase. The presence

of CCLS further increases the coarse phase ramp current requirement for fixed ADC



sampling rate and resolution in comparison to the ramp current in dual ramp ZCBC.

The choice of capacitor value for CCLS will be discussed in more detail in Chapter 4

and is assumed in this discussion to be CCLS (Cnl Cn2 ) + Cn+1 . In this case the

coarse phase ramp current increases by a factor of 2, compared to the coarse phase

current in dual ramp ZCBC. The total coarse phase current I = I + 12 + 13 (refer

to Figure 3-3) can be expressed as a function of the full swing output voltage VOUTFS

as:

VOUTps 2 C

(12) f'

where 2C =CCLS + (C 1 Cn2 ) + Cn+1 (if CCLS (Cn1  Cn 2 ) + Cn+1). Thus at high

ADC resolution and sampling rate, the ramp current increases at a rate larger by a

factor of 1 compared to the ramp current in single phase ZCBC and by a factor of 2

compared to the coarse phase current in dual ramp ZCBC. The gate capacitance of

the current source devices increases with the the total ramp current I, for fixed device

saturation voltage VDSAT. If the ZCD is unchanged in the three ZCB topologies the

load at the output of the ZCD increases. As the the gate capacitance of MI and M3

increases (in Figure 3-1), the width of devices M7 and M9 increases for the same

time constant C9gsMlrnM7 and fixed device length. The gate capacitance of M7 and

M9 increases in turn and loads the ZCD. As a result the delay td increases for fixed

ZCD power dissipation and the overshoot error increases proportionately to td.

The voltage error at the drain of M5 at the end of the coarse phase and the

corresponding voltage error in dual ramp ZCBC are the same because in both im-

plementations the bottom plate switch of C,+1 carries current I1 during the coarse

phase, for fixed ramp rate and output range.

At ADC sampling rate of 100MS/s, the coarse phase maximum ramp duration

tramp is on the order of Ins, which translates to a ramp rate dvot =1 for an output

voltage range of 1V. Suppose 13 bits of resolution at a sampling rate of lOOMS/s

are desired. For a N-bit ADC if the mean-square thermal noise power is equal to the



quantization error noise power, the input sampling capacitor CIN is:

CIN 2N (12) kT (3.9)
VFS

For a conservative fully differential design, N 13.8 is chosen and from Eq. 3.9,

CIN = 3.4pF for an ADC input range of VFS = 1.75V. The input sampling capacitor

at either input is then C1 = 2CIN = 6.8pF. The equivalent capacitor C1 11 C 2 1 is

1.3pF, the load capacitor C2 is 1.7pF and the level shifting capacitor CCLS is 3pF.

The total ramp current I during the coarse ZCBC phase equals:

I C dvOUT
dt

where CTOT = (Cn 1l C2,) + CCLS + C+1 = 6pF. This results is:

1v
I ~ 6pF- ~ 6rmA.

in

In the case of GmA, the total gate parasitic capacitance of the current sources of

Mi, M3 and M11 in 65nm CMOS technology for 64 devices in parallel of W =

4.08pn and L = 120nn is approximately 0.4pF. As an example if the switch resis-

tance of the analog multiplexer at the cascode node is 10Q, the resulting time constant

is 4ps to turn off the current sources. The gate capacitance of the switch with 1OQ

on-resistance is on the order of - 35fF from Cadence simulations and presents it-

self as load to the ZCD and for fixed ZCD bias current increases the delay td. Both

the switch time constant as well as the ZCD delay increase due to the extra load of

~ 35fF result in an increase in the output overshoot error.

At high ADC resolution and sampling rate, the coarse ramp current increases which

requires an increase in the size of M5 and M6 (refer to Figure 3-3) in order to reduce

their voltage error contribution to the output non-linearity. Increased gate parasitic

capacitance of the cascode current source devices results in increased delay from the

instant at which the virtual ground condition is satisfied to the output sampling

instant and increased power dissipation. Increased delay translates to output non-



linearity, which limits the accuracy of the ZCBC charge-transfer phase.

3.1.3 Current Steering

To improve the coarse ZCB phase output linearity, the current through the bottom

sampling switches at the sampling instant and the current source turn-off delay must

be minimized. One way to achieve this is to use current steering to define the output

sampling instant at the end of the coarse phase. In Figure 3-3 current is steered

away from the cascode devices M1, M3 and M7 through switches M9, M10 and Mil

at the cascode nodes Vas, VCaSCLS, Vcasf respectively at the end of the coarse phase.

The cascode nodes have to swing only by approximately one saturation voltage of

the current source devices (VDSAT) to steer most of the current away. In Figure

3-3 the voltage difference between the cascode node Vcas of the output current and

the cascode device bias voltage VBIAS is the gate to source voltage voltage VGSmi of

M1, where | VGSM1 VBIAS - Vas VTHP I+VDSAT. When VBIAS drops below

VBIAS - VDSAT, VGSMl I< VTHP and the cascode device is turning off.

Once the output voltage has been sampled on the load capacitor CTOT, the cur-

rent sources are turned off by switching off the cascode devices M1, M3 and M7 as

shown on Figure 3-3 though switch M12 for the rest of the charge transfer phase.

Subsequently, the current steering switches M9, M10 and M 1I are turned off. Cur-

rent steering separates the instant of current source turn-off from the start of the

fine charge-transfer phase by providing a path for the current away from nodes VOUT,

UOUT and v" while the current sources are being turned off. Therefore, the turn-off

delay of the current source cascode devices does not affect the overshoot error and no

longer impedes the start of the fine phase. Alternatively, when current source turn-off

determines the output sampling at the end of the coarse phase the turn-off delay of

the current sources delays the start of the fine phase and increases the coarse phase

overshoot error.



The bottom plate switch M5 at the load capacitor C+ 1 is not turned off until the

end of the fine charge-transfer phase. At the end of the coarse phase as the current

is steered away form C,, 1 , the current through M5 drops as does the voltage across

it. By the end of the fine phase, the opamp settles the coarse phase residual error

exponentially and the current through M5 decreases exponentially. The voltage across

M5 reduces proportionately to the current. The switch M5 can therefore be reduced

in size in comparison to the bottom plate sampling switch used in single phase ZCB

charge-transfer.

The current source devices M2, M4, M8 are biased such that their respective drain

to source voltages are minimized to place the devices at the edge of the triode region

as in the wide-swing cascode current mirror [2]. In this setup, V,, = VDD - VDSAT,

where VDSAT is the saturation voltage of the current source devices. For M9 to steer

away the current from M1, the resistance (rongm) of the device in triode region has to

satisfy VDD- VTHP ~-2VDSAT < Ilr.OM 9 <VDD - 2 VDSAT. For the above example

this condition translates to three times the minimum size NMOS device with gate

parasitic capacitance of < 5fF in a 65n CMOS process, two orders of magnitude

smaller than the gate capacitance of the current source cascode devices in the above

example of 0.4pF. A small size steering switch reduces the capacitance loading the

ZCD and thus improves the ZCD delay td and the output overshoot error.

The output of the ZCD generates two control signals: the first one is ZCDout

to turn on the current steering switches, the second one is Pcastri to turn off the

cascode current source devices as shown in Figure 3-3 and Figure 3-4. If the two

signal path delays are matched the gate of MI is pulled to VDD as the drain of

Mi is pulled to ground, turning off the device faster. The path delays, however,

are not matched in order to minimize the total delay from the instant at which the

virtual ground condition is satisfied to the output sampling instant. Reduced total

delay minimizes the output overshoot error, reducing output non-linearity. The total

parasitic capacitance at the gate of the cascode devices is large and can increase the



total delay if the paths are matched. Thus, the current steering switches are turned

on first and the cascode devices and current sources are subsequently turned off.
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Figure 3-3: Coarse charge-transfer phase implementation of single-ended hybrid CLS-opamp/ZCB
circuit, implementing an MDAC in a pipelined ADC stage. Current steering is used instead of
bottom plate sampling to sample the output on capacitor Cn±*. The current sources comprised of
MI - M4 and M7 - M8 are turned off.
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Figure 3-4: Timing diagram for the coarse charge-transfer phase (<$2) of single-ended hybrid CLS-
opamp/ZCB circuit, implementing an MDAC in a pipelined ADC stage.

3.2 Bidirectional Ramp ZCBC

3.2.1 Motivation

In ZCB switched-capacitor circuits, exponential output voltage settling is replaced

by an output voltage ramp and a zero-crossing detector (ZCD). The ZCD determines

the instant at which, the virtual ground condition is fulfilled, which would otherwise

be forced by an opamp in feedback, in a conventional switched-capacitor circuit. A

positive voltage ramp in a ZCBC is generated by a PMOS current source charging

the circuit load capacitor. Alternatively a negative voltage ramp is generated by an

NMOS current source discharging the load capacitor. To reduce ZCBC output voltage

error, the current source is typically cascoded [14, 36, 6, 17, 9, 261 for improved output

resistance. Larger current source output resistance implies smaller current variation

and therefore smaller ramp variation with output vbltage, which translates to reduced

output-dependent error (due to a finite ZCD delay) for a fixed load capacitor. Thus,



cascoding is desired for better ZCB circuit output linearity.

The downside to cascoding is reduced voltage swing at the current source output.

Reduced output swing is a disadvantage, especially in deep sub-micron technologies as

shrinking supply voltages limit the available operating range of analog circuits. Both

output swing and output linearity determine the attainable accuracy and SNR in the

design of ZCB switched-capacitor circuits especially in deep-submicron technologies

as explained below.

The signal-to-noise ratio (SNR) of a circuit is defined as the ratio of signal power

to noise power [10]. For fixed SNR the output voltage range determines the allowed

noise level in the circuit. Reduced output swing translates or lower SNR for fixed

output noise. To reduce the noise level (assuming thermal noise is dominant), power

consumption has to be increased. Therefore, in designing low power precision circuits,

optimizing output voltage swing is important since it reduces power consumption.

Next, the trade-off between output linearity, output swing and power dissipation is

illustrated through an example.

At low supply voltages, in a fully-differential ZCB switched-capacitor circuit, cas-

code current sources at both differential outputs limit the linear output range to a

fraction of the supply voltage (refer to Figure 3-5). The linear output range is defined

here as the range of output voltages for which the NMOS and PMOS cascode devices,

at the two differential outputs VOUTp and VOUTN respectively, are in saturation. For

example, for an upper supply rail (VDD) of 1V and current source device saturation

voltage (VDSAT) of 150mV (assuming it is the same for both the PMOS and NMOS

devices), the available linear output range (VouTFS), constrained by cascoding, is

VoUTFS = VDD - 2(2VDSAT) = 400rnV. The effect of limited output voltage range

is considered next for ZCBC in the context of pipelined ADCs.
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Figure 3-5: Linear output voltage range of a fully-differential ZCB switched-capacitor circuit, limited
by the use of cascoded current sources. The lower bound is set by the minimum voltage required
to keep the NMOS current source devices in saturation, 2

VDSAT , while the upper bound is set by
the minimum voltage drop from the upper rail, at which the PMOS current source devices are in
saturation, VDD - 2 VDSAT-

The output voltage of a pipelined ADC stage can go out of range due to errors,

such as stage offsets, BDC offsets, amplification gain error and capacitor mismatch,

of which BDC offsets typically dominate. Over-range protection or redundancy is

typically implemented to mitigate the effect of stage errors on the ADC transfer

function [27]. In the absence of over-range protection, the output of a pipeline stage

can exceed the input range of the subsequent stage. This results in missing codes

in the ADC transfer function, near the stage bit decision boundaries as is discussed

in more detail in [6]. The use of over-range protection results in a reduced available

output swing for the pipelined ADC stage. In the typical use of redundancy, the

nominal output range sets the value of the reference voltages. The reference voltages

in turn set the input voltage. Thus the output voltage range limits the input range

especially in deep sub-micron technologies.

Suppose that a pipelined ADC stage has a gain of 4 and worst case input-referred

BDC offset of ±20nV (it is assumed that the BDC offset dominates the other sources



of offset in the circuit). This causes the output to exceed the nominal range by

VOVERR= ±80n-V. Therefore this amount of extra swing needs to be accommodated

at the stage output. If the pipelined ADC stage is implemented using a ZCB switched-

capacitor circuit and minimum output margin from the rails is assumed, the combined

effect of cascoding and this extra output swing both constrain the nominal output

range of the circuit. Using the examples above, for a current source device saturation

voltage (VDSAT) of 160mV and output-referred BDC offset of ±8OmV, the nominal

full scale output range of the pipeline stage is VOUTFSn VDD - 2 (2VDSAT) - 2

VOVERR 200rnV. Thus if redundancy is implemented the stage input is limited to

200mV.

On the other hand, consider the case of a pipeline stage, using a fully-differential

ZCB implementation, in which the ramp current sources are not cascoded. Using

a current source without cascoding results in a reduction of ZCBC output voltage

linearity by the intrinsic gain of the cascode current source device and limits the

attainable accuracy at the output of the stage. The output voltage range is then

VOUTFS = VDD - 2 VDSAT = 680mV. Assuming the same output error margin from

either rail voltage, as in the example above, of ±80mV, the nominal output range is

VOUTS = VDD - 2 VDSAT - 2 VOVERR |= 520mV. The decrease in output voltage

range due to cascoding results in SNR degradation by a factor of (5"V)2 = 6.7. To

maintain the SNR when using cascoding, the noise power should decrease by a factor

of (6.7)2. If only thermal noise is considered, a decrease in thermal noise power by

a factor of (6.7)2 requires an increase in the size of the input sampling capacitors

by (6.7)2 and a proportional increase in ramp current and power dissipation. There-

fore, for fixed ADC sampling rate, higher operating output voltage range improves

the power efficiency of the ADC, especially in high resolution, high speed implemen-

tations. While it requires little additional power to improve current source output

resistance, and therefore output linearity, cascoding diminishes the overall power ef-

ficiency of ZCB switched-capacitor circuits due to the reduced current source output



voltage swing. It is therefore desirable to develop new techniques which improve cur-

rent source output resistance without trading off output range and power efficiency.

In [24], a ramp generator is described, which uses feedback to linearize the ramp,

without limiting output swing. A low voltage, power efficient implementation of the

ramp generator is described in [171. The ramp generator does improve the output

linearity, without limiting the available output range of ZCBC and is dynamic (it

does not draw static power) and therefore power efficient. However, at higher ramp

rates the time constant of the circuit can become comparable to the ramp duration,

which results in nonlinearity error at the output, as the circuit does not have enough

time to settle to the desired accuracy. It can therefore be difficult to maintain power

efficiency at higher switched-capacitor circuit precision and speed.

A method is presented below to improve the output range to near full rail, while

allowing output swing room for cascoding and not compromising the linearity of the

stage.

3.2.2 Concept

In previous ZCB implementations [15, 5, 17, 20], a unidirectional voltage ramp is

generated at the output voltage node for all inputs to the switched-capacitor circuit.

The output ramp direction is fixed through the use of fixed preset voltage (typically

VDD or VSS) during the preset phase and fixed current source (NMOS or PMOS)

during the charge-transfer phase. For simplicity, a single-ended ZCB circuit output

voltage ramp is shown in Figure 3-6. The output voltage is preset to one of the rails

at the beginning of every charge transfer phase 02 of the clock. Suppose the output is

preset to the negative rail (Vss in Figure 3-6). Next a PMOS current source charges

the capacitors to generate a positive going ramp at the ZCB circuit output VOUT.

Alternatively, if the output is preset to the positive rail VDD, an NMOS current source

charges the capacitors to generate a negative going ramp. A fixed preset voltage and

type of current source are used in unidirectional single-ended ZCBC independent of



input voltage [4, 15].

VouT/
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t
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vss
VOUT

#2

Pre E |

Figure 3-6: Output voltage ramp for single-ended unidirectional ramp ZCB circuit, implemented

with a preset voltage Vss and a cascode PMOS current source. The voltage VoUTFS represents the

full-swing output voltage range.

In a fully-differential ZCB implementation (refer to Figure 3-5) the positive (VOUTP)

and negative (VOUT) outputs are each preset to the opposite rails, Vss and VDD, and

corresponding complementary current sources NMOS and PMOS are used during

the charge-transfer phase 02 at each output node respectively [9, 26, 6]. However, for

either the VOUTP or VOUTN output voltages, the preset voltage and current source are

fixed and therefore the output ramp is unidirectional at either output independent of

input voltage polarity.

Next the linear operating voltage range for NMOS and PMOS cascode current

sources are considered to gain insight into how the output swing of ZCBC can be

extended, while taking advantage of cascoding as a power efficient way to boost their

output linearity.
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Figure 3-7: Linear operating output voltage range for cascode PMOS (a) and cascode NMOS (b)
current source in a ZCB output ramp generation circuit implementation.

A cascode PMOS current source has a linear output voltage range of [Vss, VDD -

2VDSAT] as shown in Figure 3-7, while a cascode NMOS current source has a linear

output voltage range of [2 VDSAT, VDD]. In unidirectional single-ended ZCBC the full-

swing output is defined by the overlap, of the linear range of the PMOS and NMOS

current sources, which is [2VDSAT, VDD - 2VDSAT] (refer to Figure 3-8(b)). However,

a different approach to defining the ZCBC full-swing output range can be taken.

Note that the linear operating ranges of both types of current sources combine to a

full scale output range. An NMOS cascode current source can be used to generate

an output ramp only for output voltages from VCM to VDD, where VCM is the mid-

rail voltage (refer to Figure 3-8(a)). Alternatively a PMOS current source can be

used to generate an output ramp only for output voltages from Vss to VCM. The

t VOUT

VOUT

t

F

L
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complementary current sources thus generate voltage ramps at the output node of

the ZCB switched-capacitor circuit, which cover complementary ranges of output

voltages to combine for a full rail to rail output swing. Instead of the overlap, the

union of the linear output ranges of both current source types can be thus defined

as the ZCBC output range. Therefore the use of both current sources at the output

node VOUT in a ZCB switched-capacitor circuit extends its output range to full rail.

VOUT VOUT

VDD VDD

VDD- 2 VDSAT

VCM------------------VUF VCM.................. VOUTFS

Vcu VuTFS c -VOUTFS

2VDSAT

Vss Vss ----------

(a) (b)

Figure 3-8: Linear output range VOUTFS for single-ended (a) bidirectional ramp ZCBC and (b)
unidirectional ramp ZCBC

3.2.3 Practical Implementation

In a fully-differential ZCB implementation, both types of current sources are present

at each of the differential outputs (VOUTP and VOUTN) as shown in Figure 3-9. The

presence of both types of current sources at either output provides the capacity to

generate output ramps of opposite polarity, making the ZCB circuit bidirectional with

respect to its output ramp. Only one type of current source (NMOS or PMOS) is

enabled for any input range. The activated current source, during the charge-transfer

clock phase 02 , generates an output voltage ramp, sweeping only half of the output

range: from VDD to VCM, for an NMOS current source or from Vss to Vv for a

PMOS current source respectively. To determine the appropriate current source and

preset voltage to be selected, before the beginning of 02 for every clock cycle, it is



necessary to establish if the output voltage falls within the range of voltages form VDD

to VCM or VSS to VCM. The decision to determine which half of the output range

the output belongs to can be made by a single comparator at the input at the end of

the sampling phase #1, for a fixed input. In a pipeline ADC stage n + 1 additional

comparators are required where n is the number of stage BDCs.

In the context of a ZCB pipelined ADC stage, an additional bit (refer to Figure

3-9) must be resolved by the sub-ADC of the stage to establish if VOUTP > VCM

and VOUTN < VCM or VOUTP < VCM and VOUTN > VCM for a fixed input. Based on

the additional bit, defined as an output-sign bit, the respective preset voltage and

current source are enabled during 02. The sub-ADC of the pipeline stage resolves the

output-sign bit to be 1 in Figure 3-9, which corresponds to a positive output voltage

VOUTP > VCM and a negative output voltage VOUTN < VCM-
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Figure 3-9: Fully-differential bidirectional ramp ZCB implementation used in a pipelined ADC. The
output sign bit is resolved to be 1, which corresponds to VOUTP > VCM, and VOUTN <VCM.

In Figure 3-9, during the preset phase Pre, if the positive output VOUTP is preset

to VDD, the negative output VOUTN is preset to Vss. The NMOS current source is

enabled at VOUTp and generates a negative going output ramp by discharging the

output from VDD to the final output voltage value Vopf. The PMOS current source

is enabled at VOUTN and generates a positive output ramp by charging the output

from Vss to the final output voltage value VONf .

If the output sign bit is incorrect due to offset in the output-sign bit decision

comparator, the selected preset voltage and current source pair is also incorrect. In

the case of an incorrect output sign bit if the offset error of the output-sign BDC is

positive,the output ramp exceeds half of the output operating range. This, however,

does not interfere with the function of the circuit as long as the outputs are within



2 VDSAT from either rail. An incorrect output-sign bit decision is more likely for inputs

around the sign bit decision boundary VCM, corresponding to outputs close to VCM

(Figure 3-10).
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Figure 3-10: Fully-differential bidirectional output ramp operation in the case of (a) correct output
sign bit decision and (b) incorrect output sign bit decision. If the output final values VOPf and VONf
are close to VCM, the time it takes the output voltages to reach their respective final values under
both conditions is to and to + At, where At is small.

3.2.4 Advantages and Disadvantages

The main advantage of the bidirectional ramp technique is that it increases the avail-

able output swing effectively to full rail.

Another advantage is reduced ramp current and consequently power dissipation

in the current sources by a factor of 2 in comparison to a unidirectional ramp ZCB

implementation, for fixed ramp rate and fixed output swing VOUTFS VOMAX - VOMIN

(where VOMAX is the maximum output voltage and VMIN is the minimum output

voltage). Suppose that in a single-ended unidirectional ramp ZCB circuit, the ramp

duration for VOUT, is tramp - tmax - tmin, where tmin is the ramp duration for VOMIN

VOUT,

VDD

VOPf

VCM

VON

Vss



and tmax is the ramp duration for VMAX. Then the full swing output voltage VOUTFs

can be expressed as

VOUTFS un ramp (3.10)
C

where C is the current source load capacitor and Iuni is the unidirectional ramp

current. In a bidirectional ramp ZCB circuit, for the same ramp rate as in the

unidirectional case, the output voltage swing for either the PMOS or NMOS current

source is -g and can be expressed as:

VOUTFs _ Itramp (3.11)
2 C

where Ib is the bidirectional ramp current and tramp is the same if the ramp rate is

assumed to be fixed in both cases for a fixed load C. From Eq. 3.10 and Eq. 3.11, it

follows that

I = . (3.12)
2

Alternatively at the same ramp rate, the bidirectional approach yields faster op-

eration. Figure 3-11 illustrates this point through a comparison of the outputs of

fully-differential bidirectional and unidirectional ramp ZCBC. First the unidirectional

output ramp implementation is considered. For output values Vopf > VCM and

VON, < VCM (in this particular example Vopf = 2VDD and VONf = 'VDD ), the

output voltages VOUTp and VOUTN ramp down or up respectively through the entire

output voltage range until they reach their final values voPf and vONf. In the bidirec-

tional case the output polarity is predicted by the output-sign bit and nodes VOUTP

and VOUTN are preset to the rail voltages closest to their respective final output volt-

age values Vopf and VONf (in this example VDD for Vopf and Vss for VONf). Note

that for Vopf < VCM and VONf > VCM, the unidirectional and bidirectional ramp

ZCB implementations are equivalent. In addition to reducing ramp current and conse-

quently power dissipation by a factor of 2 for a fixed ramp rate and fixed output swing



VOUTFS VOMAX - VOMIN, the magnitude of the output-dependent overshoot error is

reduced compared to unidirectional ramp ZCBC for a fixed output swing. However,

as the polarity of the total output overshoot error is no longer output-independent,

the linearity of the stage is not improved over a unidirectional implementation as will

be discussed next.
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Figure 3-11: Fully-differential ZCB (a) unidirectional output ramp implementation vs (b) bidirec-
tional output ramp implementation for the case of output voltage values, Vop, = VDD > VCM
and VoNf =VDD < VCM.

The main disadvantage of the bidirectional ramp ZCBC implementation is the

output-sign bit dependent overshoot error, which will be considered next.

3.2.4.1 Bidirectional Ramp ZCBC Output Error

In unidirectional ZCBC the overshoot voltage error as a function of the ZCBC ideal

output voltage vo and the ZCD delay td can be expressed by the overshoot component

of Eq. 2.14 in 2 repeated here for convenience:



V(VO(t),Itd) 0t vot)td d IOt2, RoC 2ROC 2  (3.13)

One important difference in a bidirectional ramp ZCBC is that the ramp rate

changes sign with the output-sign bit. If VOUT > VCM, the ramp rate is negative,

if VOUT < VCM, the ramp rate is positive. The output overshoot voltage error for

a single ended design is then (the second order dependence on td is not included for

simplicity):

td -o td VOUT < VCM
VOV (Vo(t), td) = {td (3.14)

- (td ( ION - td R VOUT > VCM

where lop and Rp are the ideal current and current source output resistance of the

PMOS current source and ION and RN are the respective ones for the NMOS cur-

rent source. The currents Iop and ION represent differences from Io in the PMOS

and NMOS current sources. It is clear from Eq. 3.14 that the output-independent

components in Eq. 3.13 are no longer output independent but depend on the output

polarity.

In a fully-differential, both unidirectional and bidirectional ZCBCs, the errors from

both types of current sources at the positive and negative outputs are present and

add up regardless of the output. The magnitude of the error is the same for both:

SVovdiff(Vo(t ),td) |=I td + - td + ),(C C ) t CRP CRN

In terms of sign, however, with change in direction the output ramp sign changes and

so does the error in the bidirectional case. The sign error change for a bidirectional

case with fully-differential outputs VOUTP and VOUTN is expressed in Eq. 8 below:



td(IOP+IO) -td +OUT , ou <VCM(I( ION - v(t) +vo (t))

VOdff(Vo(t), td) = t ± ) (3.15)

-td (ION + 'Q) +td (t + VOUTP > VCM

Thus in addition to the INL and DNL errors present at the BDC transitions in an

ADC pipeline stage, a bidirectional ZCB stage introduces DNL and INL errors at

the transition of the output-sign bit in the middle of the output range between every

BDC transition.

The error component in Eq. 8 ±td (O + 'ON) changes polarity only but not its

magnitude as the output changes for a constant ZCD delay td and can be removed

through constant overshoot correction which is described in detail in the next section

of this chapter. However, any variation in the delay with output voltage will result

in an output nonlinearity error at the output-sign bit transition.

The output dependent error in Eq. 8 ±td + is attenuated by the

second phase in a two phase pipeline ADC stage. In a hybrid CLS-OpAmp/ZCB

implementation the error is attenuated by the loop gain of the opamp in feedback.

Recall from Chapter 2 that the output voltage of a hybrid CLS-OpAmp/ZCB

based pipeline stage is:

1 Apy t(1+A3y)

VOU(t = VO + v,( + T ), (3.16)
1±+A~y 1±+A@y

where vo is the ideal output voltage, A is the DC gain of the opamp, T is the open loop

opamp time constant and y is the attenuation factor from the opamp output voltage

Vamp to the stage output vt (refer to Figure 3-13 and Figure 3-14). The output error

of the pipeline stage is the second term of equation 3.16. The bidirectional ramp ZCB

coarse phase results in change in polarity with the output-sign bit:



I1 APY -t(l+A0y)
= f vO + V 1+Ay I1+Apy e T ), VOUT < VCM(

I1 ApY t(l+Asy)
VO - v,( 1 +A + 1+Ae t(±3), VOUT > VCM

where VCM is the mid-rail voltage. If the output voltage is less than VCM, the output-

sign bit by design is high. In this case during the coarse phase, the output is preset

to VDD and discharged by an NMOS current source, resulting in a negative overshoot

error (refer to Figure 3-12a) at the ZCD transition. If the output voltage is larger

than VCM, the output-sign bit is low and during the coarse phase, the output is preset

to Vss and and charged by a PMOS current source, resulting in a positive overshoot

error (refer to Figure 3-12b) at the ZCD transition. From Eq. 3.17, the overshoot

error is attenuated both by the loop gain H(s) = Aay and settled by the opamp in

feedback for the duration of the fine phase. Figure 3-13 and Figure 3-14 show the

waveforms at opamp input node vx, the opamp output VAMP and the output voltage

VOUT for an output-sign bit low and high respectively. If the output settles to the

desired accuracy at the end of the fine phase and the loop gain is large enough the

change in polarity of the output error does not limit the INL and DNL of the ADC.

However, if the output does not settle to the desired accuracy or the loop gain is not

large enough the output-sign change results in INL and DNL error in the mid-region

between the stage bit decision transitions.
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(a) Overshoot error when the output-

sign bit is low, voUTp > VCM. The

voltage vo is the ideal output voltage.
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(b) Overshoot error when the output-

sign bit high, VOUTP < VCM. The

voltage vo is the ideal output voltage.

The overshoot error vov > 0

Figure 3-12: Overshoot error in single-ended bidirectional ZCBCs



Vx Vot A
V0  -

V.

VCM VCM

v,,t t

C1n C2n VOU

d VREF 
CLS Cn+1

VAMP

P >A JWVCM

VCM Vamp
Va ------------

VCM

Figure 3-13: Fine phase correction of the error of a coarse phase bidirectional ZCB implementation
when the output-sign bit is low in a single-ended hybrid CLS-OpAmp/ZCB pipeline stage. The
output is settled to vo which is the ideal final value of the output if the gain of the opamp A is
infinite. The input to the opamp is settled to Vcm.
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Figure 3-14: Fine phase correction of the error of a coarse phase bidirectional ZCB implementation
when the output-sign bit is high in a single-ended hybrid CLS-OpAmp/ZCB pipeline stage. The
output is settled to vo which is the ideal final value of the output if the gain of the opamp A is
infinite. The input to the opamp is settled to VCM.

3.2.4.2 Number of BDCs in a bidirectional ZCB pipelined ADC

Another disadvantage of the bidirectional ramp generation is the added complexity of

predicting the value of the output voltage with respect to VCM every clock cycle. In

the context of a pipelined ADC, the number of BDCs (n), compared to a conventional

pipelined ADC stage, roughly doubles to 2n + 1 in order to generate the output-sign

bit.

In a pipelined ADC stage no redundancy is used when log2(n + 1) = k, where n

is the number of BDCs, and G = 2k is the gain of the stage. If log2 (n + 1) > k,

redundancy is used. Conventionally one additional BDC is sufficient to introduce

redundancy and the number of BDCs is m = n + 1. In the typical case the reference

voltages are set as the minimum and maximum values of the nominal output range



of the stage and the the input to the stage is set by the references. Thus typically the

output range limits the input range. In [6] increased number of BDCs and reference

voltage scaling to full rail are used to extend the input range, for a limited output

range. From [6j the input range can be increased by a factor of xi = "+ if the

reference voltages are scaled by xref = G . In [61 VDD = 1.2V, the single-ended

output range is VOUTFS = O.4V and G = 4, then xref = 1.2 = 3 and it follows

that n = xref(G - 1) = 9. The single-ended input range is extended by xin =

9±1 = 2.5 from O.4V to 1V. If the same technique is applied to this work, and the4

bidirectional ramp technique is not used for VDD = 1V, for a single-ended output

range of VOUTFS = 0.2V (refer to Subsection 3.2.1) and G = 4, x,, = IV = 5. It

follows that n = x,,e (G - 1) = 15.

The stage output voltage is effectively full rail when using bidirectional ramp

ZCB coarse phase. The references are set at VREFP = 1V and VREFM = OV with

VCM = 0.5V. If no redundancy is used for n = 3, k = 2 and G = 4 the fully

differential input range is 2V, however there is no over-range protection for BDC

offset errors. If one additional BDC is used for redundancy n = 4, and the references

are kept the same, the output voltage is 0.75V which leaves ±125mV from either rail

for over-range protection. From xir = "I, it follows that the fully differential input

is scaled down from 2V to 1.6V. In this design n = 6 was chosen for slightly larger

fully differential input range of 1.75V, as the input range limits the attainable ADC

SNR. For n = 6, the over-range protection from either rail is t250nV. In both cases

of n = 4 and n = 6, the total number of BDCs including the output-sign BDCs is

2n + 1 = 9, and 2n + 1 = 13 respectively and is smaller than 15.

3.3 Output Offset Error Correction in ZCBC

In an ZCB switched-capacitor circuit implementation, the current sources have infinite

output impedance and the zero crossing detector (ZCD) has an infinitely fast response

or zero delay. In Chapter 2 the output overshoot error for single ramp ZCB circuit is

derived for a non-ideal current source of output impedance Ro and constant current



value 10 and a finite ZCD delay td is derived as a function of the ideal output voltage

vo and td. The output overshoot error is stated here again for convenience:

vov(vouT(t),td) = t -VO(t)td (3.18)
C ROC

where C is the load capacitor in the circuit. The focus of this section is on the output

independent term VoV = t d of Eq. 3.18. For the purpose of this section, it is

assumed that the variation of the finite ZCD delay is negligible. Thus the linear term

Eq. 3.18 appears as a constant offset at the output, regardless of the input voltage to

the ZCB circuit. Referred to the input, the error is indistinguishable from the offset

of the ZCD and a correction mechanism is presented for canceling it.

3.3.1 Motivation

. The need for output offset correction in single phase ZCBC [5, 9, 26] is not

as stringent as in their two-phase counterparts. The constant overshoot error

can be viewed as an offset at the switched-capacitor circuit output and does

not interfere with the operation and linearity of the circuit if the output range

of operation is unlimited. At scaled supply voltages in modern technologies,

however, the output swing is limited. In pipelined ADCs, the output offset error

requires an increase in the stage over-range protection range and thus limits

further the available ZCBC output range. ZCB pipeline stages inherently do not

have a common mode feedback mechanism and the output error accrues with

every subsequent stage and eventually can cause the later stages to go out of

their linear range of operation, hence the need for error correction.

. In a dual ramp ZCBC, the attainable fine phase output linearity is propor-

tional to the coarse phase error. Output offset error correction lessens the power

consumption and design requirements of the fine phase implementation and is

thus essential to a power-efficient design.



. If the bidirectional ramp technique, described in 3.2, is used with either a

single or dual phase ZCBC, the change in polarity of the output ramp for

VOUT > VCM and VOUT < VCM results in polarity change of the overshoot

error. It follows that the overshoot error, which is output invariant in the con-

ventional ZCB implementation is no longer independent of the output voltage.

It no longer appears as a constant offset at the output but as a voltage, which

changes polarity with the output-sign bit. The output-sign bit determines the

switch in ramp direction based on the input.

3.3.2 Error Correction

Output offset error correction can be implemented both at the ZCB circuit input or output

as demonstrated in [6, 26, 36, 201. In [20], an externally controlled capacitor digital-

to-analog converter (DAC) is implemented at the ZCB circuit output. Input error

correction can be realized by introducing an offset of the same magnitude and opposite

polarity as the input referred overshoot error [6, 26, 36]. The latter approach is chosen

for this particular design.

An input correction offset voltage can be introduced directly at the input or inter-

nally to the ZCD circuit. The particular ZCD implementation in [9, 26, 5] lends itself

to a programmable offset implementation through the load of the ZCD preamplifier -

an approach, which does not incur additional complexity and is power-efficient. If the

ZCD topology precludes internal offset generation, a more general method is to apply

a correction voltage Vr, via a capacitor at node VX of the ZCB circuit as shown in

Figure 3-15.
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Figure 3-15: Overshoot correction implementation

A downside to adding an additional capacitor at the vx node is increased thermal

noise at the ZCB circuit output VOUT. The size of the capacitor Cc,, therefore has

to be minimized, compared to the size of capacitors C1, and C2n, and allow room for

other parasitic capacitors due to the ZCD inputs for example at node vX.

A comparison between the final voltages voLTorr and VOUT, when correction is

enabled (black) and no correction is used (gray) is shown in Figure 3-16. A correction

voltage Vor, is applied through sw, at the beginning of the charge transfer phase #2

(refer to Figure 3-15 and Figure 3-16). The voltage vXcar, at node vX when error

correction is applied, can be expressed as:

VXcor, - VX ± IVcarr

where K is the transfer function from the correction voltage node Vr, to node vx.

For this topology K is:

x _ Ccorr

Vcorr Cc- r + Cn1 + (Cn2 11 (CCLS + Cn+l)Y

The change in the output voltage (AvouT) when Vccr is applied through sw, is:



AVOUT (K ±C2n
(C2n + CCLS + Cn+1

In Figure 3-16, the virtual ground condition is satisfied at time to. The ZCD

output ZCD,, transitions at time t1 . Let td = tj - to. At time t2 the voltage at

node vx is restored to its uncorrected value by turning off swi and turning on sw 2 to

connect the top plate of of the correction capacitor C,, to VCM as shown in Figure

3-15. The final ZCB circuit output voltage value sampled at t1 is voUrorr In the

case when no correction is applied, the virtual ground condition is satisfied at time

t 3 . If the ZCD can respond instantaneously, the output voltage VOUTide it sampled

at instant ts. However, the ZCD has a finite delay and therefore the ZCD output

does not transition until time t4 when the output voltage vouTCr 7.. ,, is sampled. In

Figure 3-16, Vov is only partially corrected and the voltage vouTC,, is not equal to the

desired output voltage VOUTidel. The overshoot error, however, is reduced significantly

compared to the uncorrected case VOUTuCrr.
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Figure 3-16: Voltage waveforms at the ZCBC output VOUT and at vx when partial constant overshot
error correction is applied. Gray represents uncorrected waveforms. Black represents corrected
waveforms. In the timing diagram, 02 enables the charge transfer phase, Pre is the preset signal
and sw, and sw2 enable the correction mechanism



The applied offset voltage at the input of the ZCD can be converted to time

through the input voltage ramp. The time tcr, can be expressed as:

KVcorr _ dvOUT

tcorr dt

where 1" (dv"fT) is the ramp rate at vX and

C2n

Cn +C2n + Ccorr

It follows that the correction time ter is therefore equal to:

SKVcorrtcorr d Vc

The residual error in the output voltage offset correction can then be expressed as:

(3.19)AVov = VOV - VOVCrr

dvouT
-(td - tcorr) dt

dvOUT
-td dt

KVcorr

L" ovud::T) )

dvOUT

dt

Setting AVoV = 0 in Eq. 3.19 the corrected output voltage is expressed as:

1 ,dvouT
Vcorr = td-B 0

1 -
= -13 V 0 v.

K at K

It follows that in order to cancel the ZCD constant delay (which is equivalent to

canceling the constant overshoot error, v =td),the voltage at 'X has to be offset

by:

VXcorr = VX -
1 ,
-13" Vov.
K



The output offset error must be corrected to the coarse phase output voltage accu-

racy requirement in a two-phase ZCB implementation. Suppose the coarse phase is

accurate to K bits, the required correction voltage Vcr accuracy can then be derived

from:

I AVOv 1< VOUTFS
2K+1

KV j VOUTFS
VOVMAX - hl/r 1< 2K+1

VOvYAX Vcorr |< (3.20)

where VOUTFS is the nominal ZCBC output range. Substituting real values in Eq. 3.20

for K = 8, k = 0.05, 0" - and VOUTFS A ~V yields ~- V4,r 1 l0rnI/-

The correction voltage Vcr must therefore be accurate to N +1 - log2(L). For this

particular example, the correction voltage Vcorr must be accurate to 6.7 bits.

In a bidirectional ramp ZCB circuit is used, the applied correction voltage polarity

has to change as the output current ramp direction changes. The output-sign bit

doutsign can be used to control the correction voltage polarity as shown in Figure 3-

17. The appropriate correction voltage polarity is selected through swil and sw1 2 in

Figure 3-17.
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Figure 3-17: Constant overshoot correction for bi-directional ramp ZCBC

3.3.3 Self-correction in Hybrid CLS-OpAmp/ZCBC

One area for future improvement in the implementation of ZCBC overshoot constant

correction is background self-correction. The overshoot error correction described

in 3.3.2 can be automated through a feedback loop from the opamp output to the

offset voltage applied at the input of the ZCD in a hybrid CLS-opampZCB switched-

capacitor circuit (Figure 3-18 and Figure 3-19) .

The overshoot error can be sensed at the opamp output once the opamp has settled

the coarse phase error voltage at the output VOUT to the final output voltage voUTFINAL

at the end of the fine charge-transfer phase. The opamp final voltage VAMPFINAL is

VAMPFINAL -

CCLS +n+1 (CnC1 Cn2 )
CCLSOUTFINAL

Note that depending on the size of capacitor CCLS the overshoot error is amplified

by a factor of CcLs+C.±1(Cl IICn2) at node VAMP. For CCLS = Cn+ 1(Cn 1  C. 2) the
CCLS

overshoot error increases by a factor of 2. The voltage Vcr is incremented though a



counter (U 2 ) and DAC (U3 ) until the output final value VAMPFINAL crosses VCM and

trips the comparator (U1 ). Note that U1 performs a zero-crossing function similar to

the the ZCD. The trip point of U1 determines when the virtual ground condition of

the correction feedback loop is satisfied. The goal of the feedback loop is to cancel the

constant overshoot error, but it does not need to be as accurate as the stage accuracy

or the coarse phase accuracy, as demonstrated by Eq. 4.39. The comparator can only

be activated once every number of cycles of the ADC sampling clock.

This automated correction method depends on a two-phase charge-transfer oper-

ation ZCBC combined with correlated level shifting (CLS). The second phase does

not have to be opamp based.

VCM VCORR

I I Vdd
ENfine ENcoarse

CII VxC11
2  VOU

VCM rn+

PVCM

VCM ENoarse CLS

- VAMP ENfine EN coarse
A

+ VCM

VCM ENfine

VCM COrrEN

Figure 3-18: Background constant overshoot correction

3.3.4 Offset Error and Bidirectional Ramp ZCBC in 1-bit Pipelined ADC

The ideal transfer function for a single 1-bit pipelined ADC stage is:
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Figure 3-19: Timing diagram for background constant overshoot correction

vo = 2vIN - dVREF (3.21)

where vo is the ideal stage output voltage, d is the sub-ADC output bit and VREF is

the ADC reference voltage. Suppose the pipeline stage is based on a ZCBC charge-

transfer phase. Further suppose the ZCBC has an ideal current source and a ZCD

constant delay td, producing a constant overshoot error VoV. If unidirectional ramp

ZCBC is implemented, the pipeline stage output voltage is:

VOUT = 
2 VIN - dVREF + VOV- (3.22)

The constant overshoot error Vov is indistinguishable from a constant stage offset

error in an opamp based charge-transfer implementation and results in wide codes in

the ADC transfer function if output over-range protection is not present.

If bidirectional ramp ZCB charge-transfer is implemented, the overshoot error

changes polarity with the polarity of the output as discussed in 3 and the pipeline

stage output can be expressed as:



VOUT = 2VIN - dVREF + VOV, VOUT > 0

2vIN - dVREF - VOV, VOUT < 0

and is illustrated in Figure 3-20 (for ADC reference voltages VREFP = 0.5V, VREFM

-0.5V and constant overshoot error VOV = 0.1V). The change in polarity of VOv at

the midpoint of the transfer function (vo = 0 in Figure 3-20) results in wide codes at

the bit-decision boundary.

If a positive stage offset is present Vff > 0, the pipeline stage transfer function

can be expressed as:

2 VIN - dVREF - Voff + VOV, VOUT > 0
VOUT

2 VIN - dVREF + Voff - VOV7 VOUT < 0
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Figure 3-20: Transfer function (top) and overshoot error (bottom) for a bidirectional ramp ZCB
implementation of 1-bit pipeline ADC stage with reference voltages VREFP = 0.5V7, VREFM=

-0.5V and V0O. = 0.1V

If capacitor mismatch A is present between the input sampling capacitor C, and



feedback capacitor C2 for the ideal 1-bit pipeline ADC and the overshoot error changes

polarity with output polarity, the ADC pipeline stage transfer function as shown in

Figure 3-21, is :

(2 + /)vIN - (l±A)dVREF ± VOv,
VOUT ~

(2+ A)vIN - (1 + A)dVREF - VOv,

~0.1

VOUT > 0

VOUT < 0

Ibil PIPBOM ADC St9g raffr funcidon

0 -- - - -.---.-- - - ---- ---- --

50 0.1 02 0.3 0.4 .56 0.7 0.11 .9

9B-0rIo2nal Romp Impiern0nta00n Eoro
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Figure 3-21: Transfer function (top) and overshoot error (bottom) for bidirectional ramp ZCB

implementation of 1-bit pipeline ADC stage in the presence of capacitor mismatch, with reference

voltages VREFP = 0.5V and VREFM -0.5V, and VOV = 0.1V
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The equivalent gain error in a ZCB charger-transfer implementation is similar to

the error due to an opamp based charge-transfer implementation 16, 17, 36]. ZCBC

gain error is due to finite current source resistance, RO. If the ZCB circuit current

source is assumed no longer ideal, the current ramp can be represented as:

I = I0 - V010 (3.24)
VA

where Io represents the current source ideal current. Integrating equation Eq. 3.24

for the duration of the ZCD delay td, assuming a ZCB circuit load capacitor C and

substituting the result into Eq. 3.22 yields to first order :

VOUT = 2 vIN - dVREF + 0 CVA

Let VOy = td Then if finite current source output resistance is taken into ac-

count and the overshoot error changes polarity with output ramp direction, the ADC

pipeline stage transfer function can be expressed as:

2 v +Vp, VOUT> 0
_1+ "

VOUT I --
2
vIN -d VREF +Vov

I +tdpO VOUT < 0
VAC

and is illustrated in Figure 3-22 (for ADC reference voltages VREFP = 0.5V, VREFM

-0.5V and constant overshoot error Vov = O.1V).
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Chapter 4

Test Chip Design

In this chapter the design and realization of 13-bit 1OOMS/s pipelined ADC is de-

scribed. A hybrid CLS-opamp/ZCB switched-capacitor circuit is used to implement

the multiplying digital-to-analog converter (MDAC) of an nth pipeline stage. The

ZCB phase is implemented using current steering and the bidirectional ramp ap-

proach described in 3.

4.1 Pipelined ADC Design

4.1.1 First Stage Top Level Design

To realize a 13-bit pipelined ADC, eight pipeline stages are implemented. An effective

2.8-bit sub-ADC with redundancy is used in the first pipeline stage with inter-stage

gain G = 4. As discussed in Section 3.2 redundancy is used to mitigate the effect of

stage errors, especially offset errors in the BDCs. The first stage transfer function

is shown in Figure 4-1. As discussed in 3.2.4.2 the sub-ADC consists of six bit-

decision comparators (BDCs) using redundancy for an effective fully differential input

of 1.75V.

The dotted lines in Figure 4-1 represent additional BDCs of the sub-ADC, needed

to generate the output-sign bit for the coarse phase bidirectional ramp ZCB imple-

mentation. The total number of BDCs for bidirectional ramp ZCBC operation is

113



(2n + 1) = 13, if n = 6 is the number of main BDCs.

Vout

--------------------- VDD -------------------- --------

750MV

V9VniV

----------------------------------

Figure 4-1: First stage transfer function. The dotted lines indicate the additional BDCs needed to
generate the output-sign bit for bidirectional ramp implementation

4.1.1.1 Input Sampling Network

The quantization noise for an ideal N-bit ADC of an input amplitude VI is uniformly

distributed in the range [- L{, ]. The mean-square value for a uniform distribution

of the quantization error is [10]:

S(Fs)2

e2 2 2N

q 12

The root mean-square quantization noise voltage (c2) for N = 13 and full scale input

amplitude of 1.75V is 61.7pV.

The signal power of an input Vi, = V'ssin(27r t) is:



2 sin(27r t) d = (4.2)

The signal-to-noise ratio ( SNR) of the ADC , taking only quantization noise into

account, is defined as:

(2

SNR = 10 log -n . (4.3)
E2

Substituting Eq. 4.1 and Eq. 4.2 into Eq. 4.3 results in the best attainable signal-

to-noise ratio SNRO for an N-bit ADC, only limited by quantization noise:

SNRO = 10 log 8 2

12

=10 log ( 2 2N

=10 log (2 2N) +10 log

=6.02N + 1.76dB.

Thermal noise contributed by the ADC circuit degrades the ideal SNRo. If the input-

referred ADC thermal noise power 72 is equal to the quantization noise power E2 then

the ADC SNR degrades by 3dB:

SNR = 10 log

=10 log + 10 log (
=SNRO - 3dB.

The mean-square voltage of thermal noise, contributed by the resistors in the sam-



pling path, sampled on the input capacitor C is 7, = kT [101 where k is Boltzmann'sC

constant and T is the temperature in Kelvin. The sampled thermal noise power has

to be less than or equal to the quantization noise power to limit SNR degradation:

2 kT
Eq ;> . (4.4)

The minimum size of the total input capacitor for N-bit resolution ADC can then be

determined by substituting Eq 4.1 into Eq. 4.4 and setting Eq. 4.4 as an equality:

Cmin - 22N (12) kT
F S

Substituting N = 13 and VFS = 1.75V, the minimum input capacitor Cmin is

1.1pF. For a conservative design the input capacitor CIN was chosen to be 3.4pF,

which provides T noise equivalent to N = 13.8 bits. The input signal can be viewedC ?

as sampled differentially across two capacitors in series each of value 2 CIN, which

translates to 6.8pF at each differential input. Bottom-plate sampling is used and both

the bottom and input sampling switches are bootstrapped [1]. Cadence simulations

of the input sampling network, using an input bond-wire model for a bond-wire of

length 1mm at each input, yielded 13.4 bits ENOB.

Capacitor splitting is used for reference voltage switching [6] of the DAC imple-

mentation in the first stage with a first stage unit capacitor Cnit of 860fF. The

input capacitor is split into 8 unit capacitors, six of which correspond to the BDCs of

the stage and form C11 in Figure 4-2, while the remaining two unit capacitors form

C2, for a total of CIN = 6.8pF. The second stage input capacitor and third stage

input capacitor are each scaled respectively by a factor equal to the inter-stage gain

of 4.

4.1.1.2 First Stage Implementation

A top level diagram of the fully-differential CLS-opamp/ZCB implementation of the

first pipeline stage is shown in Figure 4-2. The sub-ADC comprises 13 BDCs. Six of



the BDCs determine the transfer function of the first stage and the remaining seven

resolve the output-sign bit for the bidirectional ramp ZCBC implementation. The

BDC architecture and latch topology implemented in [6] is used in this work as it is

shown to present lower input offset compared to other latch implementations.

The operation of the stage is based on two non-overlapping clock phases #1 and

#2 . During the sampling phase (#1) (refer to Figure 4-3), the input is sampled on

the input sampling capacitors C11 and C21. The main six BDCs digitize the input

with effective 2.8-bits of accuracy. The output-sign BDCs are used to generate the

output-sign bit, which in turn serves to choose the respective output preset voltage

and ramp current direction. The output-sign bit is an input select signal for a mux U1

with UP or DOWN input control signals as shown in Figure 4-2. If the output-sign

bit is high, the positive output voltage is preset low and a PMOS current source is

enabled during the charge transfer phase 02, and vise verse for when the output-sign

bit is low. The preset control signal Pre is generated from the output of the mux U1

and the clock phase 02. The current source control signal ICTRL is a function of both

the the output of the mux U1 and the ZCD output ZCDat. At the start of #2 the the

analog muxes U2 and U3 connect the corresponding reference voltages to the sub-ADC

output word D to each of the six unit input capacitors of C1. Once the ZCD detects

the virtual ground condition the ZCDtri signal turns off the ZCD and current and

AMPtrl signal is generated to turn on the opamp and turn off the switches at the

bottom plate of the level shifting capacitor CCLS for the fine charge transfer phase.

Current steering introduced in Chapter 3 and output offset correction, which will be

discussed in further detail in this Chapter are implemented but not depicted in the

diagram below for simplicity.
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Figure 4-2: First stage fully-differential hybrid CLS-opamp/ZCB implementation. The areas in gray

denote the second stage input capacitors and respective current sources
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Figure 4-3: Timing diagram for first stage hybrid CLS-opamp/ZCB implementation. In this par-

ticular case the output-sign bit is resolved to be high.

4.1.1.3 Charge-Transfer Implementation

A simplified diagram of the coarse and fine phases of the charge transfer operation

during #2 is shown in Figure 4-4 and the respective timing diagram is shown in Figure



4-5. The output-sign bit is assumed to be high. The charge transfer phase consists

of a fast coarse ZCB phase and a fine opamp based phase. The capacitor CCLs is

charged during the coarse phase and level shifts the opamp output from the pipeline

stage output during the fine phase to cancel the coarse phase estimate value in the

feedback path. Thus the opamp settles exponentially only the coarse phase error to

a more accurate final output voltage value.
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Figure 4-4: Charge-transfer implementation
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charge-transfer implementation

4.2 Bidirectional Ramp Current Source Implementation

Complementary cascode current sources are implemented at each output for bidirec-

tional ramp generation. Note that only one current source is active during a fixed

charge-transfer operation. In [6] permanently disabled dummy complementary cur-

rent sources are added in a unidirectional ramp ZCBC implementation for better

output parasitic capacitance matching between the two differential outputs for high

frequency power supply noise rejection. Thus in the bidirectional case the perma-

nently disabled dummy current sources are not needed.

In [6] the transfer function from the power supply to the output of a PMOS current

source M1 (refer to Figure 4-6) is derived as:

V r.(S) sroMCdbM, + 1

Vdd(S) (sr.(C + Cdbm,) + 1)(srswCdbM, ± 1)

where Cdbm, is the current source bulk to drain junction capacitance, r, is the current

source output resistance, C is the total load capacitor charged by the current source

and r8 w is the sampling switch resistance at the bottom plate of C. For simplicity of
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Figure 4-6: Power supply coupling to the current source output.

the analysis the current source is not cascoded but the analysis still holds if r,, is

replaced by the cascode current source output resistance RO and CdbA, is replaced

by Cdb,2 is the drain junction capacitance of the cascode device M2 in Figure 4-7.

The noise coupled through CdbM, in in Figure 4-7 of the cascode current source is

attenuated by the gain of M2.

The switch resistance is assumed much smaller than the output resistance of the

current source rsw < rom, in Figure 4-6 and the parasitic junction capacitor at the

drain of the current source Cdbm, is assumed much smaller than the total load ca-

pacitor C < Cdbm. At very low frequencies the supply noise is not attenuated and

appears at the current source output. At higher frequencies the pole due to the

current source output resistance roMl and load capacitor C causes supply noise to

roll off with a first order system response. When the impedance of device bulk to

drain junction capacitance Cdbm, becomes much smaller than rOml, the transfer func-

tion is approximated by capacitive divider vOut(s) CdbM , formed by the junction

capacitor Cdb and the load capacitor C. The power supply noise for frequencies at

which, the impedance of CdbM, is smaller than rTm and larger than r, is attenuated

by C and appears at the output. In a fully differential implementation if the
C±CdbMl

device bulk to drain junction capacitance Cdbm, is matched between the positive and

negative outputs, the supply noise appears as common mode in this frequency range.



By design the load capacitor C, charged by the current source is much larger than

capacitor Cdb.1. When correlated level shifting (CLS) is used the load capacitor

doubles to 2C (for CCLS = C as is discussed in more detail in Subsection 4.3.2.2).

However, to keep a fixed ramp rate the current must double accordingly. The drain

to bulk capacitance Cdb, doubles with the width of the current source device for

fixed device length as the current doubles and v'(s) - CdbM, is unchanged. The
Vdd (S) C+CdbM,

use of correlated level shifting does not change the analysis presented above.

To reduce the power supply coupling at higher frequencies CdbMl should be mini-

mized. One way to reduce CdbM, is to reduce the width of the current source devices

and use a larger overdrive voltage VDSAT. However, larger VDSAT limits the available

ZCB circuit output range, as it is limited to 2 VDSAT from either rail and increases

flicker noise contribution from M1. In the prototype ADC the width of the devices

was chosen for optimized output swing. The first stage output current source con-

sists of 64 devices in parallel of width W = 4.08pmi and length L = 0.12pm , with

an equivalent Cdb = 52fF. The first stage total load capacitor is 6pF. The high

frequency power supply attenuation is then vo"t(s) Cdb pf0O52pF, which is
Vdd(S) -CA-Cdb 6f002F

-41dB attenuation. As the drain to junction capacitance at both the positive and

negative inputs are matched better through the presence of complementary current

sources, the high frequency noise appears as common mode and is much better than

-41dB.
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Figure 4-7: Simplified diagram of ramp generator

Assume the current source is cascoded and the current is I (refer to Figure 4-

7). The maximum output-dependent overshoot error over the current source nominal

output swing VOUTFS can be derived as

| VMAXu |= td VOUTFS (45)

where RO = roM2 (9mM2 roMl + 1) is the output resistance of a cascoded current source

[10],where gmM 2 and rOM2 are the transconductance and output resistance of M2 and

rom, is the output resistance of MI and td is the ZCD delay. The transconductance

oM2 M - I ado -xV-
of M2, gmM 2 = 2

VDSATM 2 and rO = roM2  , where VA is the Early voltage of M2,

as both MI and M2 carry the same current and are sized to have equal length and

width. Substituting into Eq. 4.5 yields:

VOUTFS (2VDSAT) I

VOUTFS (2VDSAT) dvOUT
VOVMAX J= td V2 dt

For fixed output ramp rate d r, full scale current source output voltage swing

VOUTFS and fixed ZCD delay td, the overshoot error is proportional to the overdrive



voltage of the current source devices. Therefore, minimizing the overdrive voltage

minimizes the output dependent overshoot error. The current source devices were

designed for an overdrive voltage of VDSAT = 160mV and two times the minimum de-

vice length was used for improved output resistance. Note that for a VDSAT of 10rV

in a bidirectional ramp implementation there is headroom for double cascoding for an

upper rail of 1V, which can improve linearity. The output swing for a NMOS current

source is VDD - 3(16OMV) =1V - 480mV = 520mV The output range of either type

of current source is YLQ - 500rnV in bidirectional mode. As the available margin is2

only 20mV, it was not implemented in this design, however in future work the VDSAT

of the devices can be further reduced to allow for larger error margin.

Current splitting, introduced in [6] is used to eliminate the output switch in the

current path of the multiply-by-two digital-to analog converter MDAC in the pipeline

stage implementation. The series switch in the path of the current source at the

output introduces output dependent voltage error because the switch on-resistance is

output dependent and limits the linearity of the stage.

The current sources can be reconfigured for a range of unit bias currents from

33uA to 72uA. The current can be stepped in five increments and three of the bias

currents are shown in Table 4.1. The range of bias currents translates to first stage

total ramp current BIrAS 1,, charging the output load capacitor CTOT = C + CCLS in

the range of 2.1mnA to 4.6rmA. The first stage differential ramp rate Sdiff can be set

from 6.6(108) to 1.5(10)! . In a bidirectional ZCB implementation, the ramp rate

settings correspond to coarse phase durations of - 1.5ns to - 0.7ns. In a hybrid CLS-

OpAmp/ZCB implementation, the range of ramp rates can support sampling rates

from 75MS/s to 100MS/s, where it is assumed that the fine phase opamp settles to 4

time constants with a closed loop bandwidth of 150MHz and 200MHz respectively

and the preset phase duration is 800ps. The preset phase can be configured from

400ps to 800ps in the prototype ADC. From Cadence extracted simulations the ZCD

delay (including buffer delay to the current steering switches) td is approximately



~ 100ps. For a conservative estimate of the overshoot error a ZCD delay of twice

the simulated delay is assumed td = 200ps. The differential overshoot error VOVdff

is estimated using VOV,,ff = Sdifftd. Cadence simulations of the differential ramp

rate change ASdiff over the valid current source output differential range of the first

stage from 250nV to 750mV for each bias current are shown in Table 4.1. The

differential ramp rate change ASdiff is used to estimate the maximum overshoot

variation vMAIX over the valid current source output range form 250TnV to 750mV

for a ZCD delay td = 200ps. In the simulations both finite output resistance and

nonlinear output capacitance contribute to the ramp rate variation over the output

range of the pipeline stage. The corresponding accuracy referred to the input of the

ADC is shown for each bias setting based on the estimate of vm_ (2 0 0ps). Based on

Table 4.1, the estimated accuracy of the coarse phase K is used for the design of the

fine phase opamp presented in the subsequent sections (refer to Subsection 4.3.2.5).

Imi Imid Imax1

'BIAS ,± 33uA 52uA 72uA

IBIASt 2.1mA 3.3mA 4.6mA

Sdiff 6.6(10")L 1.1(109)v 1.5(109)v

Vovdff (200ps) 132mV 220mV 308mV

ASdif f 7.2(106) 1.1(107) 1.8(107)

Vauax (200ps) 1.4mV 2.2mV 3.6mV

K bits 10 9 8

Table 4.1: Ramp rate variation ASdiff and overshoot error variation V1MAX over the valid differ-
ential output range of the current sources for the first pipeline stage design.

4.3 Opamp Design

4.3.1 Top Level Description

In a hybrid CLS-OpAmp/ZCBC stage implementation of a pipelined ADC, the coarse

ZCB phase serves as a fast approximation of the final output voltage and virtual



ground condition. During the fine phase, the opamp settles the output to its final

value. At the end of the coarse phase of charge-transfer operation (refer to Figure 4-8a

and Figure 4-8b), the ZCD detects the virtual ground condition (ZCDdr). A delayed

signal of the ZCD transition is generated to turn the ZCD off. In addition at the ZCD

transition instant another signal is generated to turn the opamp on (AMPtI) (Figure

Figure 4-8b). As shown in Figure 4-8a, the level shifting capacitor CCLS is charged

during the coarse phase in parallel with the load capacitor C = C1m 11 C2n + Cn,+

to a rough estimate of the final output voltage value. During the coarse ZCB phase

the bottom plate of CCLS is connected to VCM through swl in Figure 4-8a. At the

end of the coarse phase the bottom plate of CCLS is disconnected from VCM and

connected to the output of the opamp through sw2. The voltage across the output

sampling capacitor CCLS is reset during the preset phase (Pre), in Figure 4-8b, every

clock cycle to prevent the previous cycle level shifting voltage stored on CCLS that

introduces errors in the current value.
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4.3.2 Opamp Specifications

The attainable precision of the fine opamp phase is determined by the opamp gain,

bandwidth and noise contribution. The error contribution of each will be considered

in detail in this section.

4.3.2.1 DC Gain and Bandwidth

The stage output VOUT is level shifted from opamp output VAMP through capacitor

CCLS as shown in Figure 4-9. As discussed in Chapter 2, finite ZCD delay, finite

output resistance and nonlinear output capacitance of the current sources results in

an output voltage overshoot error at VOUT, which can be expressed as a function of

the ideal output voltage vo and ZCD delay td by Eq. 2.14 in Chapter 2, the truncated

version of which is repeated here for convenience:

I= VO(t)td (4.6)
v0 (vot)= ~t RoC

In Eq. 4.6, the effect of nonlinear parasitic capacitance is ignored for simplicity.

C1n C2n

c 1 VX VOUT

dVREF 
CL

CL Icn+1

> 

VAMP

VVcM

Figure 4-9: Fine opamp-based charger-transfer phase

The output voltage at the end of the coarse ZCB phase can thus be expressed as:

VOUT = VO + VOV + v"

where vo is the ideal output voltage at the end of the charge-transfer phase, Vov is the

constant component of the overshoot error (the first term in Eq. 4.6) and v, is the



output-dependent component of the overshoot error v, = f(vouT), corresponding

to the the second term in Eq. 4.6. The constant overshoot error can be corrected

using offset-cancellation circuit techniques and is assumed for the analysis here to be

VOy = 0. In the presence of constant overshoot error correction, the opamp must

remove only the output-dependent error vov at VOUT incurred at the end the coarse

phase. Therefore an opamp output range, sufficient only to allow for the maximum

output-dependent overshoot error is required.

At the beginning of the fine charge-transfer phase the initial voltage error to be

corrected by the opamp is (assuming the start of the fine phase occurs at t = to ):

vot(t = to) = v".

The voltage at the input of the opamp at the beginning of the fine charge-transfer

phase is:

Vx = VCM + v0O7

where 2 = is the feedback factor from the output to the input of the opamp.

The output-dependent error at node vX, at t = to is:

v (t = to) = PVO.

At the instant, before the opamp is turned on, the opamp output is:

VAMP = VCM

and

Vamp(t = to) - 0.

During the fine phase, from Section 2.4.4, the waveform at the opamp input voltage



is:

1 Apy t(l±A3y)
Vx M)= VcM+ PVOV(+Apy I +±Apy e T (4.7)

the output voltage waveform is:

1 Apy t(1+APy)
VOU(t) VO + ( + e ), (4.8)

1+Apy 1+Asy

and the opamp output is:

Ap _ t(1+AK)
VAMp(t) = -vv()(1 - 6 )(4.9)VAMPt) -OV1 + Apy

where A is the DC gain of the opamp, T = 1 is the opamp time constant, assuming
W3dB

the opamp is a first order linear system and J3dB is the open loop opamp bandwidth.

The coefficient y is the attenuation factor from the opamp output voltage VAMP to

the stage output VOUT (refer to Figure 4-9).

The size of the output-dependent overshoot error v, determines the lower bound

on the DC gain A and closed-loop bandwidth wj = - of the opamp. Assume the

linearity of the output of a pipeline ADC stage must be M bits. In addition assume

that the coarse phase provides output linearity of K bits. Then the opamp has to

have sufficient gain and sufficient bandwidth to attenuate and settle the output voltage

error vov and ensure the output voltage VOUT is linear to M bits at the end of the

charge-transfer phase. Let L = M - K. For a given ADC sampling rate f, and fine

phase L-bit linearity requirement, the opamp DC gain A and open loop bandwidth

w = can be determined from the residual error at the output voltage node VOUT at

the end of the fine phase (t = tj):

1 + Apy -n(1+^iY>

vot(ti) = V.(e ) (4.10)
1+Apy 1+Apye

where tfine = ti - to is the fine phase duration.



. Opamp DC gain

The first term of Eq. 4.10 represents the DC error remaining after the opamp has

fully settled and is due to the finite opamp DC gain A. The minimum opamp gain

for the required fine phase linearity of L bits can be derived from:

vov ' vov
1 + Asy - 2L+1

1 + Asy > 2 L+1

2 L+1 _-

A> . (4.11)

The fine phase opamp of the first stage of an N-bit pipelined ADC has the most

stringent requirement as the maximum output nonlinearity error of first stage referred

to the ADC input has to be < VLsB (where VLSB = VFS is the ideal code width of the
2 N

ADC with full scale input range VFS and N-bit resolution) [10, ?]:

Vut (ti) < 2F +1G1, (4.12)

where G1 = 4 is the gain of the first stage in this prototype, VFS = 1.75V is the ADC

full scale input and the target accuracy is N = 13. From Eq. 4.12 it follows that

the first stage output error at the end of the fine phase has to be vat(tj) = 2

27r < 427uV. In addition from Eq. 4.12, the first stage output linearity requirement

from (2k-r)2 2 = s is M = N -2= 11 bits for jVLSB accuracy. As the gain of

every subsequent stage G, is also 4, it can be generalized that the output of stage n

must satisfy M, = N - 2n for an N-bit pipelined ADC with G, = 4.

For simplicity it is assumed that the ramp rate and ZCD delay are identical for all



stages of the pipelined ADC. It then follows that the coarse phase K-bit nonlinearity

can be assumed for all stages to first order. Therefore, L, = M - K = N - 2n - K

for G, = 4. The minimum fine phase opamp DC gain requirement can then be found

by substituting L, into Eq. 4.11 for stage n is then:

A >2 .n-K1 - 1 (4.13)

. Opamp bandwidth

The second term of Eq. 4.10 is due to the finite bandwidth of the opamp and can be

used to find the minimum closed-loop bandwidth reT of the fine phase opamp of the

pipeline stage for a desired sampling frequency fs and resolution N of the ADC. By

design the fine phase duration is allocated 2 of 9, where T, is the sampling period.3 2

It is assumed that the term A ~y 1 for simplicity of the analysis (which holds if

A-y >> 1). Then for a fine phase duration:

tfn-2 Ts Ts (-4
3 2 3

the output error will exponentially diminish to a value smaller than the required

fine phase error corresponding to output linearity of L bits. The term ( ) is

the opamp closed-loop time constant Ti. For purposes of the following derivation,

linearity of L + 1 bits is assumed, in order to allow for enough error margin for the

opamp gain error contribution to the output nonlinearity of the stage. Thus from the

fine phase linearity requirement an expression for the closed-loop time constant Tcl

can be derived:

v e e <_L+ (4.15)

e T > 2 L+1 (4.16)



tfine ;> (L + 1) In 2 (4.17)
Tcl

TcI < tine (4.18)
-(L + 1) In 2

Substituting Eq. 4.14 into Eq. 4.18 yields an expression for the minimum required

closed-loop time constant Tcl for an ADC sampling period T,:

1 T
Tc < 1n (4.19)

-(L + 1) In 2

The closed-loop bandwidth for the n'h pipeline stage of an N-bit ADC, of gain G,, = 4

and fine phase linearity requirement Ln = N - 2n - K is then:

IT
(N - 2n K1)n2 (4.20)

Note that in the case of a bidirectional ramp ZCB coarse phase implementation

the overshoot error changes polarity and the output voltage at the end of the fine

phase (t = ti ) from Eq. 4.10 is:

vt(ti) +Aye (4.21)

- to 1  1+APY 1+APY e T VOUT > VCM

It is clear from Eq. 4.21 that the residual error at the output of the ADC pipeline

stage changes polarity with output voltage. However, the absolute magnitude of the

output error at the end of the fine phase is unchanged and the above analysis for the

fine phase opamp design requirements still holds.

4.3.2.2 Output Voltage Range

The relationship between the stage output vet and the opamp output vamp (refer to

Figure 4-9) is determined by the choice of level shifting capacitor CCLS,



Vot CCLS

Vamp COLS + C

where

C = Cn+1 + C2n 11 C1n

Note that the opamp output parasitic capacitor is small compared to the load ca-

pacitor for this particular design and is ignored in this analysis. For large values of

CCLS, Vamp Vot (refer to Eq. 4.22) and the opamp output swing has to accommo-

date the maximum output-dependent overshoot error vvMA,. When CCLS = C, then

y = 1 and the opamp output swing has to accommodate two times the maximum

output-dependent overshoot error 2vO,,,,. As the size of the level shifting capacitor

decreases further with respect to C, the attenuation factor -y increases and the opamp

output swing requirement grows proportionately to -lvOvM, as shown in Eq. 4.22.

CCLS > C

2, CCLS = C (4.22)

CCLS , CCLS < C

The coarse phase current source power dissipation scales up with larger values of

CCLS (refer to Figure 4-8b). The total coarse phase current coarse is (refer to Figure

4-8a)

coarse = IC + ICCLS = S(C + CCLS),

where S is the coarse phase output ramp rate. Therefore larger CCLS alleviates the

opamp output range specification but increases the coarse phase power consumption.

The minimum of the function f(CCLS) = Vampicoarse = (VOVMAX CLSc) (I(C + CCLS),

occurs at C = CCLS as shown in Appendix D. Therefore -y = 2 is chosen for the pro-

totype ADC.



The attenuation factor y and the maximum output dependent overshoot error

vma_ set the range requirement for the opamp output

'Vamp 1=| VOV^|, (4.23)

where the maximum output-dependent overshoot error vjma, occurs at the maximum

swing of the stage output voltage VOUTFS and from Eq. 4.6

VOVAX =1tdVOUTFs.
Vo |=| tR oC (4.24)

where RO is the current source output resistance and can be expressed as RO Icoarse
VA

where VA is the early voltage of the current source. Substituting for RO in Eq. 4.24

results in:

I 21 tdVOUTFS coarse
VA0C

1 dVOUTFSS

VA

where S is the coarse phase ramp rate . Substituting Eq. 4.25 into Eq. 4.23 yields

the minimum opamp output range requirement:

Vamp = tdSVOUTs
Z~amp yVA (4.26)

The first stage opamp output range requirement given the parameter in Table 4.1 is

discussed in Subsection 4.3.2.5.

. Effect of level shifting capacitor CCLS on closed loop DC gain and

bandwidth

In the fine phase analysis thus far, the opamp was assumed to have a first order system

response with DC gain A, open loop bandwidth W3dB = ), unity gain bandwidth

(4.25)



wu = Aw3dB , and a single pole p located at:

where Ramp is the opamp output

plicity and Cload = Cp,,p + (CCLS

capacitance of the opamp and Ceq

smaller than CCLS (Cn+ 1 + Ceq)

1

P RampCoad

resistance, assuming a single stage opamp for sim-

(Cn+1 + Ceq),where Cp is the output parasitic

= C1 C12. In the prototype ADC, C),_, is much

and is ignored here for simplicity and

Cload = CCLS (Cn+1 + Ceq)- (4.27)

The open loop opamp bandwidth J3dBiS then:

W)3dB =(CCLS + Cn+1 + Ceq)
RampCCLS(Cn+1 + Ceq)

The closed loop gain GCL of the fine phase opamp in feedback in Figure 4-9 can then

be expressed as:

GCL = =

-YO
(CCLS ± Cn+1 + Ceq) (Cin + C2n)

CCLSC 2n

and the opamp closed loop bandwidth WCL is:

WU
COL =CLLJL-GCL

AW3dB
1

-Y1 3

=AO ( CCLS CCLS + Cn+i + 0 eq

CCLS +Cn+1 +Ceq ampCCLS(Cn+l + Ceq)

=AO~ ( Ramp (Cn>1 + Ceq))



Note that the closed loop bandwidth WCL for a fixed Ramp is independent of the level

shifting capacitor CCLS and that independence holds only under the assumption that

the parasitic output capacitance of the opamp CPAM < CCLS 11 (Cn+1 + Ceq).

4.3.2.3 Thermal Noise

For an opamp in a hybrid CLS-OpAmp/ZCBC pipeline stage implementation, with

finite gain A and time constant T, the thermal noise power spectral density at the

output of the opamp during the fine charge-transfer phase (refer to Figure 4-10) is:

V\2 = v j(I l± AIJ 1 ( ))2 (4.28)
"o n ' 1 1+ AO'-y I + srci

where v 2 is the input-referred opamp thermal noise power spectral density, /3' is the

feedback factor:

C 2n

CP, + Cln + C 2n

and Tje = is the closed-loop time constant. Note that the opamp input parasitic

capacitor Cp,, increases the output noise and for that reason is included in this

analysis. The feedback factor 0' decreases as Cp,, increases. If Cp, = 0, then

= = and from Eq. 4.28, the noise power gain is minimum. Let:

A y
0' 1 + Ay3' '

Then the total integrated thermal noise power at the opamp output at the end of the

fine charge transfer phase is:

00

2 = A2 v df (4.29)

=v (A 2fc) (4.30)
2



where fc = 1 is the opamp closed-loop bandwidth.

To establish the maximum allowed total thermal noise contributed by the fine

phase opamp at the output of an th stage of an N-bit pipelined ADC, the noise is

referred to the input of the ADC. If the signal gain of an nth pipeline stage is Gn,

and all stages have the same gain, then the aggregate gain from the ADC input to

the output of stage n~ is Gtot = Gk. The maximum ADC input-referred mean-

square thermal noise power contributed by the fine phase opamp in stage n must be

less than the ADC quantization noise power to maintain the ADC SNR as discussed

in 4.1.1.1. When the thermal noise power is equal to the quantization noise power,

the SNR of the ADC degraded by 3dB. Recall that for an ADC, the root-mean-

square quantization noise power is 12 [10]. Taking the square root of both the

input-referred mean-square noise power and mean-square quantization noise power

yields:

1  2 < VFS
o 7 2 N1 1 2 )

and

(V VFS
no < I Gtot (4.31)

where VFS is the full scale input range of the ADC. From Eq. 4.31 the maximum

allowed output-referred opamp noise voltage for the fine phase of the first stage of the

prototype ADC is 246uV. Substituting Eq. 4.30 into Eq. 4.31 yields an expression

for the input referred root-mean-square noise density:

Vb'T < 2 212 Gtot

<_ I V F, 2 S G ot.



Table 4.2: Summary of opamp specifications

Specification Value

Gain (A) > 21

Settling time (T) [s] > + (1 ± AL3y)

Input-referred thermal noise ( ] 2 ot

Output voltage range (vamp) [V] "td5 VOUTFS
______________________________ YVA

C1 n v C nVuI I - rnVOUT

d VREF

C~i VAMPT

VCM VCM C

Figure 4-10: Fine phase opamp input parasitic capacitor Cp increases the total integrated thermal

noise at VOUT.

4.3.2.4 Summary

Table 4.2 summarizes the opamp specifications required for a fine charge-transfer

phase with output linearity up to L bits, for a sampling period T, and coarse phase

ramp rate S. Note that the analysis was done for a single-ended case.

4.3.2.5 First Stage Design Considerations

The opamp specifications of the first pipeline stage are dictated by the desired ADC

accuracy and more specifically the output linearity of the first stage. In addition the

opamp specifications are constrained by the first stage coarse phase output linearity.

For an N-bit ADC accuracy the input referred error must be eIN < 2N , where VFS

is the ADC input range and N is the ADC resolution [40, 28]. To achieve N = 13

bits accuracy, assuming VFS = 1.75V, first stage gain G1 = 4 and 3-bit sub-ADC, the

error at the output of the first stage F1 must be:



VFsGj (4.32)
1 < 2 N+1

<427iV.

Cadence simulations of the error due to the finite current source resistance of the

first stage current sources and nonlinear output capacitance showed better than 8 bits

of linearity (K > 8) at the largest unit bias current of 72uA (refer to Table 4.1) at the

end of the coarse charger-transfer phase using a bidirectional ZCB implementation.

As a reference, previous single phase ZCB pipelined ADC implementations [6, 9] in

90nm CMOS with a first stage 3-bit sub-ADC and first stage gain of G1 = 4, have

attained 10-bit linearity up to lOOMS/s with a unidirectional ZCB implementation.

The differential ramp rate in [6, 9] is on the order of Sdiff ~ 2(!) = 5(108) for a

sampling period of iOns, which is comparable to the minimum bias current ramp rate

of this design. Therefore it is conservative to assume a nominal 8-bit coarse phase

linearity for this design.

Table 4.3 presents a summary of circuit design parameter requirements for the

fine phase opamp of the first pipeline stage of a 13-bit pipelined ADC operating at

lOOMS/s. The fine phase linearity has been assumed up to L = 2, L = 3 and L = 4

bits for each case of coarse phase linearity of K = 9, K = 8 and K = 7 for a fixed

first stage output linearity requirement of M = 11 (refer to Eq. 4.32). The sampling

period T, is assumed to be IOns for lOOMS/s sampling rate. From Eq. 4.14 the fine

phase duration tfine is assumed to be ~ -T,. For a stage gain of G1 = 4, the feedback

factor 0 is . The attenuation factor from the opamp output to the stage output is

= Therefore the attenuation in this particular design from the opamp output

to the opamp input is I. The parameter num, represents the number of closed-loop

time constants for settling, and w1 is the unity-gain bandwidth of the opamp and is

computed from T = 71(1 + AO3 ) , where T the opamp bandwidth and w, = A. The

opamp gain requirement is calculated using Eq. 4.13. The closed-loop bandwidth Te1



is computed using Eq. 4.18. The parameter vam, = V""m^x is the fully differential

opamp output voltage swing assuming the constant overshoot error VOy is canceled

as described in Chapter 3. The value of vvMAx was estimated as VOMAX 2(K) to

allow a margin of error.

L 2 3 4

K 9 8 7

A 35dB 42dB 48dB

numi.- 3 4 5

TC 1.Ins 0.85ns 0.65ns

Wn 27r(1.15GHz) 2wr(1.5GHz) 2-r(1.87GHz)

vamp 7mV 14mV 27mV

Table 4.3: Fully-differential opamp specifications for 3-bit,4-bit and 5-bit fine phase accuracy.

From A and vamp in Table 4.3 it is clear that the output range allows for a telescopic

opamp implementation even with a limited positive supply voltage of 1V. The pa-

rameter vamp - vov^Ax is the fully differential opamp output voltage swing assuming

the constant overshoot error VOy is canceled as described in Chapter 3. In this par-

ticular design a very conservative approach was taken with ~ 200"1V output range.

It is an oversight in the prototype of the ADC that the load of the telescopic opamp

was not double cascoded. Double cascoding the load of a telescopic opamp constrains

the output range to VDD - 3VDSAT - VCM, where it is assumed that all load devices

have the same VDSAT, and the output common mode voltage is at mid-rail (VcM). In

the prototype ADC VDSAT = 160mV, which results in VDD - 3VDSAT - VCM= 20TnV

for a supply of 1V, which is smaller than the maximum value in Table 4.3. The

overdrive voltage VDSAT can be reduced while biasing the load devices closer to weak

inversion, which would have allowed for sufficient swing and improved the DC gain

of the opamp.



4.3.3 Choice of Opamp Topology

The opamp topology is dictated by the gain, speed and output swing necessary to

bring the approximate coarse phase output of the pipeline stage to a more precise

estimate of the ideal output. A single stage telescopic opamp meets the above speci-

fications. It provides a boost in gain through cascoding at the cost of limited output

swing and has better noise performance than a folded cascode opamp [34].

VDD

T
PBIAS 1 (10-F)

M9 10 1!-

PBIAS PCAS IF PBIAS
M12 M7 M8 7 F -

PCAS Vout- Vout+ PCAS
M11 M13

VBIAS M_ T

MM
C~Vx+ I VX C

' H M3 M4 C

NBIAS CMFB otrl -

M1 M2

Figure 4-11: Modified telescopic opamp

A variation of the standard telescopic topology (refer to Figure 4-12) offers im-

provements in opamp noise and gain at no significant speed detriment and preserves

the output range of the opamp for the same total current (refer to Figure 4-11). A

fraction F of 1, where Io is the opamp tail current is steered through the side branches

(M11, M12, M13, M14). For the purpose of comparison, the standard topology and

this.topology are assumed to be designed to have the same bias current, same voltage

output range of operation, input device and main branch device sizes. For simplicity

the analysis below only considers the equivalent differential half circuit.
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Figure 4-12: Telescopic opamp

. Thermal Noise

For simplicity it is assumed that in Figure 4-12 all load PMOS devices (M7 - MlO)

and NMOS cascode devices (M5 and M6) and the equivalent devices in Figure 4-

11 have the same transconductance 9 m The input devices (M3 and M4) have a

transconductance gMM3 = 9mM4 = 9min and output resistance rom3 = rOM4 = ro.

in both figures. For the standard telescopic opamp, the cascode devices contribute

negligible noise. The remaining contributing thermal noise sources are the input

devices and the PMOS load devices M9 and M10, similar to the the case of a simple

differential pair [10]:

v2 = 2 [k (1 + M9) (4.33)
.n 39MM3 9MM3-

where v2 is the equivalent input mean-square thermal noise power density. If the

input devices are biased in weak inversion to reduce thermal noise then:



V [ 2kT (1 + (4.34)

The main difference from a thermal noise standpoint between a differential pair

and a standard telescopic opamp is the ratio of the transconductance of the PMOS

load devices to the transconductance of the input devices. In the simple differential

pair case the load devices can be scaled down in width and thus carry higher current

density trading off range for reduced noise with gm" < 1. In the standard telescopic
9mM3

topology due to limited output range the load PMOS devices (M7 - M1O) cannot

be scaled as easily in width, which results in higher noise for the telescopic opamp as

gmg9 1. Steering current away from the load devices (M7 - M1O) in Figure 4-11
9-M3

separates to a degree the noise and range trade-off in the standard telescopic opamp

topology. Range is not limited for the side PMOS branches (M11 - M14) and that

allows for scaling the width of devices (M11 - M14) down. In addition it allows

more control over the ratio of the transconductance gml 2 = gmiM 4 of the side branch

devices M12 and M14 to the transconductance of the input devices M3 and M4,

gmnM3 to minimize the noise contribution of load devices M12 and M14.

For this analysis it is assumed that M9 and M1O have the same current density

as that in an equivalent standard telescopic opamp, and their transconductance is

proportional to the current -a(1 - F). The cascode devices M5, M6, M7, M8, M1I

and M13 are assumed to contribute negligible noise. The equivalent input thermal

noise power density for the modified telescopic opamp topology is, assuming the input

devices are biased in their square law region of operation:

2 -2 8kT (1 - F)gmmg Fgm1 2 1Vs =z2f (1± +).
. 3 mM3 9mM3 grnM3  -

If the input devices can be scaled up to be operating in weak inversion to further

reduce the input referred thermal noise density:



2 [ 2kT + 8kT ((1 - F)gmA19 +Fgm 2
. mM3 39mM3 gmM3 YmM3

In the implementation of the modified telescopic opamp F = 0.4 and gmml2 ~Mm'

then:

22kT 4 0.6gm, +0.4(g"-"
V. = 2 -(I+ -(

In gMM3 3 g MM3 gmM3

J2 2kT 4 _.8g ~
Vn =-2 (1nM +3( 9M"M) (4.35)

____ 06mMgm 3  Y mM3.

It is clear from Eq. 4.34 and Eq. 4.35, that the input referred thermal noise power

density is reduced in the proposed modified topology.

As already discussed optimizing the fine phase opamp output range is not as

stringent a requirement as in a conventional telescopic opamp implementation and

the ratio g'm9 < 1 can be minimized. By design ,gm ~ 0.65 and the thermal noise
gMM3 gmnM3

spectral density is:

2 3(4kT)
vin~ 2 .Mgmu3

DC Gain

The DC gain of the standard telescopic opamp is G = -g9M 3Rst, where R.,

is the output resistance of the opamp, R = RoRut RoI n and Rotp = Routn =

roMg mMrroM7 + 1) = R , therefore Rout = Rand G = mR When a fraction

F of the current is steered through the side PMOS branches bypassing the output of

the opamp, the gain of the modified telescopic opamp GF is:



GF = -9mus RotF

where RotF = RoutpF RoutnF is the output resistance of the modified telescopic opamp

and can be represented as a function of the standard telescopic opamp output resis-

tance and F as follows:

RoutpF (-) 1F
(I - F) /(_1 -F)

RoutnF =
v(1 -F)

R
RoutF= , R =ROUtp = Routn

F (1 - F)(2-F)

2G
GF =-gmmRoutF =

(1 - F)(2 - F)

Note that when F = 0, no current steering branches are present and all the tail current

flows though the load devices in the standard telescopic opamp topology and GF = G.

When F = 0.4, GF = 1.6G, or an improvement in gain of 4dB. Larger fraction of the

bias current, steered away from the load results in larger gain improvement.

. Range

In the general case, the output range is the same as the one of the standard telescopic

opamp since the load devices (M7 - M1O) at the output are not scaled as are the

side branch devices (M11 - M14). In the specific implementation of this topology

range is less stringent and allowed for further reduction in noise.

. Bandwidth

The standard telescopic opamp unity gain bandwidth wu, for a load capacitor Coad

is:



gmM3

u Cload

Although opamp output parasitic capacitance Cpap is much smaller than the load

capacitor Cload and had been ignored in the opamp bandwidth analysis thus far it

is included here to present a general expression for the modified telescopic topology.

When a fraction F of the tail current is steered away from the load in the modified

telescopic opamp, the width of the load devices M7 - M10 and cascode devices

M5-M6 is reduced by a factor of (1-F). As a result the output parasitic capacitance

is scaled down by the same factor, which results in a slight improvement in bandwidth.

In this particular design, however the load capacitor ~ 1.5pF is significantly larger

than the output parasitic capacitance Ct, which is < 50fF and this improvement

is negligible.

Cload + (1 - F) - Cpamp

One drawback of this topology is that the parasitic poles at the respective drain of

the input devices M3 and M4 move in and slow down the opamp for larger side

branch currents and sets an upper bound on how large F can be. The parasitic pole

P= -gnM5 (refer to Figure 4-11), where 9 mM5 is the transconductance of M5 and

scales by a factor of (1 - F)2, if M5 is biased in square law regime.

In Figure 4-13 the gain bandwidth plots for F = 0 and F = 0.3 are shown for a tele-

scopic opamp, which meets the fine phase opamp requirements of the first pipelined

ADC stage of this work.

. Slew rate

Another drawback of this design variation of the telescopic opamp is reduced slew rate

by a factor of (1-F). In this specific design the opamp is expected to operate over a

very limited output range around the mid-rail voltage VCm to only correct the output

dependent overshoot error. The operation of the ZCB coarse phase is comparable



to slewing in a standard opamp implementation of a pipeline stage. Therefore the

function of this opamp is primarily to settle the small residual output error from the

ZCB phase, assuming the constant part of the overshoot has been corrected. Thus

the slew rate degradation does not affect this particular design. If the common mode

feedback circuit is applied through M9 and M10 instead of the bias device M2, the

slew rate is not limited.
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Figure 4-13: Gain bandwidth plot for a telescopic opamp for F=O and F=0.35

4.3.4 Implementation

The opamp powers up only during the fine phase of the charge-transfer phase as

shown in Figure 4-14. The opamp turn-on and turn-off is controlled through switches

at the cascode nodes vp and VN in Figure 4-14 to VCAS when the opamp is turned

on and to the respective rail when the opamp is off. A standard switched capacitor

common mode feedback (CMFB) circuit is used to regulate the common mode for

the fully differential implementation of the opamp [10]. The opamp is turned on while



the outputs are still connected to VCM, to prevent glitches due to clock feed-through

at the output due the opamp starting up.
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Figure 4-14: Opamp implementation. The control signal a turns on and off and on the opamp

during the charge-transfer phase /2.

The first stage opamp was designed for flexibility to operate over a range of bias

currents from 1.6mA to 3.6mA. The nominal bias current of 2.6rnA was chosen for a

unity gain bandwidth of w_ 27r(2GHz), for a load capacitance of 1.6pF and a gain

of ~ 40dB (refer to Figure 4-13). The length of all opamp devices just as the length

of the ramp current source devices was chosen to be a factor of 2 that of a minimum

length device of 65nm for improved output resistance and intrinsic gain. The width

of the input devices was scaled up to reduce flicker noise, while keeping total parasitic

capacitance introduced at the opamp inputs at a reasonable level. The total parasitic

input capacitor is < 5% of the total sampling capacitor which is 6.8pF at each of the

two inputs. The input parasitic capacitor increases the total output referred noise as

shown in Section 4.3.2.3. From cadence simulations the total output-referred noise is

182uV which is less than the desired 246uV from Subsection 4.3.2.3.



The second stage and third stage input sampling capacitors, C2 and C3 respectively,

are scaled by a factor of 4 with respect to their preceding stage C2 = 'C and

C3 = -LC1 . The second stage fine phase opamp drives an output load capacitance,

which is . that of the first stage input sampling capacitor C1. Stages three through4

eight are identical and the fourth stage input sampling capacitor C4 = C3 is not scaled

with respect to the third stage input sampling capacitor. The third stage fine phase

opamp thus drives an output load capacitance Cad3 from Eq. 4.27:

Cioad3 = CCLS, (04 + 013 023),

where CCLS3 = (C 4 + C13 023), 4 03 = C2 and 013 11 023 3 C2).

Therefore Coad, ~ j(C4 + 3 ) ~ }({)C3 = ( C2) ~C2. The second and third

stage opamp bias currents are scaled by the same amount as their respective load

capacitors. The opamp unity gain bandwidth for a telescopic opamp is W" = 9Mflf 3Cload

(Figure 4-11), where gm 3 is the input device transconductance, which is proportional

to the bias current Io when the input devices are biased in weak inversion and Cload is

the opamp load. As both the load capacitor and bias current are scaled by the same

factor, the unity gain bandwidth w, does not change.

4.4 ZCD Considerations

4.4.1 Background

The coarse phase performance of a hybrid CLS-OpAmp/ZCB ADC pipeline stage

limits the overall output linearity of the stage. ZCBC output linearity is limited

by the output dependent overshoot error, v, (VOUT). The overshoot error is directly

related to the ZCD delay td by:

VOVMAX = td VOUTFS (4.36)
tramp

where vooMAX is the maximum magnitude of the output dependent overshoot error,

tramp is the coarse phase ZCB ramp duration for a full swing output voltage VOUTFS



and VOUTF, - dVouT is the ZCB circuit ramp rate. From Eq. 4.36 it is clear that
tramp dt

to achieve the minimum possible overshoot and best output nonlinearity for a fixed

ramp rate, the goal of the ZCD design is to minimize the delay td.

In a hybrid CLS-OpAmp/ZCB 13-bit pipelined ADC with sampling period T, =

lOns, the coarse phase by design is fast and for this design its duration is approxi-

mately tramp ~ 1 ~ 1.5n for the minimum bias current. A nominal coarse phase

output linearity of 8 bits referred to the ADC input is assumed for a 13-bit ADC (re-

fer to Subsection 4.3.2.5), which translates into v = 6.8mV, where VFS is the ADC

input range and it 1.75V for this design. From Table 4.1, the maximum ramp rate

variation at the maximum bias current is 1.8(107) v and for a delay of td= 200ps the

coarse phase differential error is 3.6mV, which is approximately half of the required

error. However, note that the maximum ramp rate variation occurs at a differential

ramp rateSdiff = 1.5(109)L. For a delay td = 200ps the total overshoot error is

VOV S difftd = 300rnV which is > 1 of the nominal fully differential output range

VOUTFS = O.5V. Therefore, at the maximum output voltage of 750nV (refer to Fig-

ure 4-1) the coarse phase output is larger than the supply of 1V. Ideally the constant

overshoot error component of vov is canceled and the output is well within its linear

range. However, for a conservative design, the minimum ZCD delay tdmi must be on

the order of a factor of two smaller ~ 100ps. Note that there is additional delays from

the zero-crossing instant to the output voltage estimate being stored on the output

capacitor at the end of the coarse phase so the total delay will be effectively larger

than 100ps.

4.4.2 ZCD Delay Variation

The main sources of ZCD delay variation are: 1) change in the input ramp rate, 2)

change in input common mode voltage and 3) power supply variation.

Input ramp variation is caused by deviation in the ramp current from its nominal

value due to the finite resistance and nonlinear parasitic capacitance of the current



source. In [17, 36][17, 36], the delay dependence on the input ramp is considered

for a ZCD, comprised of a preamplifier and a threshold detector. The latter is as-

sumed to have a negligible delay compared to the preamplifier. The preamplifier

has transconductance Gm, output resistance RO, output capacitance CO and time

constant T = RoCo. The output of the preamplifier is clamped to an initial voltage

VCLAMP. The delay td in this case is defined as the time it takes the preamplifier

output to reach the threshold voltage VM and is considered for two different imple-

mentations of the preamplifier:

V2VM<<
td{ MG td >T437

ta =M G , d >> T

xGmRO,

where Mx is the slope of the ZCD input ramp. The first case in Eq. 8 represents

a preamplifier which operates as an integrator (that is, it has high DC gain and low

bandwidth). The second case represents a fast, low gain preamplifier which settles

its output within the duration of the ZCD propagation delay td.

Next the effect of the input ramp dependent delay is considered for both cases

above (Eq. 8) on the output overshoot error. Recall the ZCBC output voltage error

as a function of the ideal output voltage vo and ZCD delay td from Eq. 2.14 in

Chapter 2 expressed in terms of the early voltage of the current sources VA:

EOUT (VO(t),td) = td - VAC 2VAC (4.38)

where I is the ramp current, C is the ZCB circuit load capacitor charged by the

ramp current. Note that only the ZCD delay dependent components of Eq. 2.14 are

considered. Substituting Eq. 3 into Eq. 8 yields an expression for COUT as a function

of the input ramp Mx:



/2 C, 22 2M _ 2VMCO (vo(t) 2V(1C 2 ~

~OU(MX = MxGm MxGrn VA }) MxGm ) \2VA ,J C~) tdEOUT (Mx ) -X V 2V

V - VM vo(t) V' _1_ ) I t>
[MxY RO MxGmRo ( VA ) MxGmRo 2VA}J C t

(4.39)

The input ramp rate is: Mx =dvx , where Vx is the ZCD input. The relationship

between the ZCBC output VOUT and Vx is Vx = VOUT, where 3 is the voltage

divider from the ZCBC output to the ZCD input. The output and input ramps are

related by:
/3dVoUT BI'o

Mx = cit (4.40)
dt C

Substituting Eq. 4.40 into Eq. 4.39 then results in:

2VMCOMX 1 2V!COM (*vt)_ (2VCo K td«T

V(MX) = G Gm 2VA m 2VA

VM VM V_ W VM
GmRo BGmRo VA J GmRo 2VA t>

For a fast ZCD pre-amplifier, the input ramp delay variation has no effect on the

output overshoot error to first order. On the other hand, if the pre-amplifier ap-

proximates an ideal integrator the output overshot error depends on the square root

of the input ramp due to the ramp integration function. Note that in this case

the constant the output-independent component of the overshoot error is no longer

output-independent. From the above analysis it follows that to minimize output de-

pendency of the ZCD delay it is desirable to design the ZCD pre-amplifier to have a

time constant much smaller than td.

4.4.3 ZCD Implementation

The ZCD topology in this design is similar in structure to the general topology used

in [6, 9, 26] which consists of a fast differential to single-ended pre-amplifier stage,

followed by a dynamic threshold detector.



The differential pair preamplifier in [6] is replaced by a Bazes amplifier [3] shown

in Figure 4-15. The advantages of the Bazes amplifier are twofold. First, in its

small signal range of operation, for a fixed bias current and similar bandwidth, the

Bazes offers twice the gain of a differential pair [3] if the transconductance of the

input devices M3, M4, M5 and M6 are matched, at the expense of an increased

input parasitic capacitance. Second, when outside of its linear range of operation

the bias current of the Bazes amplifier increases with the input signal and speeds up

the output transition as opposed to a differential pair which has a fixed bias current.

Therefore for the same bias current as a differential pair the Bazes amplifier can be

faster without wasting additional static power because unlike the differential pair,

it is not slew-limited. It also has a full rail output, which allows it to be followed

directly by an inverter, eliminating the need to bias the differential pair for a common

mode output voltage with respect to the the trip voltage of the following threshold

detector.

VDD

M1

VCP

M3 M5
V+VBIAS VOUT V;_

M4 M6
VCN

ZCD_out

M2

Figure 4-15: Bazes amplifier topology

In [3] devices M2 and MI in Figure 4-15 are biased in the triode region (while



the input devices are biased in saturation) when the input voltages are at mid-rail,

which gives the Bazes amplifier the capacity for output current larger than the bias

current during the output transitions, making it a power efficient topology for high

speed applications. The In addition with the current sources biased in their triode

region, the outputs VH and VL are very close to the rails, ensuring an almost rail

to rail output range, which provides a margin of variation of the logic threshold of

the subsequent logic gates. In this mode of operation the Bazes amplifier, represents

a differential version of an inverter or the dynamic threshold detector in [6] and its

operation and analysis are explored further in [29].

If All and M2 are biased in saturation, the capacity for large current swings at the

transition point diminishes and instead the current varies by a small amount around

the bias point until the circuit leaves its linear range, that is Al1 or M2 goes into cut

off. At that instant, if M is cut off, then the current in M 2 increases proportionately

to the input voltage until M2 goes into its triode region and the output starts to

slowly approach the respective rail. The reason for a small voltage variation, for

small inputs, at node vC when M and M2 are biased in saturation vs triode region,

is that node Vbias is attenuated by the loop gain when the devices are in saturation

as will be shown in subsection 4.4.3.1.

. Bazes amplifier turn on/off

In Figure 4-16 the NMOS switch (swi) in the current path of A1 is used to turn on

and off the Bazes amplifier. The control signal for turning on the ZCD is generated

from the preset control signal (Pre), while a delayed ZCD output signal ZCD,, is

used to control the ZCD turn-off. As the current in M is cut off through swl, the

bias node VBIAS is pulled high turning off M2. An additional PMOS switch (sW2 ) is

added to pull the node v, to the upper rail and ensure that M5 and M4 are fully

off.



M3
Vi+ VBIAS

M4

on/off

VCPj

02 M2

Pre

on/off 1

ZCDO F1.|

Figure 4-16: Turn-on and turn-off of
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4.4.3.1 Bazes Amplifier Small Signal Analysis

The small signal gain of the Bazes amplifier for all devices in saturation is derived

by making several assumptions along the way to simplify the analysis. The goal

is to gain an understanding of the operation of the circuit rather than derive an

exact transfer function. Devices M3,M4, M5 and M6 are assumed to have the same

transconductance gmi and the same output impedance rj. Devices Mi and M2

are also assumed to to have the same transconductance gmbias and the same output

resistance rob. To simplify the analysis it is useful to first find the equivalent small

signal resistance looking into the drains of the input transistors M3, M4, M5 and

M6.

To do the small signal analysis of the Bazes amplifier, first the feedback loop is

disconnected at the bias node VBIAS (refer to Figure 4-17).
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Figure 4-17: Bazes amplifier schematic. The feedback loop at node VBIAS is disconnected.

The equivalent Thevenin resistance r looking into the drain of M4 in Figure

4-17, can be found by setting the inputs to all devices to incremental ground and

injecting a current itest into VB Figure 4-18:



V
9

Vbias

Figure 4-18: Small signal diagram for finding the equivalent Thevenin resistance looking into the
drain of M4.

Vtest
rot test

(4.41)

Vtest - itest (rob 1 rox_)
itest(rob 1 rox)gmi

where rox is the equivalent resistance looking into the source of M6 in Figure 4-17,

which will be derived next :

Vtest
rox =

'test

itest = (4.42)

.9MiVCM



(4.43)

(4.44)

vout = rotitest + robitest(gmiroi + 1)

itest - Vtest - Vout + gmivtest.
rai

From Eq. 4.41, Eq. 4.43 and Eq. 4.44 it follows that:

rox = " 2ro + rob.
1 + gmjrai

(4.45)

If gmiroi >> 1

2
r o x = --- + rob (4.46)

9mi

andrb >> -- then Eq. 4.45 can be simplified to:9mt

rox rob. (4.47)

From Eq. 4.42 and Eq. 4.47 it follows that the equivalent Thevenin resistance r' is

(4.48)r I = roi + ro (1 + gmiroi).
2

By symmetry the Thevenin equivalent resistance, looking into the drains of the re-

maining input devices A/ 3 , M5 and M6 in Figure 4-17 is also r't.
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Figure 4-19: Small signal
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diagram for finding the equivalent Thevenin resistance looking into the

Next the equivalent Thevenin resistance r0 A, looking into the source of M3 will be

derived (refer to Figure 4-19):

Vtest
roA e-s

't test

Vb = itest [r'i + (1 + gmjroi) (rob 11 rox)]

Vtest - Vb
+ 9mivtest = itest.

(4.49)

(4.50)

Substituting Eq. 4.47 into Eq. 4.49 and Eq. 4.50 and further into Eq.

equivalent resistance r0 A can be expressed as:

4.48 the



rT j + roi (g.i r + 1) + r
r oA 2

+(1 +gmiroi)

oA 2r + rb

I (1+ gmiroi) 2

If gmiri > 1 then:

roA - + ob (4.51)
9mi 2

If gmirob > 4 then the approximation can be made:

rob
roA ~ . (4.52)

By symmetry then the equivalent small signal resistance looking into the sources of

all four input devices M3, M4,M5 and M6 (in Figure 4-17) is roA = roc = roB = roB

and shown in Figure 4-20.
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Figure 4-20: The equivalent Thevenin resistance looking into the sources of all four input devices is
the same by symmetry

A block diagram is derived in Figure 4-22, using the equivalent resistances derived

above, for the transfer function from vi+ to node vc, with vi+ applied at the gate of

M3. The negative input vi_ grounded by superposition (refer to Figure 4-21) and the

input to M4 is also set to ground. To simplify the analysis only devices M3 and MI

in Figure 4-17 as well as the equivalent resistances roB ~ roA , and r' are considered

in this part of the analysis.

g.iV'P

(D-9.VI.
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Figure 4-21: Small signal diagram to derive the transfer function from vi+ to ve and the transfer

function from vi+ to vbia, with vi_ grounded.

o--



Loop 2 ---
LOOP I

+ VbfM

vs mt + + -gr

vcp

Figure 4-22: Block diagram for half circuit of the ZCD

The block diagram in Figure 4-22 can be reduced to the block diagram in Figure

4-23.



Loop 2

Figure 4-23: Reduced block diagram for half circuit small signal analysis of the Bazes amplifier.

From the reduced block diagram of Figure 4-23the transfer function from the

current jsrn = Ymi(Vi+ - vc,) to node ve, can be found to be:

_ gm(4t~oi ±1)~b - -H. (4.53)
'tin 1+gm(rij|ro)+1)

Then the transfer function from vi+ to ve, is:

+~e gmi H'

-- =.H (4.54)
+ 1+gm+H

From Eq. 4.48 the approximation can be made that e ran ~ r, and using this

approximation the term gmiH is reduced to:

gmi H = gmiroi. (4.55)



Then substituting Eq. 4.55 into Eq. 4.54 yields:

(4.56)v+ 1_ gmi roi
Vi+ 1+ gmiroi

if gmiroi > 1. By symmetry between the top and bottom half of the circuit (having

made the assumptions in the beginning of this section), the gain from vi+ to node ve,

Vcn ~ 1 holds.vi+

~ r 'JIr.

LooP I

0/r
+ +r+

Figure 4-24: Block diagram for transfer function from the positive

Vbias of the Bazes amplifier.
input node vi+ to the bias node

From Loop 2 in Figure 4-24 the transfer function from the current ii, to node vbia,

is:

Vbias

'in 1 + rj ( )rb ) (gmbias +!)'

(where it is assumed that r'tI rj re., ) which can be further simplified to



- =i o roi . (4.57)
Vb 1 + 3 (gmbias + 9()

The transfer function from node Vb to VcP from the block diagram in Figure 4-24 is:

VCP = (-gmbias - 1) rob (4.58)
Vbias roi 3

Then the transfer function from vi+ to Vbas from the block diagram above and Eq.

4.57 and 4.58 is:

gmi r0

gmiroi

1±+ (Ymisias + ) + gmjra gmjas + 9 )
gmroi

1 + (mbias + L)(1 + gmjroi)

1
~ - (4.59)

1+ : (9m.ias + +)'

where the assumption is made that the gain of the input devices is larger than 1,

gmiroi >> 1. It follows that nodes v, and v follow the input voltage, while change in

the positive input voltage is attenuated by the negative feedback loop to node veze

and the current through M3 and M4 is fairly unchanged (refer to Figure 4-25). The

general concept of this feedback mechanism is described in [33].

The gain from both inputs v+ and v to the output Vt can then be derived by

superposition by setting the gates of M4 and M6 to ground and applying vi+ to the

gate of M3 and v _ applied to the gate of M (refer to Figure 4-17):

gmi~j 1.It olowstha noevpt an vmiM5 follo th vrinptvlae hl hnei

where it is assumed that reroi ro and from Eq. 4.56 n t v ~db . By symmetry

for grounded gates of M3 and MS and with + applied to the gate of M4 and V 



applied to the gate of M6:

VOUt 2 - -gmij 6 (vj- - v+)roi,

where it is assumed that r,|j r- ~ r0 i and from Eq. 4.56 vc ~ vi+. The output

voltage vut is the sum vut, and Vont 2 -

Vout ~_ [gMiM (Vi+ - V_-) + 9miM6 (Vi+ - vi-) rj

or

Vout [9miM
5 + 9miM6] roi-

yin

M3

I + 
Vbias

M4

M1

M6
out vi-

M5
Vcn 

M

cL CDOUt

Figure 4-25: Small signal operation of the Bazes amplifier

The Bazes amplifier can be approximated as a first order system with transfer

function with a single dominant pole at the output, as nodes VBIAS, low resistance

node, while vast is a high impedance node:

G
H(s) =

-1 + sT
(4.60)

where



1
T = . (4.61)

(Cp + CL)rot(

The load capacitor to the Bazes amplifier CL in Figure 4-25 is the parasitic input

capacitance of a small size inverter and is much smaller than the Bazes amplifier

output parasitic capacitor Cp in Figure 4-25 and can be ignored. The Bazes amplifier

output parasitic capacitor Cp is a sum of the drain parasitic capacitance of devices

M5 and M6:

C = CdM5 + CdM6 .

The drain capacitance of M5 and M6 consists of the drain to gate overlap capacitance

Cg and the drain junction capacitance Cdj, both of which scale with the width of the

device. To maximize the speed of the Bazes amplifier, the drain capacitors of M5 and

M6 should be minimized by choosing smaller width devices. To bias the bottom and

top current sources in saturation the input devices have to be biased in weak inversion,

which ultimately sets the size of the input devices at a bias current. All input devices

are sized for match transconductance. For a fixed bias current ias, biasing M5 and

M6 in weak inversion results in larger transconductance to bias current ratio 9'a

than if the devices were in square law regime and therefore improve gain and power

efficiency. Minimum length input devices were used to optimize bandwidth at the cost

of diminished device output resistance and therefore gain, since speed is the driving

factor in this design. In comparison to a differential pair, the increase in the input

parasitic capacitance by roughly a factor of two of the Bazes amplifier is the cost for

the respective increase in gain by the same amount for matched input NMOS and

PMOS device transconductance.

Devices M1 and M2 set the ZCD bias current and were sized to be in saturation for

a given bias current. The bias current was determined by optimizing the bandwidth

of the ZCD. The parasitic capacitance and the resistance at the bias node VBIAS form



the second non-dominant pole in the circuit, which appears at:

TO.=
1

vBIAS (gmM3+gMM4)

where CVBIAS is the capacitance at the bias node VBIAS and is composed of the gate

to source capacitance Cg. of MI and M2 and the the drain capacitance of M3 and

M4. The gain bandwidth plot for I-js = 550pA is shown in Figure 4-26 below.

25
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Figure 4-26: Gain bandwidth plot for the ZCD implementation with bias current bias = 550pA

The maximum differential input voltage to the ZCD is 250nV by design, half of

which represents the runway range referred to the input. The output runway range

is defined as the output voltage range covered by the output ramp, which does not

constitute a valid output range. If the output voltage in single ended ZCBC is preset

to the upper rail VDD but the valid output range only starts at 2VDD, than the

difference between the upper rail and the maximum ZCBC output voltage accounts

for the output runaway voltage referred back to the ZCD input. The runaway voltage

helps to ensure the output dynamics for all valid inputs is identical in the case that

the ZCD does not fully settle. In a ZCB circuit the starting voltage at the input

10,C) 10'



to the ZCD is not fixed but is input dependent. To ensure that the output crosses

the threshold voltage at the same point for the range of valid starting voltages, the

output of the ZCD has to either settle or be at the same point even for the minimum

starting input voltage. The runway voltage ensures that the input to the ZCD always

starts below the minimum valid input voltage to the ZCD. In [6] an expression for

the ZCD delay is derived, assuming the ZCD can be approximated by a first order

system. The input is a ramp and the output is the ramp response of a first order

system. The expression for the delay is

td = r1e)

where T is the time constant of the ZCD and a = , where T2 is the zero-crossing

instant. If a >> 1, then td = T and the ZCD output has been assumed to have mostly

settled. Otherwise, for a constant switching threshold the runway voltage provides

sufficient input voltage margin to the ZCD so that the output voltage follows the

same dynamics regardless of the minimum valid ZCD input.

4.4.3.2 Simulated Delay Variation

The output linearity of the coarse ZCB phase of a hybrid CLS-OpAmp/ZCB pipeline

ADC stage, limited by the finite resistance of the current sources is defined in Chapter

2 in Eq. 4.36 repeated here for convenience:

v(v(to)tI) = o vo(to)td
OVOOd C RoC

wherelo is the current of an ideal current source, to is the zero-crossing instant, vo

is the ideal output voltage, Ro is the finite resistance of the current source and C is

the load capacitor. In the output nonlinearity analysis thus far the ZCD delay td has

been assumed constant. If td varies with output voltage by Atd = f(vo) the coarse

phase output error is:



-0Io Io vo(to)td_ vo(to)AtdVOv~VOk01,ta d - td ± --- td - ,0  0  (4.62)VO V (O t)=C t+C a RoC RoC

where the first component td represents the constant overshoot error, while the

remaining three components contribute to the coarse phase output voltage nonlinear-

ity. The last error component of Eq. 4.62 is much smaller than the remaining errors

Atd < ROC. Thus the main output nonlinearity contribution is due to the ideal

ramp rate l multiplied by the variation in ZCD delay Atd.

Input ramp vs delay variation

Cadence simulation results of delay variation versus input ramp variation are plotted

in Figure 4-27. The delay is measured from the crossing point of the inputs to

the midpoint of the output of two inverters following the ZCD and is measured to

be ~ 10%, which translates to a - 10% variation of the constant overshoot error

VoV = -Atd. The input ramp is varied by equal increments up to ~ 6.4%, which

is larger than the expected variation of < 2% over the valid output range (refer to

Table 4.1 in Section 4.2) . If the ramp rate variation is 2% at a differential ramp rate

at the input to the ZCD of (10)! , this results in ~ 3.2% delay change and an output

voltage error for a stage gain of 4 of - Atd= 4(108)(0.032)60ps = 800uV, specified in

Subsection 4.3.2.5) which is smaller than the nonlinearity output error in Table 4.1

of 1.4rnV and is within the coarse phase output linearity for the first pipeline stage

of 8 bits referred to the ADC input. (Note that the input ramp rate at the ZCD of

108 V corresponds to the intended minimum output ramp rate of 4.3(108) by design,

while Cadence simulation of the implementation of the minimum output ramp rate

yields 6.6(108)), hence the difference between the choice of input ramp rate variation

and the ramp rate indicated in Table 4.1.)
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Figure 4-27: ZCD delay variation in [ps] with input ramp variation

. Power supply vs delay variation

The attenuation from the power supply variation vdd to variation in the Bazes am-

plifier bias voltage vbias is determined by a resistive divider formed by the diode

connected devices MI and M2 at node vbzas:

Vbias 9mM2

Vdd 9mM1 + 9mM2

By symmetry the output vst follows the change in bias voltage vbjas for common mode

signals such as power supply variation. If the transconductance of Mi and M2 is

the same, then the power supply attenuation factor is . The size of Mi is increased

to improve the power supply attenuation such that gmM2 ~ 0 .6gmMl and " ~ 0.4.
Vdd

The cost for increasing the size of MI is increased total parasitic capacitance at the

bias node, which can slow the ZCD as the non-dominant pole moves closer to the

dominant pole.

Simulated results in Cadence of delay with change in power supply voltage are

1.15



plotted in Figure 4-28 for an input ramp rate of (108) . A change in the power

supply of 40nV results in ~ 9% ZCD delay change. At a differential ramp rate

at the input to the ZCD of 1(108)L, the output voltage error for a stage gain of 4

is aAtd = 4(108)(0.09)84ps = 3.02mV which is still within the ADC coarse phase

requirements of 8-bit linearity referred to the ADC input.

Change in delay with Vdd varitaion
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Figure 4-28: Delay of the Bazes amplifier, followed by 2 inverters in [ps]

. Common mode voltage vs delay variation

From Eq. 4.59, a change in the positive input voltage v + is attenuated by the loop

gain of the negative feedback to Vbjas. The Bazes amplifier uses negative feedback

for any change (common mode or differential) at Vbias due to vi+. Nodes v%, and vc

follow the input node vi+. The vi- changes by the same amount. The current through

devices M4 and M3 (refer to Figure 4-25) is fixed as discussed in the analysis above.

However, due to the finite resistance of M1 and M2, the bias current will change and

the output voltage voj will change to accommodate the change in current.

In Figure 4-29, the simulated results in Cadence show the change in ZCD delay,

bias current and bias node 'viya, for a 30mV common mode voltage change for an input



ramp rate of 1081 . For comparison, the full scale differential input voltage is 250rV,

with 125mV allotted to the runaway input [6]. Simulated results in Cadence of delay

with change in power supply voltage are plotted in Figure 4-28 for an input ramp

rate of 108V . A change in the common mode voltage of 30mV results in ~ 4% ZCD
S

delay change. At a differential ramp rate at the input to the ZCD of 10%', the output

voltage error for a stage gain of 4 isAVOUT = AOTAtd= 4(10 8)(0.04)92ps = 1.6mV

which is still within the ADC coarse phase requirements of 8-bit linearity referred to

the ADC input.
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Figure 4-29: Delay variation vs common mode voltage change simulated for the Bazes amplifier,
followed by two inverters. The top plot shows the delay variation in [ps] vs common mode voltage

change. The middle plot shows the variation in the output voltage and the bias node Vbias in [mV]
and the bottom plot shows the bias current change in [puA] vs common mode voltage change.

4.4.3.3 Noise Analysis

The noise contribution from M1 and M2 can be derived by adding a voltage source

in series with node vojs, in the block diagram derived in Subsection 4.4.3.1 and shown

here again in Figure 4-30.
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-
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Loop 2 - - -- -- - - -- - -
Loop I

I+ Vb as +
gm + + r + ~9mbia + /3

Figure 4-30: Block diagram for noise transfer function to the output of the Bazes amplifier from MI
or M2.

For clarity the diagram is redrawn as shown in Figure 4-31.
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Figure 4-31: Redrawn Block diagram for noise transfer function to the output of the Bazes amplifier
from M1 or M2.

From the reduced block diagram of Figure 4-31, the transfer function from i. to

vCP is derived:

= 3 . (4.63)
Ix 1+(gmi) 

(4.63
Then the transfer function from v?,is, to node ve, is:

Cp g(4.64)
Vose 1 + 9mbia(-)roi(gmi + k)

Substituting Eq. 4.63 into Eq. 4.64 results in:



-gmbias (1+(g3 7) )

oie1 + Ynbiaa (1(gms .~iroi (gme +k)V i+(-gm + as

1 +(gmj;)g + gmb as ro (gmi +

-grmbias 3 4.65)

r, + (gmiroi + 1)(1 + gmbasro)

-1 -1 (4.66)

1 + (Ymiroi) gmiro(4

where it is assumed that gmiri > 1.

Thus the noise contribution due to Mi or M2 to the output noise power density

can be expressed as:

V2 VC 2 Vot2
no, c Cu

V2Unoise Vnoise VCP

where vout = gmiroi and vcP ~ -1 . It follows that 2 1. Device M is
Vcp Vnoise gmiroi 7noise

biased on the verge of weak inversion, while M2 is in weak inversion. The voltage

noise power spectral density of MI is v2 oisem = M4 k ,while that of M2 is voise, =

n4ykT ,where -a is the ideality factor for weak inversion and y is the noise coefficient,
gmbM2'

which depends on the region of operation and varies from 1 for devices biased in
3

the square law regime to 1 for devices biased in weak inversion, k is Boltzmann's
2

constant (1.38(10 2 3 )JK-1) and T is the temperature in Kelvin. The output noise

power spectral density contribution from all four input devices M3,M4, M5 and M6

is:

V =2 = (gmiroi)2v ,

where v2. _ n4-ykT ( all four devices are biased in weak inversion and sized for the
ns 9mi

same transconductance gmi). The voltage noise power spectral density contributed



by all devices in the Bazes amplifier is then:

V2 2 +V2
vno ='vnoi ±vfl 2

y4kT rny4kT n\2 m- 4kT\
- + + 4(gmrroj)2
grn i g9n 2  \9mi

To refer the output noise power spectral density to the input vi_, we divide by the

square of the gain from vat to vi:

V;i = + + 4 (4.67)

(rvYmk) (4.68)

It is clear from Eq. 4.67 that the power spectral density of the voltage noise

contributed by devices MI and M2 is attenuated by the gain from the Bazes amplifier

output to the inputvi_. By design YmM4 2 YmM3 2 9mM5 9 YmM6 ~ 5mS. The

equivalent noise bandwidth for steady state operation for a first order linear system

is NBW = , where T is the time constant of the system [10]. The assumption is

made that the Bazes amplifier is fast enough to have mostly settled by the time the

output reaches the threshold of the subsequent stage. Under this assumption the

input-referred integrated root-mean-square noise voltage, assuming n = 1, -= and

T = 32ps, is ~ 137[V.

The assumption is made here that the Bazes amplifier output settles by the time

it reaches the threshold of the following stage. The equivalent noise bandwidth is

defined from stationary noise analysis, assuming the noise is filtered with a single

pole system. A general expression for the noise bandwidth of a first order system

with time constant Tr is derived in [36] sampling white noise for a time tj as

1 ti
NBW = 1coth(-)U(ti)

4-r, 2,ro



which for t >> T approximates the steady state case of NBW . If ti << T, the
4Tr,

system is much slower than the integration time and the equivalent noise bandwidth

is NBW = ' . The minimum integration time tiMIN for the crossing detector is

the time it takes the ZCBC output VOUT to ramp to the maximum valid output

voltage from the upper rail Figure 4-32 which represents the preset voltage in this

example. At the minimum bias current of the ADC, the single-ended ramp rate is

Sse 3.3(10 8 )L, the nominal single-ended output swing of the ZCBC is 0.5V from

a minimum output voltage of 0.25V to a maximum output voltage of 0.75V. The

supply is 1V. The time tiMIN can then be expressed as:

1V - 0.75V
tiMIN == 758ps.

Therefore the approximation for the noise bandwidth for the steady state case holds

as tiMIN > -, where T= 32ps is the Bazes time constant.

The input-referred total integrated noise voltage from Cadence simulation is v =

144pV for a bias current IBIAS = 550pA.

Noise voltage at the input to the ZCD translates into an error at the output voltage

of the ZCBC during the coarse phase, as the noise voltage is effectively an error in

the virtual ground condition. From Subsection 4.4.1 the output nonlinearity error of

the coarse phase is desired to be e < 6.8nV. To refer the output error e to the virtual

ground node we multiply by the transfer function from the output v.t to the virtual

ground node v, which is C = 1 (refer to Figure 4-32). It follows that the error

at the virtual ground node e. is desired to be less than 1.72nV.
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Figure 4-32: ZCB switched-capacitor circuit diagram

4.4.3.4 ZCD and Bidirectional Ramp ZCBC

The Bazes amplifier is bidirectional and can be used regardless of the switch in di-

rections of the input ramps. For part of the output waveform from either rail to the

other, the ZCD goes though nonlinear regions of operation where either MI or M2

go out of their linear region of operation, which could change in the ZCD delay for

transitions form VH to V and vise verse. To avoid any differences in delay, due to the

two devices pulling the output high or low in bidirectional ZCBC the ZCD topology

is reconfigured with the output-sign bit (which dictates the output ramp direction)

so that for any input regardless of ramp direction the output always transitions from

VL to VH. To avoid errors due to charge injection, using switches at the input of

the ZCD, the output of the ZCD was changed internally in the ZCD topology as

shown in Figure 4-33. Two switches are introduced for the purpose of preserving

the unidirectional output of the ZCD. Switch swl is on when the output sign bit is

high and switch sw2 is on when the output sign bit is low. Due to device threshold

mismatches, the ZCD offset in either configuration will slightly differ. However, the

large input sizes of the input devices reduce this mismatch. In addition ZCD only

contributes an error towards an approximate value of the output voltage at the end

of the coarse phase.
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Figure 4-33: ZCD configuration for bidirectional ramp coarse phase implementation. Switches on
the right and left of VOUT are controlled by the output sign bit.

4.4.4 Future Work

One method to improve the power supply sensitivity of the Bazes amplifier is to bias

MI as a constant current source, while M2 remains diode connected at node VBIAS

(in Figure 4-15). The VBIAs node is no longer a resistive divider between two diode

connected devices, while the rail-to-rail output swing as well as bias current increase

during the output transition are preserved.



Chapter 5

Experimental Results

A prototype pipelined ADC was fabricated in a TSMC 65nm 1V CMOS process. The

die area is 3mm x 2mm. A layout diagram is shown in Figure 5-1. The ADC area

is approximately 2mm x 350Mm. The area of the first stage is 400pm x 350pm. The

remaining area of the die was used for decoupling capacitors for the supply voltages

and the reference voltages to the ADC. A 1.3nF capacitor is implemented as on-chip

decoupling capacitor between the reference voltages VREFP and VREFM of the ADC.

Figure 5-1: Layout of Hybrid CLS-OpAmp/ZCB pipelined ADC in 65nm CMOS

184



5.1 Test Setup

The setup for experimental testing of the pipelined ADC is shown in Figure 5-2. An

Agilent 8644B synthesized signal generator was used to generate a single frequency

sinusoidal input test signal, which is filtered by a bandpass filter and converted form a

single-ended to a fully differential signal through two cascaded transformers ADT4-1T

from Mini Circuits. The master clock Clki, for the ADC was generated by a Standard

Research Systems Model CG635 2.05GHz synthesized clock generator. A control

signal synchronized with the master clock, also generated by the clock generator was

used for the generation of the overshoot correction voltage applied to the ADC. Two

Agilent 8644B signal generators were used to generate the bit streams Do and D1

and clock signals clko and clk1 for two off-chip shift registers. The first shift register

(bit stream Do) provided flexibility in the control for the non-overlap duration for

clock phases #1 and q2 as well as the duration of the preset phase. In addition

it provided control bits for the five bias current configurations of the on-chip bias

circuit of the ADC. The second shift register (bit stream D1 ) was used to configure

the pipeline stages in either unidirectional or bidirectional mode of operation for the

coarse ZCD phase of charge-transfer operation using a single bit per stage to control

a multiplexer incorporated in each stage, which can set the coarse ramp direction for

the stage. The output bits of the pipelined ADC were captured by Tektronix TLA

715 Logic Analyzer. The ADC output clock clkt used for readout of the data was

used as an external clock by the logic analyzer. The output data was read on both

edges of the output clock. The signal generator and clock generator are synchronized

when collecting the data for the FFT plot.
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Figure 5-2: ADC test setup

5.2 Results

5.2.1 Static Linearity

Static linearity is used to characterize the DC transfer function of an ADC. Two

metrics are typically used: differential nonlinearity (DNL) and integral nonlinearity

(INL). Integral nonlinearity is defined as the distance of the code centers in the ADC

transfer function from a straight line fit from one end to the other of the output code.

Differential nonlinearity is defined as the deviation of the code transition widths from

the ideal width of lLSB. For an ideal ADC the transition codes are lLSB and the

DNL is 0. The DNL of an ADC can also be viewed as the change in input voltage it

takes the ADC to transition between two output codes.

The static linearity of the ADC was measured using a histogram test f11]. The

frequency of the input signal to the ADC was 5MHz. The size of the output sample

was 4.16 x 106 output codes. The number of samples, K, required for a high-confidence



measurement is [11]

r2N-1Z
22 CK = 2

where N is the number of bits, 3 is the static linearity measurement resolution, and

Za = 2.576 for a = 0.01 or 99% confidence level. Thus for K = 4.16(106) the static2

nonlinearity measurement is accurate to ±0.14LSB with 99% confidence level for

N = 13.

Figure 5-3 and Figure 5-4 show the DNL and INL versus output code at an ADC

sampling frequency f, = 21MS/s. The maximum INL and DNL were measured at

±3 and ±1.4 on a 13-bit scale.

1000 2000 3000 4000
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Figure 5-3: INL measurement at fs =21MS/s (13-bit)
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Figure 5-4: INL measurement at fs =21MS/s (13-bit)

5.2.2 Dynamic Linearity and Noise Performance

The dynamic performance of the ADC was measured by analyzing the Fast-Fourier

Transform ( FFT) of the output codes for an input tone at 5MHz and a sampling rate

of 21MS/s. The linearity and noise performance of the converter can be characterized

by the signal-to-noise-plus-distortion measurement (SNDR), where SNDR is defined

as the ratio of signal power to noise and harmonic power in the digital ADC output.

The peak SNR, SNDR, SFDR are shown in Table 5.1. The effective number of bits

(ENOB) is determined based on the ADC SNDR for a full scale input signal [28] as

follows:

ENOB = SNDRdB - 1. 76 dB (5.1)
6.02dB/bit
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Figure 5-5: Measured FFT of the pipelined ADC for full scale input signal of 5MHz, sampling
frequency f8  21MHz , N =65K points.

5.2.3 Summary

Table 5.1 summarizes the performance of the implemented ADC. The total analog

power is 2.7mW at the minimum bias current setting for the ADC, corresponding to

a coarse phase differential ramp rate of .66[. Most of the analog power is consumed

by the first stage current sources and opamp and the on-chip bias network. The total

digital power was measured to be 1.2mW. There are two reference voltage resistor

ladders on chip each consuming~ 1.5mW for a total of ~- 3mW. The analog power

includes an on-chip bias circuit. The ADC was tested at a supply of 1.08V supply.

The sampling frequency was set to 21MS/s and the input signal frequency was 5MHz

as displayed by the FFT plot in Figure 5-5.

The Figure of merit (FOM) for the ADC as a function of the power dissipation F,

sampling frequency f8 and the effective number of bits as defined in [41] as:



FOM = 2
fs2ENOB

Specification Value Units

Technology 65 nm

Supply voltage 1.08 V

ADC area 700 [m 2

Sampling frequency 21 MS/s

Input frequency 5 MHz

Fully differential input amplitude 1.75 V

Analog power 2.7 mW

Digital power 1.2 mW

ADC voltage references power 3 mW

SNDR 67.9 dB

SNR 68 dB

SFDR 81.5 dB

ENOB 11 bits

FOM 160 fJ

Table 5.1: ADC performance summary

5.3 Limitations on Performance

5.3.1 Stage-Independent Constant Overshoot Correction Error

Constant overshoot correction (as described in Chapter 3) is implemented in the first

five stages of the pipelined ADC. Recall from Chapter 2 that the constant overshoot

error Vov is defined as the component of the overshoot error at the end of the coarse

phase of charge-transfer for the case of a finite ZCD delay of constant value td and

constant slope ramp S = -0 (refer to Eq. 2.14, V0V = tdo) where Il is the current

of an ideal current source and C is the load capacitor. The ZCD implementation



is identical in each of the five pipeline stages. However, there is variation in both

the ramp rate and the ZCD offset from stage to stage due to layout variations and

device mismatch. In addition the wiring parasitic capacitance in each stage is not

identical at the ZCD output as the stages are scaled and there are variations in the

layout from stage to stage. Both of those factors result in a different ZCD delay td,

for each stage n and therefore different constant overshoot error Voyv. Therefore a

different correction voltage VCORR, is necessary for stage n, where n here corresponds

to stages 1 to 5. An oversight in the design of the overshoot correction implemen-

tation resulted in connecting all five correction voltages corresponding to the first

five stages of the pipelined ADC to a single node and therefore a single correction

voltage. This precluded proper correction of the constant overshoot error for each

stage independently.

Focused ion beam (FIB) technology was used to edit five die, of which three were

functional. Through the FIB modification the overshoot correction control signal,

Enable in Figure 5-6, for stages three through five was disabled permanently leaving

only the first two stages with the capability for constant overshoot correction.

VCORR

Enable

. . . 8]

Figure 5-6: The overshoot correction control Enable signal is disabled for stages three through five
of the pipelined ADC die though a FIB edit.

5.3.2 Constant Overshoot Correction Implementation for the First and

Second Pipeline Stage

The first and second pipeline stage require two different correction voltages, while

they share a single correction voltage node and the same overshoot correction Enable

signal controls both as shown in Figure 5-7. In order to apply the respective correction

voltage, during the coarse ZCD phase of the charge-transfer operation, to the first



and second stage, a square wave synchronized to the input clock is applied at the

correction voltage node VCORR as shown in Figure 5-7. Thus the first stage correction

voltage V is applied during #2 corresponding to the first stage charge-transfer phase.

The second stage correction voltage V2 is applied during #, corresponding to the

second stage charge-transfer phase. The ADV3219, an 800MHz, low noise 2:1 video

analog MUX was used to drive the correction node. The clock signal to the ADV3219

was synchronized to the master clock of the ADC. The first and second pipeline stage

therefore have constant overshoot error correction, independent of each other.

VCORR

Enable

022

VCRRJ2 .V1

EnableJ

Figure 5-7: To decouple the overshoot correction voltage applied during the coarse phase of charge-
transfer to the first and second stage, a square wave synchronized to the master clock Clk to the
ADC, is applied to the correction voltage node VCORR. The first stage correction voltage V is
applied during 0 2 , while the second stage correction voltage V2 is applied during #1, where #1 and
0 2 are the non-overlapping phase clocks of the pipelined ADC.

5.3.3 Output Nonlinearity Error Due to Overshoot Error in the Third

Pipeline Stage

The constant overshoot correction is permanently disabled for stages three through

five and in consequence the fine phase opamp of each of these stages has to correct

the total overshoot error to the desired corresponding accuracy of the stage for a

13-bit piplined ADC. Of those the third stage is most critical because its output non-



linearity requirement is most stringent. Therefore the third stage fine phase opamp

must have sufficient DC gain A 3 and sufficient bandwidth - to reduce both the
73

output-dependent component v0, and uncorrected constant component Vov of the

ZCD coarse phase overshoot error vOV = Vo0 + v,,. In contrast the fine phase of the

first and second stage must correct only the output dependent overshoot error vov

due to the constant overshoot correction.

Recall from Chapter 4 that the output voltage error at the end of the charge-

transfer phase is:

VOV3 vov3A307Y Ifi_ +A30-/

VOt3(tfine) = + 0V3 3 (5.2)
1 + A30-Y 1+ A 3 07

where vot is the output of the third pipeline stage, tfine is the fine phase duration,

0-y = is the feedback factor from the output to the input of the opamp, and
8

Tcl3 = 73- is the closed loop bandwidth of the third stage opamp.

The output nonlinearity error of the third stage of an N-bit pipelined ADC referred

to the ADC input must be < VL2a at 13-bit resolution(where VLSB is the ideal code

width of the ADC) [10, 28j. Therefore the third stage output error at the end of the

fine phase can be expressed as;

VS3

Vyjt 3 (tfine) < 2N+1 1J Gn (5.3)
n=1

where ]3f.1 G, is the cumulative gain of the first three stages of the ADC, G,= 4 is

the gain of stage n, VFS = 1.75 is the ADC full scale input and N = 13 is the ADC

resolution.

The first term of Eq. 5.2 represents the third stage opamp DC gain error at the

output while the second term represents the opamp settling error. First only the DC

gain error at the output is considered. Substituting just the first term of Eq. 5.2 into

Eq. 5.3 yields:



Vov3 + v, 3  VFS G
I + A3OY 2 N7+1 1 Gn

n=1

Substituting G, = 4 as the gain of stage n, VFs = 1.75 and N = 13 it follows that

the error due to finite opamp gain at the output of the third stage must be:

VOV+V"* < 6.8mV. (5.4)
1 + A3 07

At the lowest bias ramp current setting of the ADC, the differential ramp rate

is Sdiff = 6.6(108) i (refer to Table 4.1). If a worst case ZCD delay td = 200ps

is assumed (which is a factor of two of the ZCD delay td ~ 100ps from Cadence

simulations), the total differential overshoot error is VoV3 = Sdifftd = 132rnV. From

Eq. 5.4 it follows that A3 has to be larger than 147 for -y = 1. Cadence simulation

of the ZCD delay showed td to be less than 100ps and in this case Vov 3 = Sdi2 ft d

66mV, the DC gain A3 must be larger than 70. Therefore in the worst case of

td = 200ps, the third stage opamp DC gain (which is on the order of 40dB from

Cadence simulations using nominal device models) is not sufficient if bidirectional

ramp implementation is used for the coarse phase of the third stage and will result

in INL errors in the mid-range between bit decision transitions due to the change in

ramp direction. When setting the coarse phase in bidirectional ramp ZCB mode of

operation, the gain error changes sign with the output ramp direction change and

limits the linearity of the stage. In unidirectional mode the gain error appears as an

output voltage offset.

Therefore during testing the third stage was set in unidirectional mode. In unidi-

rectional mode the error term of Eq 5.2 appears as an offset, which is indis-

tinguishable from the remaining offsets in the stage and it does not affect the ADC

output linearity as long as the contribution of all offsets does not exceed the over-

range protection at the output. The over-range protection is 0.25V from either rail.



The dominant source of offset are the BDCs and their offsets, which in worst case

can be assumed on the order of ±25'mV and can contribute 100mV of offset at the

output for a stage gain of 4. One disadvantage of using unidirectional mode is that

in the presence of offsets in the stage, the output can go out of the linear operating

range of the cascode current sources, which contributes a larger output-dependent

overshoot error at the end of the coarse phase.

Therefore when set in unidirectional mode only the output dependent overshoot

component of the gain error must satisfy Eq. 5.4:

V1 3  < 6.8mV,I + A3 7

which is consistent with the original design of the third stage opamp. From Table

4.1 the output dependent overshoot error for ZCD delay td = 200ps is vv 3 = 1.4nV

which even with no fine phase present is < 6.8mV. If the output swing is larger than

the linear range of operation of the current sources from Cadence simulations the

differential ramp change is on the order of ASdiff = 1.6(10), at the minimum bias

current setting of the ADC, for an output range from OV to 0.9V and upper rail of

IV. The equivalent differential output dependent overshoot error for a ZCD delay

td= 2 0 0ps is vo, = 32mV. Substituting v,, = 32rnV into v"3 < 6.8mnV yields

an opamp DC gain requirement of A3 > 29 which is within the design parameters of

the third stage opamp (refer to Table 4.3).

Next the settling error of the third stage opamp is considered. Substituting the

second term of Eq. 5.2 into Eq. 5.3 yields:

/ TJ 3vov 3A3  y _rine(1+A3) I ( VFS 3
1+ A3 Ye 3 <2 - 2 N1) G (5.5)

n=1

where for a more conservative calculation the error has been assumed to be j (F+)

Further to simplify the analysis, it is a assumed that A 3 ~ 1. From Eq. 5.5 it1+A 3/3-Y .FrmE.55i



follows that:

1T,TC13 < _n__1V_

2n (}p71 ],_ Gn)

where tfine = 1T, by design and T, is the ADC sampling period. Substituting N = 13,

Gn = 4 and vOV3 = 132mV for a ZCD delay td = 200ps results in the following expres-

sion of the closed loop time constant as a function of the ADC sampling frequency:

ITS
TCl < d (5.6)

in (vFv )
<T,

11

The closed loop time constant of the third stage opamp Tre is 1.lns from Cadence

simulations with nominal device models, and T = 1.9ns with slow device models for

both PMOS and NMOS devices. From Eq 5.6 the worst case sampling period of the

ADC for Ti = 1.9ns is T, = 21ns, corresponding to a sampling frequency of 47MS/s.

From INL measurements at a sampling rate of 21MS/s for an input signal of

5MHz, when the third pipeline stage is configured in bidirectional ZCB coarse phase

mode the constant error contributed by the third stage is slightly less than - 1LSB on

a 13-bit scale. It can be concluded that is sufficient to correct the output dependent

overshoot error as explained above. However, due to the unidirectional operation,

the larger overshoot may have caused the current sources to go out of their high-

output resistance region and mayeb have contributed more output nonlinearity than

simulated.

At the same time at 21MS/s the closed loop bandwidth of the opamp is sufficient to

settle vOV3 to the desired accuracy of the third stage output. Measurements at an ADC



sampling rate of 41MS/s showed an increase in the third stage error contribution to

~ 2LSBs on a 13-bit scale, which indicates that the opamp closed loop settling

time is larger than simulated. Note that if the total overshoot error in the third

stage VOV3 is corrected to less than 1LSB at on 13-bit scale, referred to the ADC

input of VFS = 1.75V, it can be concluded that the gain is sufficient to correct the

output dependent component of the overshoot error, which is smaller than its constant

counterpart as the original design intended.

The lack of constant overshoot correction is a limiting factor in the ADC output

linearity especially at frequencies below 40MS/s. From the analysis above at 20MS/s

it is assumed that the fine phase opamp fully settles.

5.3.4 First and Second Stage Opamp Gain and Settling Error

The bidirectional ZCB coarse phase implementation produces an INL and DNL error

in the mid-range between transitions of the sub-ADC in the first and second pipeline

stages of the ADC as discussed in Section 3.2. The source of nonlinearity is the

change in polarity of the overshoot error with the output-sign bit, which determines

the change in ramp direction:

VOV, VOUT < VCM

VOV

-VOV, VOUT > VCM

The overshoot correction cancels to first order the overshoot component ±VOv of

VOV = ±VOv - (±v,) by switching the polarity of the correction voltage applied

with the output-sign bit as described in Section 3.3. The remaining output-dependent

component ±v, is settled by the opamp in feedback during the fine phase:

Ov (I +AsY t(I+APy)

VOUTt) M - VO + ( 1+Ay I+Apy e t )), VOUT VCM (5.7)
0 - I+Ap t(V+A>y)

VO - Vo 1+APY 1+Asy e T 7 OUT > VCM



where VOUT is the stage output voltage during the fine phase and vo is the ideal

output voltage.

Mid-range errors in both the first and second stage limit the output linearity of the

ADC to ±3 LSBs on a 13-bit scale at 20MS/s as shown in Figure 5-3. From Eq. 5.7

the error in both stages is due to larger output dependent error v" than in simulations

or insufficient gain A1 ,2 . The coarse phase nonlinearity and fine phase opamp gain

cannot be decoupled from the measurements because the main bias network controls

both the ramp current source and the opamp bias current for all stages. Therefore it

is assumed that they both contribute to limiting the INL and DNL of the ADC. From

Table 4.3 a minimum gain of 35dB and larger than 8-bit coarse phase nonlinearity

referred to the ADC input limits the ADC linearity to < 12 bits. At the nominal

corner the gain is 40dB, which is too close to the nominal design requirements and

does not allow sufficient margin of error for process variations. It follows that the

coarse phase nonlinearity is larger than in simulation (refer to Table 4.1). From

Cadence simulation over corners the worst case gain of the first stage is 35dB.

From Subsection 4.3.2.5, the first stage output linearity requirement was estab-

lished to be 11 bits for - LSB accuracy at 13 bit resolution referred to the input for2

a first stage gain G1 of 4. At the nominal design the fine phase accuracy requirement

K = 3 ( refer to Table 4.3) and the coarse phase linearity requirement is 8. For 8-bit

linearity at the first stage output at the end of the coarse phase, the output error

referred to the input must be:

VFsG1
31 < 2N+1-K

Substituting G1 = 4, VFS = 1.75 , K = 3 and N = 13, the output error at the end of

the coarse phase is El < 3.4mV.

One possible source of error limiting the coarse phase linearity is insufficient power

supply rejection of the zero crossing detector (ZCD). The power supply of the ZCD

was incrementally decreased by 40mV. The observed change in an intentionally



uncorrected constant overshoot error as measured on a 13-bit scale INL plot varies

at a rate of less than 2LSB/40nV on a 13-bit scale. Assuming the fine phase opamp

has fully settled, the nominal opamp gain is A1 = 40dB and the closed loop feedback

factor is 0 8 , the fine phase attenuates the coarse phase by a factor of 13. The

deduced error from the INL plot on a 13-bit scale for VFS = 1.75V is then Eestimated ~

(1+A/3-y) [ s(2LSBs)] ~ 5.6rnV. It is larger than the simulated error in Subsection

4.4.3.2, which is less than the 8-bit coarse phase requirement. Note that this is an

estimation, however it illustrates the power supply sensitivity of the ZCD delay.

Insufficient settling of the DAC voltage references at each bit decision comparator

transition also can contribute to coarse phase output nonlinearity especially at coarse

phase maximum ramp duration of ~ 1.6ns at the minimum bias setting of the ADC.

The references have to settle to the desired accuracy of 13 bits referred to the input

of the ADC ideally by the minimum output voltage of the nominal output swing of

the stage. In the prototype ADC the minimum preset phase duration of ~ 400ps,

while the maximum preset phase duration is - Ins. The first stage unit capacitor is

850fF, and the on-resistance of the switch to either VREFP or VREFM is R8sw - 1OQ,

which results in a time constant of 8 .5ps. As the ramp rate duration is fixed by

the minimum bias current the preset phase duration could be stepped from ins in

increments of 10 0ps. The preset duration did not affect the mid-range INL error down

to 6 0 0ps. The reference switch resistance R,, does not have a significant effect on

the internal voltage reference voltage settling response, when bond-wire and board

trace inductance is taken into account, therefore a damping resistor in series with

the reference voltage regulator output on board is used. A model for settling of the

reference voltages is considered in Appendix F taking into account bond-wire and test

board trace inductance as well as a damping series resistor R for an on-chip reference

decoupling capacitor of 1.3nF. The system is critically damped for R ~_ 2Q, which

was used during testing.

In order to establish the fine phase opamp settling error contribution, the constant



magnitude component of the overshoot error ±Vov for both stages was intentionally

not fully corrected through the correction applied as described in Subsection 5.3.2

to establish at what sampling rate the opamp settling error of each stage limits the

output ADC linearity on a 13-bit scale. The first stage overshoot error did not change

up to a sampling rate of 51MS/s, while the second stage overshoot error increased by

approximately - 1LSB at an ADC sampling rate of 41MS/s, which indicates that

the second stage opamp closed loop time constant is not sufficient to settle the coarse

phase overshoot error at 41MS/s and limits the INL and DNL of the ADC at higher

sampling rates at the minimum bias current.

From Figure 5-3, the opamp gain of both stages is not sufficient to correct the

nonlinearity of the coarse phase of each respective stage. From Table 4.3 a minimum

gain of 35dB and larger than 8-bit coarse phase nonlinearity referred to the ADC

input limits the ADC linearity to < 12 bits. From Cadence simulation over corners

the worst case gain of the first stage is 35dB. At the nominal corner the gain is 40dB,

which is too close to the nominal design requirements and did not allow margin of

error for process variations.

5.3.5 Constant Magnitude Overshoot Error with First Stage DAC Tran-

sitions

The first stage total overshoot error vOV is different by up to ~ 2LSBs for different

DAC configurations in the first stage as can be seen in the INL plot (refer to Figure

5-3). The total overshoot error is a function of the ramp rate S and the ZCD delay

td. In measurements the error is present when no overshoot correction is applied as

well. It is assumed that the reference voltages switched with each DAC configuration

settle by the end of the preset phase, because varying the preset phase duration did

not affect the overshoot voltage variation.



5.3.5.1 Output-Sign Bit Decision Comparator Offset

One possible source of error is random offset in the output sign bit decision comparator

(BDC) which determines the switch in output current ramp direction for a fixed DAC

capacitor configuration. A different BDC determines the output sign bit for each

DAC capacitor transition of the first stage. If the worst case offset error of a BDC

is on the order of 25mV for one DAC configuration and -25nV for another DAC

configuration, the output ramp switches direction at output voltages separated by a

difference of GI(25mV - (-25mV) = G150nV, where G1 = 4 is the gain of the first

stage. The coarse phase output ramp rate varies with output voltage due to current

source finite output resistance and nonlinear capacitance. At the minimum bias

current the differential ramp rate is Sdiff = 6.6(108)1 ( from Table 4.1) and the ramp

rate variationAS from Cadence simulations over the valid output range of ±250mV

is 7.2(106){. Thus if half of the ramp rate variation 3.6(106)v is assumed over a

200mV range and a worst case ZCD delay of td = 2 0 0ps is assumed the output

voltage overshoot error difference between the two DAC configurations is 0.7rnV at

the end of the coarse phase. If a gain of 35dB (worst case first stage DC opamp gain

from Cadence simulations over corners) is assumed, the output nonlinearity of 0.7mV

is attenuated by 1 , where A1 is the fine phase first stage opamp gain, 1

is the feedback factor from the first stage output to the opamp input and -y = }is
the attenuation factor form the opamp output to the stage output. The residual first

stage output voltage error is then 88uV and contributes ~ !LSB on a 13-bit scale

for 1.75V ADC input range. If the ramp rate variation is larger than 3.6(106) as

indicated by the INL and DNL results in Figure 5-3 and Figure 5-4 than the error

contribution is likely larger than ~ !LSB.



5.3.6 Comparison with Other ZCB References

Table 5.2: Performance comparison to other ZCB pipelined ADCs

* The topology is intended as a voltage programmable ADC with capability for scaled supply down

to 0.5V and the operation at 1V is chosen for comparison

Table 5.2 shows the comparison to previous ZCB pipelined ADC implementations.

The hybrid CLS-OpAmp/ZCB architecture was first presented in [21]. This work,
despite its performance limitations preserves the output linearity at the same sampling

speed in 65nm CMOS technology at IV supply. The coarse phase improvements

despite the very fast differential coarse phase ramp rate of 0.6619 and diminished fine

phase opamp gain compared to a 180nm implementation contribute to maintaining

the ADC performance. A two phase topology is implemented in [35], [37] and [26]

and single phase ZCB implementation is used in [8, 5]. It is clear from Table 5.2 that

ZCBC based only implementations achieve much better power efficiency and single

phase implementations can maintain the performance at high ADC sampling rates.

Authors Publication Technology Supply FOM Sampling ENOB SFDR

voltage (L) rate (MS/s) (dB)

this work 65nm IV 160 20 11 81.5

Hershberg[21] ISSCC'10 180nm 1.8V 406 20 11.1 76.5

Lee*[26] JSSCC'12 65nm IV 41 50 11 85.8

Chu[8] VLSI'10 90nm 1.2V 53 100 10.5 80

Brooks[5] ISSCC'09 90nm 1.2V 88 50 10 68

98 25 10.6 73

Shin[37] VLSI'08 65nm 1.2V 161 26 8.73 70.4

Sepke [35] ISSCC'06 180m 1.8V 300 8 10



Chapter 6

Conclusion and Future Work

In this work, the use of a two phase hybrid architecture, combining the power efficiency

of ZCBCs with the benefit of an opamp in negative feedback, were explored for

improved precision through the design of a 13-bit pipelined ADC. In addition the

use of correlated level shifting (CLS) allowed for a limited nominal opamp swing

and lessened requirements on the opamp gain and bandwidth, which allowed for

a single stage opamp topology and better power efficiency than an opamp based

pipelined stage. Current steering is used to minimize the ZCD delay for improved

coarse phase linearity. In addition the use of bidirectional ramp ZCB operation was

explored for extended pipeline stage output swing and reduced current for a fixed

sampling rate. This is especially relevant to a high precision design in deep sub-micron

technologies, in which the supply limits the available output range. In addition high

precision requires large input sampling capacitors and therefore large currents in a

ZCB implementation and a ramp current reduction by a factor of two is significant.

However, the bidirectional operation was one of the limiting factors of the prototype

ADC performance below the desired accuracy and sampling speed as it introduced

errors in the INL and DNL at the mid-range between bit decision transitions. The

loop gain of the fine phase was not sufficient to reduce the nonlinearity errors due

to the bidirectional operation to the desired linearity of 13 bits. An oversight of
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the design is that both the bidirectional ramp operation and CLS allowed for double

cascoding of the current sources and single stage telescopic opamp implementation

even at 1V supply and was not implemented in this design. Using a double cascoded

telescopic amplifier would improve the fine phase loop gain and not limit the opamp

output as in the prototype the output range was designed to be significantly larger

(by a factor of 6 than the required for the maximum expected coarse phase output

nonlinearity). An oversight in the overshoot correction implementation limited the

third stage performance to the minimum on-chip bias current setting and a sampling

rate of 20MS/s.

An area for future exploration is to use feedback within the pipeline stage in order

to correct the constant magnitude overshoot error which, switches sign with output

ramp direction. The error can be sensed at the opamp outputs at the end of the

fine phase of charge-transfer and is amplified by the ratio of the total load capacitor

to correlated level shifting capacitor. The technique can be used with unidirectional

ramp implementation as well as with a ZCB fine phase implementation.

The lack of separate bias control for the current sources and the fine phase opamp of

the on-chip bias network precluded testing at lower ramp rates and the results reflect

the linearity limitations of a ZCB coarse phase, which is comparable to a single-phase

bidirectional ZCB implementation operating at roughly 200MS/s attenuated by the

loop gain of the fine phase, which is on the order of 10 for this design. Furthermore

future designs should allow separate controls for flexibility in testing.
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Appendix A

Transfer Function of Opamp Based Multiply-by-two

Switched-capacitor Circuit

To derive the transfer function of the multiply-by-two switched-capacitor circuit in Figure 2-2(Chapter2),

charge conservation is used. The total charge at the end of 01 should be equal to the total charge at

the end of q2. Assuming an ideal opamp of infinite gain, the change in charge on capacitor Cim is:

AQ1 = C1[(Vc m - dVref) - (VCM - VIN) (1)

The change in charge on the feedback capacitor C2n is:

AQ 2 = C 2 n[(Vo - VCM) - (VIN - VCM)]- (2)

Charge conservation holds that the change in charge on the input capacitor C1 , must equal the

change in charge on the feedback capacitor C2 n at the end of 02:

AQ 1 = AQ2. (3)

Substituting Eq. 7 and Eq. 8 into Eq. 3 gives the following relationship between VOUT and VIN:

VU (Clfl + C9n C1m
VOU = ( + )VIN - CjdVref

C2n C2n

for an ideal opamp of infinite gain.

The transfer function, for an opmap-based multiply-by-two circuit of a pipelined ADC stage for

an opamp of finite gain A, can be derived using charge conservation, following the same steps as

above. The change in charge on capacitor C1, is:
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AQ 1 = C~n [(Vx - d Vref) - (VCM -VIN)]

where Vx = VCM - Vk" . The change in charge on the feedback capacitor C2n is:

AQ2 = C2n [(YOUT - Vx) - (VIN - VcM)I

Charge conservation requires that:

AQ1 = AQ 2

Substituting Eq. 4 and Eq. 5 into Eq. 6 yields:

Clfn(VouT - d Vef - A = C2n(VOUT + UTA A

VOUT = ( I± )( C) n + C2n VIN

-IVIN)

Cln dref

(4)

(5)

(6)



Appendix B

Dual Ramp ZCBC Fine Phase Overshoot Error

From 2.14, the coarse phase overshoot is to first order can be approximated by : VCoarSe (V(t))

td - V(tdc, where V(t) lecus is the ideal output voltage. Then the output voltage

is

Vou U t ." = V Mt + Vo. r. e t M() (7)

Assume td is the same for both phases of operation and C = Ceq + Cn+1 in both cases, where

Ceq = C1, | C 2n.

t+td

VOVfie = f (if ine + R (n" )dt. (8)
0

If the the fine phase current dependence on the variable coarse phase overshoot error then the

the fine phase output voltage at the ZCD transition can be expressed by substituting Eq. 7 into Eq.

8 :
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t+td

VOUTf= (t) J (Ifine + Ro V -- )dt
0

ttd " " 1tat tItd-- 1 'fne+ + 1d h loaetd

Iine + C R )dt - C "C2t)dt

C Rofine C Ro, C
2

Ro.

_ 1_( Iine +t ± Iocoese (t + td) 2  It 10 td t + t)2
-

- -Elfinet+ td) 2C2 ROf ROwCRoffleC 3 R 2
If ne (t + td) I+2 + o,td IOoaesttd )

C 2C2Ro 2C2 Rof. CRof Rt C)
Ifine(t +td) [ o V0 (t) 2  

_ I+coaretd Vo(t)ta 1- tdC ± 2IRo, 2C2Ro, CRof RoCRIffl in ef fl Rt + d d Vartdt

If inet Ifinetd VO(t)td I td IOct Vo(t)2  td_ _ _1 - +- 1- f c ,
C C CRo Ro.C 2C 2 

Rof, 2 1
coarseofe ROce C

Subtracting the ideal voltage Vfinezdeal - {, C from Vfine (Vo(t)), and ignoring the square terms

the output error at the end of q$2 can be defined as as function of the ideal output voltage Vo(t):

VI (tf) - inetd VO(t)td
OVne (d) C CRof,

The fine phase output dependent overshoot is then:

VOr,.(V0(t)) =t-Ve C (i tV

Rof,,,,C RO_ ,.C)



Appendix C

Dual Ramp ZCBC with CLS Fine Phase Overshoot Error

From Eq. 2.14, the coarse phase overshoot error is: Vroyaae (V(t)) = coarse td Vo(t)td _
Ccoarse Rocoarse Ccoarse

2Io - 2RC ,.5  , where V(t) = !car--. Only the output dependent component of the overshoot

error is corrected during the fine phase and it is assumed that the ZCD delay td is the same for both

phases. The voltage divider from the ZCBC output node VOUT to the bottom plate voltage of CCLS

(VfineCLS) is IVOUT(t) = VfineCLS(t), where -y = Ces iCCLS . The capacitor being discharged

by the fine phase current source is Cfine CCLS (Cn+ + (Cln C2n)). Let

Vo(t)td I ,oa,,tdt
V"O" R0 e C Ro C (9)

be the coarse phase output dependent overshoot error, then the fine phase overshoot voltage at Vfine

is:

td VCM - Vore
VOVfineCLS - ( (Iine + )dt (10)

Cfine f(Rofn

where VCM is the voltage at the bottom plate of CCLS during the coarse phase and therefore the

initial condition at the output of the fine phase current source, and Rof,. is the output impedance

of the fine phase current source. Substituting Eq. 9 into Eq. 10 yields:

td +Icp d
1 VC - YVoarse

VOVf neCLS Cf : e kI:ne + fe
Cf ine 0Rof

If inet_ VCMtd +I0acoasetd

Cf ine RofmneCine 2 Rofne ROcoarse CfineCc2oarse
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Let 'of, = Tfine + - VRo , then
fine

VOfnCS 'Ofinletd ly 0ase (1
VfeCS ± = CRo, ROcoarse CfineCCoarse

The fine phase overshoot voltage at the output node VOUT is then Vovf, = YVfneC.

To make a comparison to the fine phase overshoot error in a dual ramp ZCBC without use of

CLS, the fine phase overshoot error is expressed as:

td

V - 1 (JIfine + VO) Rof ,. )dt. (12)
Cfine 0Ro

Substituting Eq. 9 into Eq. 12 yields:

td

1 [ = Vo(t) - VOVcoarse
VOVj= - (](Ifine + ROf )dt

0

. td 1I coarset

= C e (J(Iine + c -arse )dt
Cfine f of n

If inetd _ 10 t d ciors
Iie_ I+ 'o"a (13)
Cf ine 2 ROf CfineCcoarse 2 Rof, ROcoarse Cf ineCoarse



Appendix D

Derivation for optimal value of level shifting capacitor in a hybrid CLS-

OpAmp/ZCB switched capacitor circuit

The coarse phase ramp current in a hybrid CLS-OpAmp/ZCB circuit is I = I C + ICCLS = SC +

SCCLS = S(C + CcLS),where S is the coarse phase ramp rate.

The variable f(CcLS) IVamp, where Vamp V gc' s+c is the output swing of
CCLS

the opmap can

be optimized with respect to CCLS by first taking the derivative of f(CcLS):

df d
dCCLS dCCLS

~ CCLS+C)
S(C+CCLS) (Ov CCLS+C

, CCLS .

CCLS(2C + 2 0
CLS) - (C + CCLS) 2

=SVOV 
C2LCLS

Sv" C2L
CdLLS

andthe setin acdf 0 results in:

The second derivative dc Lf

CCLS = C-

CCLS = C.

C 2 < 0 , which proves f(CCLS)
CL S

Ivamp is a minimum at
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Appendix F

Reference Voltage Model

A simplified model for the reference voltage switching is shown in Figure -1. The

switch sw is turned on at the beginning of the charge-transfer phase #2 at every clock

cycle of the ADC.

R L Cd SW Csample

t=0
V .EFP + - Cd C ,

Figure -1: Model of reference voltage, including bond-wire and test board trace inductance L, damp-
ing series resistance R, on-chip decoupling capacitor Cd, sampling capacitor Csample and reference
switch resistance R,,.

At the beginning of #2, capacitor Csample, which is assumed to be fully discharged,

is connected through switch sw in Figure -1 in parallel with the on-chip decoupling
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capacitor Cd. Capacitor C has been previously charged to VREFP. As charge is

shared between Csampie and Cd, at time t = 0, which corresponds to the beginning of

#2 , the initial voltage Vc-aple(0+) can be found to be:

Vcsampi (0+)(Cd + Csample) = Qcd(0-) + Q sampe (0-), (14)

where Qcsampe (0-) - 0 and Qcd(0-) = VREFPCd. It follows that:

VC~se (0+) = VREFPCd (15)
a" e (Cd + Csample)

To derive the transfer function for the above network, the Thevenin equivalent at

node Vcd is found as shown in Figure -2.



R L R
VCd sw S csample

t
V Iry, + Cd C sve

(a)

Z. Csample

(b)

Figure -2: Simplified reference voltage model

The Thevenin equivalent impedance ZTH iS :



1
ZTH =(Ls + R) || (16)

Cds
Ls+R

(Ls + R)Cds + 1I

The equivalent voltage VTH (s) is:

VTH(s) VREFP (17)
s ( Ls + R)Cds + 1*

Let VIN(S) VREFP then H(s) - VCsampi is
8 VIN

1

H(s) = 1 Csample 1
(Ls + R)Cds + (Ls+R)Cds+1 +Rs + Csampies

where the denominator of H(s) is den(s) = 1 and the numerator of H(s) is num(s)

s3Rs.CsampleLCd+s2 (L(Cd+Csample)+RswRCCsample)+s(R(Cd+Csample)+Rsw Csampie) +

1.

Next we substitute real design values in Eq. ?? for the on-chip decoupling capacitor

Cd = 1.3nF, sampling capacitor Csampie = 6.8pF and reference switch resistance

RS.= 1OQ. The bond-wire inductance is approximated to be 2nH, assuming a

bond-wire model of lnH/mm. MATLAB plots for a damping resistor of R = 0.5Q,

R = 1Q and R = 2Q are shown in Figure -3, Figure -4 and Figure -5 respectively.

For a damping resistor R = 2Q the system is approximately critically damped from

Figure -5.
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Figure -3: Voltage waveform at vCsample for damping resistor R
closes at the beginning of 02.
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Figure -4: Voltage waveform at vCsample for damping resistor R = 1Q, after the reference switch
closes at the beginning of 0 2 .

-.....--------- --- -- ----

- --- - - - -- - -

-. - --- - - - - - - - -

-

.- .-- .-. -. -. -
- -- - - -- - - - -- - -- - -- - - - -- -

-/ - - - -

-----. ... .. ... .- .... .... -- ---- ..- - .. - .. - ----- ---- .- ..-- .-.-

0 1



1.003

1.002

1.001

1

50.999

0.998

0.997

0.996

0.99!

0.5
time (s)

1.5
,C104

Figure -5: Voltage waveform at VCsample for damping resistor R = 2Q, after the reference switch
closes at the beginning of <$2.
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