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Chapter 1

Introduction

The analog to digital converter(ADC) is the bridge between the digital world and the world
we live in. It allows us to send real life data such as sound, light and temperature to pow-
erful computers to process. It has a wide application in many fields from music to military.
The application of the ADC proposed in this thesis is in a point to point(P2P) wireless sys-

tem.

Since the first commercial ADC was born on 1953 [1], many explorations have been
conducted to improve the performance. At present, ADC has four primary architectures —
Flash, Delta-Sigma, SAR and Pipeline. In this design, I choose the Continuous-time Delta-
Sigma (CTDS) ADC to accomplish the design goal of 10-bit, 250MHz Bandwidth(BW)
and 200mW power consumption. To design a Delta-Sigma ADC, it requires determining a
top-level architecture and designing transistor-level circuits. In order to determine the top-
level architecture, simulations have been done in MATLAB. The transistor-level circuits
are designed in a BICMOS technology, which possibly allows a higher speed design in
comparison with a CMOS technology with similar minimum feature sizes.

Chapter two focus on the principle of a Delta-Sigma (DS) ADC.

Chapter three describes potential architectures and the reason behind the choice.

Chapter four describes the design of transistor-level circuits of different blocks in this
DS ADC.

Chapter five emphasizes on signal analysis.

15



Chapter six concludes the thesis.

1.1 Motivation

As wireless carriers move towards 4G mobile technology, significant demands are placed
on their infrastructure. This multiple, high-bandwidth and high-speed services of 4G re-
quire an infrastructure that is scalable and resisent as well as cost-effective. Creating and
maintaining high-performance physical links between communication nodes is one of the
most important problems for wireless communication networks[2]. Point to point mi-
crowave systems are a common solution to serve as high-bandwidth pipes between two
nodes. Therefore, the quality of the P2P microwave systems significantly influences the

level of services wireless carriers can provide.

In order to improve the quality of P2P microwave systems, a boost in the performance
of the ADC such as wider bandwidth and higher signal to noise ratio (SNR) is necessary.
Delta-Sigma ADCs can be a good choice for data conversion in communication applica-
tions. Delta-Sigma ADCs have high resolution and moderate bandwidth to achieve high
information carrying capacity.[3] Moreover, Delta-Sigma ADCs can ease the design of the

baseband antialiasing filters[4].

The effective number of bits (ENOBs) and bandwidth of a Delta-Sigma ADC strongly
depends on the comparator (quantizer) and the feedback DAC. A detailed investigation into

these two blocks will help determine the performance that can be achieved.

Regarding the process, SiGe BiCMOS has a potential advantage over a similar mini-
mum feature CMOS process for P2P microwave system. An ADC in SiGe process can be

fully integrated with the radios in the system, creating an integrated solution.

1.2 Background of point to point wireless system

Point-to-point microwave systems serve as pipes between two nodes in a communication

network. The frequency of P2P microwave systems ranges from 6GHz to 80GHz. One
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advantage of high carrier frequencies is that the microwave band has a very wide available
bandwidth. Another advantage of the high carrier frequencies is that the small wavelength

allows conveniently-sized antennas.

The wide modulation bandwidth of a typical P2P microwave system implies that we
need a high data rate, which is propotional to the product of the bits per sample and the
bandwidth. There are two ways to achieve a high data rate. The first way is to use simple
modulation scheme and a high modulation bandwidth. The left picture of Figure 1-1 is an
example of simple modulation scheme. Simple modulation scheme means low number of
bits per sample; therefore, the signal to noise ratio does not need to be high. Comparing
to a complex modulation scheme in the right of Figure 1-1, the simple modulation scheme
is more tolerable of error because the modulation keys are further away from each other.
However, in the complex modulation scheme, the modulation keys are closer to each other,
leading to a higher requirement for signal to noise ratio. However, in order to achieve the
same data rate as utilizing a simple modulaton scheme, a complex modulation scheme only

requires a smaller bandwidth because each sample has more bits.
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Figure 1-1: A simple and a complex modulation scheme

1.2.1 Target specification

These two methods to achieve high data rate imply we need a wideband/moderate resolu-

tion converter or a moderate bandwidth/ high resolution converter. The target specification
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for the ADCs of a P2P system is 10-bit, 250 MHz and 200mW power consumption. The
bandwidth/resolution specifications come from a system analysis of a point to point sys-
tem. The power specification is chosen based on the performance of the since of the art of

ADCs.
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Figure 1-2 is a comparison between the performance of previous Delta-Sigma ADCs

with our specification. The previous work [4] is not only in SiGe process, but also in

other technologies such as InP HBT Technology. The Figure of Merit (FOM) used here is

2[+;,Bf) fiyng 18 the minimum sampling frequency (twice the bandwidth) and P is power.
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Figure 1-2: DS ADC performance trend
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Chapter 2

Principles of Delta-Sigma ADC

2.1 Quantization

Quantization of amplitude is one of the most important ideas of all digital converters. How-
ever, quantization introduces distortion to the original signal. To design an ADC, the pri-
mary objective is to limit the distortion. Figure 2-1 and Figure 2-2 give an idea of how
a basic analog to digital converter system works. The analog input signal comes into the
ADC and the ADC gives the digital outputs. The bits are converted into voltages again

through a digital to analog converter (DAC).

bits

ay m< ADC oAC >fwm

Figure 2-1: Analog to Digital conversion

Figure 2-2 shows the input and output of a 3-bit ideal ADC. The actual outputs are the
binary codes along the y-axis. The full scale of the ADC is 2V. For example, if the input is
0V, the actual output is ”100”. The binary code can be converted back to the analog voltage

by a DAC as in Figure 2-1.

As shown in Figure 2-2, the input and the quantized output are very different. The
difference is due to distortion introduced in quantization. In order to learn more about

quantization, we can represent the quantized signal y by a linear function with a gain G and
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Figure 2-2: input and output of an ADC

an error e:

y=Gx+e (2.1)

in which G is the slope of the straight line that passes the center of the quantization char-
acteristic. That means when the quantizer does not saturate (i.e. input does not exceed the
input range), the error is bounded by +A/2 where A is the level spacing or least significant
bit.

Above is an example of input ranging from -6 to +6 and A to be 2. The error is com-
pletely determined by the input. However, if the input changes randomly within the input
range, the error is mostly uncorrelated with the input and the error has a uniform probability

distribution in the range of +A/2. Then the mean square value is

1 " A?
et%ms = Z f e’de = E (2.2)
-A/2

To relate this result to quantization noise spectral density, when a signal is sampled at
frequency f; = %, T is the time between two samples, all of the quantization noise power

lies into the frequency band 0<f< f,/2. Then the quantization noise density is

2 A 2
=Cms\| 7 — 53 2.3
=g V S N2V fs (&)
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Figure 2-3: a quantization characteristic represented by y = Gx + e

From (2.2) and (2.3), the bigger the spacing level,which is the least siginificant bit(LSB)
1s, the bigger in-band quantization noise is. Since in Delta-Sigma modulators, the quantizer
usually has very few bits, the quantization noise is the dominant noise source. We rely on

feedback and oversampling to reduce the overall quantization noise.[6]

2.2  Oversampling

Oversampling is one way to reduce the noise introduced by quantization. Oversampling

can help reduce in-band noise, hence increasing the signal-to-noise ratio (SNR). It takes
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several samples to represent one data point, so the noise power becomes N times smaller if
averaging N samples to represent one data point. The oversampling rate (OSR) is defined

to be
Js
2fo

where f; is the signal bandwidth. Figure 2-4 shows how it works in frequency domain.

OSR = (2.4)

Because the total noise power is constant, a higher sampling rate leads to a wider fre-
quency spectrum and reduce the noise power density. fa is the noise bandwidth before
oversampling and pa is the noise power density before oversampling. fb and pb are the
corresponding noise bandwidth and noise power density after oversampling. Since we only
care about the noise within the signal band, the total in band noise becomes smaller after
oversampling. The relationship between the noise power density and OSR is

Noriginal

nm'er.cmnpled = OSR (25)

Each doubling in OSR increase SNR by 3dB.

]

Signal band

Power

pPa

fo _
Frequency

Figure 2-4: Oversampling in frequency domain
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2.3 Delta-Sigma Modulation

2.3.1 First order Delta-Sigma ADC

Delta-Sigma modulation allows the use of a coarse quantizer with high quantization noise,
while still generating data that has low quantization noise through error feedback and over-
sampling. It utilizes error feedback to shape the noise transfer function to minimize in-band

noise power, reducing noise introduced by quantization.

Figure 2-5 is the block diagram of a first order Delta-Sigma ADC. Here we assume the
quantizer is a multilevel, uniform and has a unity gain G = 1 and the integrator is clocked.

Then we can model the first order DS ADC to be Figure 2-6.

Clocked (f.)

ol
:

L=
2]

Figure 2-5: First order Delta-Sigma modulator

1—2z"1 y=06Gx+e

X; (of}

Delay vl G + >

Figure 2-6: First order Delta-Sigma modulator

Since the integrator is clocked, the input will only be sampled at when the integrator
is sampled. Therefore, in the new model, x(f) = x;, where i is the clock cycle. As we
discussed in the quantization section, the quantizer can be modeled as y = Gx + e. Here we
assume G equals to 1. Then the A/D, D/A quantizers can be replaced by the sum of output

of the integrator (w; X G) and the error at step i ¢;. The integrator can be replaced as a
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delayed feedback loop, which makes w; = w;_| + ¢;. The transfer function of the integrator

H;,(Z) = %.Then the modulator output Y(Z) in the frequency domain is given by:

Y(Z)=X2)z7 '+ E@Z)(1-z7YH (2.6)

where E(Z) is the error power density function in the frequency domain. From (2.4), the
signal transfer function (STF) H(Z) is z~' and the noise transfer function (NTF) N(Z) is
1-z1'=1-¢7" where w = 2nf. Recall in (2.3), Q(f) = €yms \/; The noise spectral

density in this modulator is:

N(f) = QNI = e ™| = Q(f) V2 + 2co8(wT) = epms }z-sin(%) (2.7)

N
Modulated quantization noise

e >

Signal bandwidth an

Quantization noise

ectural Density

Noise Sp

0 1 1 1 1 1 1 1 1 1
0 005 01 g 015 0.2 025 03 035 04 045 05
Normalized frequency

Figure 2-7: The modulated noise density N(f) and the quantization noise Q(f) VS f/f,

The NTF is shaped due to DS modulation. In this case, Figure 2-7 shows the modulation
reduces the noise at low frequencies and increases the noise at high frequencies. However,
if we only concern about noise power in the signal bandwidth, in this case we assume

the signal bandwidth is from 0 Hz to f;, the noise power is much lower than that in an
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unmodulated converter. The in-modulated band noise power is

fo

m= | INCHPS
fo e 2
- um 1 _ -1 ?_d
0 fs‘ I ¢ I f
2 o
= 4%]; 25”’1(%)&'}0 (2.8)
8e? fo ﬂ‘f
~ .H)’H d o << .
7. fs) g (fo < fy)
_ e.%m.s'ﬂz L 3
=3 o5k’

The effective number of bits(ENOBSs) is defined to be

SNR-1.76
E = — .
NOB 6.02 (2.9)

In the first order modulator, each doubling in sampling frequency increases SNR by

9dB, thus, increase the resolution by one and half bit.

— simulation resuft
s |deal model
90

I T

SONR(EB)
=]
L

] 16 32 64 128 256 512 1024
0SR

Figure 2-8: Equivalent first order Delta-Sigma modulator

Figure 2-8 is a plot of OSR vs signal to quantization noise ratio (SQNR) for the first
order modulator discussed above, assuming the white noise model holds. It is generated by

using a MATLAB model in the appendix A. The green line is the ideal 9dB/Octave line.
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The blue line is the result plot, which has a slope about 9dB/doubling in f;, which matches

our prediction.

2.4 Higher order Delta-Sigma Modulator

In the last section, we have showed the noise can be shaped by the Delta-Sigma modulation,
resulting in a higher ENOBs. The feedback loop via the integrator determines the shape
of the noise spectrum. In this section, we will discuss about the effects of more feedback

loops via multiple integrators.

2.4.1 Second order DS modulator

Let us first start with a second-order DS modulator. It is basically the first order loop
filter added an additional feedback loop and an integrator. The inner feedback loop helps
stablizing the loop filter. Without the second feedback loop, W|; and W,; are possible to

become bigger than the voltage range, hence, making the system unstable [7].

Figure 2-9: Second order Delta-Sigma modulator
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The output y; and the NTF can be found by solve the difference equations:

Yi=wy t¢g
Wop = Waio| T W — Yio) =W — €
W =Wy X, =Y 1 =X;—€-1+€2

(2.10)
Vi = Xi-1 + (e — 2e-y + €;3)

N(f) = QUL = 2)2
T
INCH| = 4Q<f>sin2<“—’2——>

Similarly, we can calculate the in band noise power if the quantization noise is considered

to be white

4
n2 = ef,,“,%OSR‘S (2 < %) 2.11)

Each doubling of OSR increases 15dB in SNR or two and half bit of resolution.

2.4.2 Higher order DS modulator

What we find in the first order and second order DS ADC can be extended to higher orders.
The noise transfer function of a Nth order modulator is [N(f)| = Q(f)[sin(%)]” and the in

band noise power is

2N

T —? . .
I’la = ezmszN + IOSR @N+D (f(;v < fsN) (212)

Figure 2-10: Nth order Delta-Sigma modulator
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The noise decreases by 3(2N — 1) dB and the ENOB increases by N and half bits for
each doubling of the sampling frequency. Figure 2-11 plots the noise power vs OSR with
different orders. Notice at small OSR, the noise power does not make sense because our

assumption is fy < f;.

naise powier (dB)
=
n
N

1 2 4 8 16 32 54 128 256 512
03R

Figure 2-11: Noise power vs OSR vs order

2.4.3 Stability

Stability is another important concept in Delta-Sigma modulators. Because there are mul-
tiple feedback loops, the system has a chance to be unstable. For the one-bit modulator of a
general model introduced previously, the system is conditionally stable if the order is higher
than two. As a result, only signals below a certain maximum input level can be converted
without causing the modulator to become unstable. This level for which the modulator
becomes unstable is a function of the loop-filter order and loop-filter cutoff frequency [8].

Higher order Sigma-Delta Modulators are conditionally stable.

2.5 Continuous time Delta-Sigma Modulator

A continuous-time DS ADC is similar to a discrete-time DS ADC, except the sampling

occurs after the loop filter. Figure 2-12 is the model of a continuous-time (CT) modulator.
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Clocked (f;)

Figure 2-12: First-order continuous-time modulator

Assume the clock is 1Hz,v. = +1, y(n) to be y, at the nth clock cycle. Then
y(n) =yn-1)+ f (u(t)y —v(m)dt =y(n — 1) + u(n) + v(in — 1) (2.13)
n—1

where u(n) = fn ’11 u(t)dt and v(n) = Q(y(n)), Q is the quantization from the A/D. Recall

the model of A/D introduced earlier, we can write (2.13) to be

y(n) = E(n — 1) + u(n)
y(n) + E(n) = E(n) — E(n — 1) + u(n) = v(n) (2.14)

VIZ)=UZ)+E(1 -z

Because u(n) = j:il u.(1)dt, a CT modulator is equivalent to a DT modulator by adding a

. s 1
pre-filter. The transfer function of the pre-filter g, = 'Te =1 =
15%-order DT modulator

€ . Yi

U u Delay w, O

+
| T
Delay

Figure 2-13: Equivalent first-order continuous-time modulator

Seen from the previous example, CT DS modulators can be considered as DT DS modu-
lators with a pre-filter. One can also adjust the coefficients of a CT DS modulator to achieve
the same NTF as a DT DS modulator. Therefore, the principles of DT DS modulators could
also be applied to CT DS modulators [9].
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Chapter 3

Architecture selection

3.1 Choose DS ADC order, bit and OSR

As discussed in Chapter 2, the quantization noise is the major resource of noise in a DS
ADC. Furtunately, through noise shaping, multi-level quantizers and oversampling, the
quantization noise can be significantly reduced. An increase in quantizer level could in-
crease the SNR linearly. An increase in order could increase the slope of SNR and OSR

relationship.

Our design goal is 10-bit, 250MHz and 200mW. In order to decide what order, quan-
tizer levels and OSR could lead to our design goal, the plots of OSR VS SNR vs bits are

generated based on Richard Schreier’s toolbox [ 10].

The target SINAD is 61.96dB. The target SQNR needs to be a little higher than SINAD
because there are thermal noise and harmonic distortion. The bandwidth is 250MHz, cor-
responding to sampling frequency to be 250MHz-OSR. An OSR of 64 requires a sampling
frequency to be 32GHz, which is not possible to achieve with this 130nm BiCMOS tech-
nology within the 200mW power budget. A good choice of OSR is 32 or 16. If the OSR is
too small, the order of the modulator needs to increase, leading to more components, hence

a higher power consumption.
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3.1.1 One-bit modulation OSR VS SQNR

Figure 3-1 is a plot of one-bit modulation OSR VS SQNR. At OSR of 32, only third or
fourth order can meet the design target, however for one-bit modulation, an order higher
than two is not absolute stable with a full scale input. At higher OSR, the requirement
for sampling frequency is not feasible. Although one-bit modulation is the ideal choice
because of linearity, in this design, we cannot use a one-bit modulation due to power and

input range.

1 bit modulation --- SQNR
N=4

100

wl Targetsnag | A

peak SQNR(dB)

OSR

Figure 3-1: OSR VS SNR with 1-bit modulation
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3.1.2 Two-bit modulation OSR VS SQNR

At OSR of 32, a second order architecture with 2 bit quantizer can give a peak SQNR to
be 70dB. It is a possible architecture choice. A third order with OSR of 16 gives a peak
SQNR to be 72dB. It is also a possible choice. The margin of these two possible options

for non-ideality of circuits, thermal noises and harmonic distortion is around 10dB.

2 bits modulation - OSR vs SQNR

v

Target SINAD

Peak SONR

4 B 16 2 B4 128
OSR

Figure 3-2: OSR VS SNR with 2-bit modulation
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3.1.3 Three-bit modulation OSR VS SQNR

At OSR of 32, at second order architecture can give a peak SQNR to be 80dB. It is another

possible architecture choice. The design margin for this choice is 18dB. We can go to

higher order if we end up with lower SQNR. Notice at higher OSR, the slope of peak

SQNR increases because the quantization noise is approaching the white noise model.

FPeak SQNR

3bit modulation OSR vs SQNR

100
Target SNAD
m_...l.. .....
M- >
m,_ —
0

=
=1

OSR

Figure 3-3: OSR VS SNR with 3-bit modulation
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3.2 Top-level behavioral model

In this thesis, I chose the architecture to be second order and 9-level quantizer with OSR of

32. The predicted SQNR is 80dB, leaving a margin of 18dB for non-ideality of the design.

Figure 3-4 is a general behavioral model for this CTDS ADC. Notice Vin, V1, V2
and Vypuc are differential voltages. This model includes one quantizer, two current DACs
(IDACs) , two OP-amps, one voltage DAC(VDAC), one latch, six pairs of conductance,
two pairs of capacitances and one summing block. The latch, quantizer, VDAC, IDACs,

OP-amps and summing block are fully differential. The full scale for the quantizer and

VDAC is 1V.

_ L Clock
N IN

|

|
|

Vin Vias
— Jlash
YRAA I\ VAN
VZ—-\/\/\/ OP-amp v?:--\/ L
— AN Vi V2
QUT
=l QUT
IDAC IDAC o

Figure 3-4: Top level behavioral model

| e |

The resistances convert voltages of vin, V1 and V2 to currents, summed with IDAC
outputs at the inputs of OP-amp. Together with the summed currents and the caps, the

OP-amps work as integrators, converts the currents into summed voltages:

i I
V,:f dr+ Vv, 3.1)
[ } C !

V., 1s the output voltage (V1 or V2) of the OP-amp at time f,.

The summing block before the quantizer generates the inputs to the quantizer. The
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input of the quantizer is

Vish = Ky - Vip + Ky - Vi + K3 - Vo + Ky - Vypac (3.2)

The outputs of the latches go to the feedback IDACsS to shape the noise transfer func-
tion. The latches at the outputs of the quantizer are necessary. The reason is the outputs
of the quantizer are analog and may change at any moment while the inputs to the IDACs
should be stable at each clock cycle. Notice the latch causes one step delay in the feedback
loop due to latched output. The direct feedback VDAC is to correct the one step delay

when the ADC initializes to remain stable and one of the factors determine the NTF.

The values of the conductance, capacitances, least significant bit(LSB) current and volt-
age, and coeflicients such as K, and K, are determined by Richard Scherier’s MATLAB
toolbox to achieve optimized NTF. The values of components used in this design is in the

appendix B.
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(Deci1Bels)

3.2.1 Ideal simulation result

Figure 3-5 is the ideal FET plot of the 2nd order 9-level Delta-Sigma ADC as described -
in the previous part of this chapter. The NTF is optimized to minimize the in-band quan-
tization noise. A Hanning square window is applied. The center signal frequency for this

simulation is about 9MHz. The SQNR is 78.4dB.
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Figure 3-5: Top level behavioral model
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Chapter 4

Transistor circuit design

4.1 Device characteristics

The technology used in this thesis is a BICMOS SiGe 0.13u process. In general, SiGe
transistor has advantages of a large intrinsic gain and requiring a small input swing over
MOSFETs. In high speed circuit design as in this ADC, bipolar devices are widely used as

input and output stages to pursue higher operation speed.

12

=

3 FT(GHz)

50

25 B
1e5 Ted I.(A) 0.001 0.01

Figure 4-1: FT vs /.. of npn with minimum length and width
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Figure 4-2: FT vs I, of pnp with minimum length and width

The V., of the plots is set to 0.7V, which matches the situation of using most of the
headroom. To use all the headroom, the maximum V,, is V. + 0.2V to avoid BC junction to
be forward biased. V), is about 0.7V. Figure 4-1 and 4-2 are FT vs /. plots of npn and pnps.
npn has a very high peak FT while the pnp has a FT about 1GHz, where npn FT peaks at
I. = 100uA. That means in high speed components design, we will use npns with resistive

loads.
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Figure 4-3: Early voltage vs V., of bipolars

This plot is the early voltage vs [. of the bipolar.The pink line is the plot of pnp and
the blue line is the plot of npn. At V,, to be 0.7V similar to the condition in the design,
both npn and pnp have a very high early voltage at the desired /. density region, leading
to a high output resistance. Notice the early voltage of npn reaches the peak very quick
as V., increases. npn also becomes saturated very quick as V,, increases. In comparison,
early voltage of pnp increases slowly as V., increases. We know early voltage is inversely
propotional to junction capacitance Cpc and Cpe = Cpeo/ m . Cpep and ¢pe
are two constants. In this process, ¢pc of pnp is much bigger than ¢z of npn. Therefore, as
Ver increases, Ve increases the same rate in both pnp and npn, but Cpe of pnp decreases
much slower than Cge of npn does, resulting in early voltage of pnp increases much slower

than early voltage of npn does.
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4.2 Comparator and Flash ADC design

A comparator is a device comparing an input voltage and a threshold voltage to output a
high voltage or a low voltage indicating which is larger. There are two primary methods to

make a comparator.

One way is to use an uncompensated OP-amp with a large gain. The advantage of this
method is that these is little hysteresis. However, in this specific design, it is hard to imple-
ment a comparator using an OP-amp. It is because a large gain requires high power con-
sumption; however a limited gain may cause metastability because output voltages might

not reach the threshold voltage level.

The other method is to use positive feedback. The advantage of positive feedback is
that it can be considered to have an infinite gain with relatively low power. The gain is an
exponential function of time. Therefore, the chance of metastability is approaching zero if
giving enough time. However, in the real design, we cannot wait infinite long time for a
comparator to give a output, hence the time constraint is very important in implementing
comparators with positive feedback. Still the choice of positive feedback is more preferable
in high speed comparator design. The disadvantages of positive feedback are that it has a
hysteresis, leading to wrong decisions and possible more complicated design. However,

the hysteresis is possible to be eliminated by resetting each clock cycle.

In this design, the positive feedback method is preferred because of power consumption
and noise shaping property of Delta-Sigma modulation. Similar to quantization noise, the
hysterisis of a comparator can be modeled as another noise source adding to the output of an
ideal gain block. The noise source is shaped through the loop filter, similar to quantization

noise.

4.2.1 Comparator design

Since the sampling frequency is BW - OSR = 250MHz -32 = 16GHz, it is wise to use
bipolar as input and output stages. CMOS input stages require about a full swing to be

fully switched comparing to about 200mV of BJT input stages. A small swing can increase
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the circuit speed by saving the time to go to desired voltage levels. Therefore, the npns are
chosen to be input and output stages. For current sources, CMOS are used because in this

technology, CMOS has a better matching than bipolar, increasing robustness of the design.

,I—J ‘ s T i — - L_ - .
S SR AR R U s
i ’ Vj /
m-m—«gjm - :us
A

Figure 4-4: schematic of comparator

Figure 4-4 is the actual design implemented in the CTDS ADC. I will breakdown the
schematic in this section. The comparator structure is fully differential and consists of

preamplifier, Track/Hold(T/H) comparator core and another T/H as latch{11].

Power is the limiting factor because there are eight comparators in the Flash ADC. The
flash ADC consumes power at least as much as power of eight comparators. In order to

minimize power consumption, a common 1.8V voltage supply is used as VDD.
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Figure 4-5: schematic of the pre-amplifier

The first stage is a low gain differential difference amplifier with resistive loads. The
reason not to use active loads to achieve a higher gain is pnp in this technology has a very

low FT, which means pnp will present a lot of capacitance.

The major concerns of the pre-amp design are power consumption, gain and bandwidth.
Non-linearity and input offset can be shaped through the loop filter similar to quantization
noise by modeling as extra noise sources adding to an ideal gain block. Therefore they are

not the biggest focus in this design.

Unlike the other parts of the comparator, the VDD of the pre-amp is chosen to be 2V
because of headroom. Since it is a Flash ADC, the reference voltages vary from common
mode voltage(V,,,) to V., + 4-LSB. At the extreme case when vref is V,,+ 4-LSB, if the
VDD is 1.8V, V. is possibly bigger than 200mYV, causing BC junction to be forward biased.
This will sink currents from the previous stage, leading to malfunction in the system. A
2V VDD is carefully chosen to avoid such undesired circumstances and minimize power.
Although it is possible to use CMOS as input stages operating at 16GHz while keeping
VDD to be 1.8V, the intrinsic gain of CMOS is a decade smaller than BJT’s with same
amount of biasing current. A tradeoff is made to increase the gain by a factor of 10 with

little power and more complicated voltage sources.
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In the pre-amp, the differnce of the differential inputs is compared to the difference of

the reference voltages. The differential output is

Vmup - vrmm = ngouI[(Vip - Vin) - (Vrc'_fp - vrc'fn)] (4 l)

8m 18 the conductance of the npns and R,,, is the effective resistance looking at the output

of the BJT input stages, which is Ry,..//r,. r, 1s the effective output resistance of the BJT.
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Figure 4-6: frequency response of the pre-amplifier

Figure 4-6 is the frequency response of the pre-amp. Choosing the current for each
branch to ne 500uA and 400 ohms as loads, the DC gain is 18dB and the bandwidth is

bigger than 1GHz, four times of the target bandwidth. The power for the pre-amp is 2mW.
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Figure 4-7: schematic of the comparator core

The comparator core is essentially a track/hold circuit. The circuit has two states. When
the clock is high, the track mode is on. The amplifier stage amplifies the differential inputs.

When the clock is low, the hold mode is on. The positive feedback pair of npns pushes the

output voltages to saturation.

The load is also passive because pnps cannot be used at high frequency. However, there
are some advantages of using resistive loads. Using resistive loads can save the headroom,
thus saving power. Moreover, resistive loads can keep linearity of the circuit. The clk
voltage and the bias voltage are chosen carefully to prevent forward biasing of BC junction
of bipolar and CMOS operating in triode region from happening. The output swing is set
to be 125mV to increase the speed. 125mV output swing is large enough to allow the next
stage go to desired output voltage almost immediately. The resistors are chosen to be very
small( 50 Ohms ) to decrease the relaxation time constant and regeneration time constant,
thus increasing the speed in both modes of the comparator. Notice, the reason there is no

reset CMOS switch between two output nodes is operating at 16GHz, it costs too much
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power to build such a clock to turn on and turn off the CMOS switch. The track stage has
a DC gain of 5 and 3dB bandwidth of 16GHz. The sizes of npns are chosen carefully to

tolerate the current density and minimizes the input and parasitic capacitances.

In order to measure how fast a comparator trips, there are two time constant to be
introduced. One is relaxation time constant. It determines how fast a comparator can track
the input voltage and recovers from the previous clock cycle.The other one is regeneration
time constant. It measures how fast a comparator can regenerate to the desired voltage from

the amplified input voltage.

Both of the constant can be represented as the effective resistance times the effective
capacitances (R - C). For relaxation time constant, both the input capacitances of the input
diff pair and the positive feedback diff pair are determinant. The charges at input caps of the
positive feedback diff pair discharge at track mode. The charges also need to build up at the
inputs of the input diff pair. In comparison, for regeneration time constant, only the input
caps of the positive feedback diff pair are major because charges only need to accumulate
at hold mode diff pair input. For both time constants, the effective resistances are similar.
Since r, of npns are much bigger than 50hms, the effective resistances are about to be 50

Ohms.

time response of different inputs in hold mode

225m |-

200m

175m -

125m -

Voltage (V)
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0p 1p 12p 13p 14p 15p 16p 17p 18p
time (s)

Figure 4-8: regeneration time constant
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The regeneration time constant and the relaxation time constant can be measured in this
way. We put multiple different input voltages differ by a constant factor to generate several
time responses. The time difference between two adherent curves to reach the same voltage

is a constant. Figure 4-8 is an example of that.

We can calculate the regeneration time constant and relaxation time constant by :
Treg = AtfIn(K) (4.2)

K is the common factor of the inputs. In this case of Figure 4-5, K is 10 and the regeneration

time constant is

Tree = 1/In(10) = 0.43ps (4.3)

The relaxation time constant can be measured by the same method. Instead of waiting
it to reach a desired voltage, we first push the outputs to be at the correct output level. Then
we reverse the clock to switch to track mode and apply an opposite sign input voltage.
Finally, we measure the time it takes to reach the common mode voltage which is the

indication of correctly tracking the inputs.
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Figure 4-9: plot of comparator regneration time constant measurement
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Figure 4-9 is the plot of the regeneration time constant measurements. Y-axis is the time
it takes to reach 125mV. X-axis is the differential input voltage. The relationship between
input voltage and total time is linear, indicating the time difference between two adherent
inputs are constant. When the input is large, the comparator almost saturates immediately,
so the time converges to an unavoidable delay (7,).For this design, the regeration 7., is

14ps. The 1, is 10ps.

If we want an OSR of 32, the clock is 16GHz. Half of the clock cycle is allocated to
the regeneration phase, which is 0.5/16G, or 31.3ps. Looking at Figure 4-9, in order to
correctly operate at 16GHz, the comparator needs at least 2.5mV differential input. Any

input voltage below 2.5mV yields an error.
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Figure 4-10: plot of comparator relaxation time constant measurement

Figure 4-10 is the plot of the relaxation time constant measurement. Y-axis is the time
it takes to reach 125mV. X-axis is the differential input voltage. The 7., 1s 71.3ps and
the 7, is 16ps. This constant is larger because it takes account the input caps of two diff
pairs. From this plot, in order to operate at 16GHz, a 3.5mV differential input is required.

Comparing the two constants, the track mode determines the speed of the comparator.
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We can consider the comparator core as a Schmitt Trigger with a hysteresis of 3.5mV.
The problems of this behavior is it could give wrong outputs and increase chances of being
metastable each step. If the differential input voltage is smaller than 3.5mV, the output
would end up in the wrong logic. Moreover, if the differential input voltage is very close
to 3.5mV, within the half clock cycle constraint, the output voltage might end up in the

situation that it cannot give the next stage correct output to be O or 1.

For the comparator core, the bias current is 2.5mA. The power of the comparator core

1s 1.8:2.5m = 4.5mW.
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Figure 4-11: latch stage of the comparator

The next thing to discuss about the comparator is the output latch stage. The latch
is necessary because the output of the comparator directly connected to a VDAC. The

output of the comparator needs to always be in high state or low state to make VDAC work

properly.

It has a similar structure of the comparator core. The bias current is 1mA. It is chosen
to be small because as long as the input stage has a gain bigger than 1, the output could
reach 200mW , which is the voltage level to 99% bias a diff npn pair, almost immediately
assuming the comparator core works properly. The output swing is chosen to be 250mV to
increase the gain and allow fully switching of the next bipolar input stage. The gain can be

found by

i(' V.s'n'ing
A= grnRhm(i = Rloud =

(4.4)
th Vu’z

Figure 4-12 is the bode plot of the track stage of the latch. It has a DC gain of 10.3dB

and a unity gain bandwidth about 16GHz. This promises as long as the comparator core
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gives a valid output of 125mV, the latch would keep the output voltage to be bigger than

200mYV for this clock cycle. Notice the clock of the comparator core and latch are opposite.

The sizes of the transistors are chosen to meet the current density requirement.

For the latch stage, the bias current for the latch is ImA and the power is 1.8mW.

(Dec1Bels)

1

'!

10 100 le3 led le5 leéb le7 leB 1e9 1lel0 lell
freq (Hz)

Figure 4-12: latch of the comparator

The total power of the comparator is 8.3mW. A 9-level quantizer consumes about 70

mW power. The consumption is able to meet the power budget. A possible improvement

of the comparator is to reduce the relaxation and regeneration time constant. This requires

decreasing the load resistance and increase the biasing current, hence more power. Another

way is to increase the gain of the pre-amp, requiring an increase in swing and VDD, thus

power.

Monte Carlo analysis has been done on the comparator. Table 4.1 shows the Monte

Carlo results of several important variables of this comparator.

Notice the offset voltage has a large sigma of 7.6mV. It is expected because the size of

input diff pair npns only considers the speed, not the offset. A small npn has less parasitic

capacitances while a large npn has less offset, but more parasitics. The 30 offset is smaller

than 1/4 of LSB (125mV), therefore the comparator would still work properly.
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Table 4.1: Performance at peak F-measure

Variable Mean Sigma
Offset -80uV | 7.6mV
Regeneration time constant | 13.3ps | 3.3ps
Relaxation time constant 13ps 6ps
Power 8.ImW | 0.5mW

Irfoett

Figure 4-13: Monte Carlo results of the offset measurement

4.2.2 Flash ADC design

Usually in a multi-level DS ADC, Flash ADC is the top choice for the quantizer because
a flash ADC only has one step delay. A flash ADC is essentially a combination of several
comparators with different reference voltages. A typical schematic of a flash ADC is

The resistor ladder generates the reference voltages. The comparators compare the
reference voltages and the inputs to give outputs in one clock cycle. In this thesis, all

components are fully differential, so does the flash ADC.
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Figure 4-14: a 4-level flash ADC
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Figure 4-15: Schematic of the 9-level quantizer

Figure 4-15 is the schematic of the 9-level flash ADC used in this Delta-Sigma ADC.

The referrence voltages are also differential. The references voltages are chosen such that

Vierpln] = Vyesuln] = VLS B - (n — 3.5) (4.5)
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For a 9-level quantizer and the full scale is 1V, VLSB is 1/(9-1) = 125mV. There are no
buffers between the resistor ladder and the comparator. The main reason for not putting
buffers is the power budget. The resistor ladders requires total of 16 buffers. Without
buffers, the reference voltages fluctuate because the inputs to the flash ADC changes fre-
quently. Every change may lead to a different input npn to turn on, hence absorbing some
current from the resistor ladder. The way I stabilize the reference voltages is to make the
total resistance to be small enough to make currents large. By choosing resistance carefully,

the fluctuation of reference voltages could always stay within 10 percent of VLSB.

The NTF minimizes the impact of the offset of the flash ADC. Here we use the ad-
vantage of noise shaping of DS ADC to save the power by not adding the buffering stage.
The purpose of a buffer is to isolate two stages and provide current to the next stage. Here
even though directly connecting the resistor ladder and the comparators causes the refer-
ence voltage to fluctuate, the NFT minimizes the offset voltage impact on the entire loop.
However the buffer stage consumes much more power if considering there are 9 buffers,

even there is a small power of each buffer.

The total power of this Flash ADC is 70mW.

4.3 Feedback IDAC and VDAC design

4.3.1 IDACs mismatch

The first feedback IDAC is the most crucial block in determining the performance other
than the flash ADC. Especially the linearity and noise of the first IDAC in a higher order
DS ADC limits the SNR. We can see the reason from Figure 4-16.

Similar to the quantizer model we develop in the introduction, we can assume the IDAC

also acts as the sum of a perfect IDAC and an external noise.
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Figure 4-16: 1st order DS ADC model

The transfer function of the error is

Vouw o AlZJBzZ] 1
error '~ 1+ AlzIBIzIClz] . CIz

(4.6)

C[z] is the transfer function of the 1-bit DAC in frequency domain. The transfer function
of a DAC con be approximated to be a constant of 1 within the bandwidth. Therefore, the
non-linearity and the noise of the IDAC will not be shaped. However, unlike the noise of
the first IDAC, the noise of the other IDAC could still be loop filtered. In the design process

of the first feedback DAC, the non-linearity and the thermal noise is the priority.

In order to achieve an ENOB of 10-bit, the mismatch of the first IDAC has to at least
be less than 0.5 LSB of the DS ADC, which is

mismatch < 0.5/2'% ~ 0.05% (4.7

There are three sources of matching error — systematic mismatch , random mismatch
and gradient mismatch. Systematic mismatch and gradient mismatch can usually be avoided

by careful layout and circuit design. Random mismatch is due to local variation in process
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parameters and it is limiting the linearity of the IDAC [12].

For a CMOS diff pair, the standard deviation of error is [13]

(4.8)

Ay 1s a constant for each process and W,L are the width and length of a CMOS. In the
IDAC design, we care more about drain current variation. The relative drain current varia-
tion of CMOS operating in saturation region is

gy 8Em 2 AVT 2 _ \/§ ) AV'I‘

- =0vr— = 0vr

= = 4.9)
I lyr I Vos — Vo VWL Vs — Vi \/7 - L

Notice, if we keep the current constant, if we only increase W, the mismatch would be the
same. To see that, if we increase W by 4, then o7 is decrease by 2. However, Vg — Vy is
also decreased by 2 and the mismatch does not change. Therefore, in order to decrease the

random mismatch, we need to increase both W and L.
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4.3.2 Feedback IDACs
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Figure 4-17: schematic of IDAC

Figure 4-17 is a schematic of the IDAC design. It uses a bipolar diff pair as input stage
for speed and a cascoded current source in CMOS. A cascoded current source can provide

higher output impedance, reducing the output voltage variation.

In this design, the width of M2 is set to be 60um, the largest width I can choose without
worrying about layout size. The length of the bottom CMOS is set to minimize the mis-
match and keep the device in saturation region. The size of M1 is set accordingly to leave
enough V¢ for the bottom CMOS to operate in saturation region. This current source gives
a 30 mismatch of 0.04%. The input stage npn sizes are also optimized to be small enough

to operate at 16GHz and have a mismatch slightly smaller than 0.05%.

The output of the IDAC is connected to the input of the OP-amp, not to a power supply.
Recall V1 and V2 are outputs of first and second integrator. A common-mode feedback
loop is connected to the input of the OP-amp to ensure the common-mode voltage stabilizes

at 1.5V as in Figure 4-18. The differential output of the IDAC is connected to a pair
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of common-mode current source and a voltage controlled current source to stabilize the

common-mode voltage.
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Figure 4-18: schematic of IDAC

ouT

The second feedback IDAC is designed in a similar process with a different bias current.
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4.3.3 Feedback VDAC

The VDAC has the same structure with the IDACs. The only difference is the outputs
are converted to voltages through resistances and the VDAC is connected to a 1.8V power
supply. The load resistances and bias current are chosen to give a LSB of 125mV while not

having a significant fluctuation due to inputs and outputs as well as fast enough to operate

at 16GHz.

% R1 % R2
Q1 Q2

M1

bias 200u A

M2
bias 200u A

Figure 4-19: schematic of VDAC

4.4 Integrator design

The integrator is essentially an OP-amp in a special configuration as in Figure 4-20. To
design an OP-amp, a good bipolar device has an advantage over a same minimum feature
CMOS because of a larger intrinsic gain. With active loads in one stage, the gain of a

bipolar amplifier is

(4.10)



Integrator

R OV

— V
:

Figure 4-20: schematic of VDAC

V4 1s the early voltage, which usually bigger than 10.Vyy is the thermal voltage to be around

25mV. This gives the rough gain of one stage to be 200. The gain of a CMOS amplifier is

21, L I
Vs = Vi Ay A-(Vgs = Vip)

A = glﬂr()lll = (4'1 1)

A is the length modulation constant to be around 0.1. The effective voltage (Vgs — Vip) is
usually bigger than 200mV.Therefore, the gain is around 50.From the comparison, we can

see using BJTs can simplify the OP-amp design by having fewer stages.

After deciding the gain stage component, the next concern is what specifications of
the OP-amp can make the DS ADC work properly . The best way to find that out is to
replace the ideal integrators with voltage controlled voltage blocks with finite gain and
finite bandwidth. With a DC gain of 200 and a bandwidth of 500MHz, the semi-ideal OP-
amp decreases the SQNR by 2dB. A gain of 200 and a bandwidth of 500MHz is reasonable
for this design. In the OP-amp design, a higher gain possible requires more stages and a
higher bandwidth is not very feasible because of the pnp only has a FT of about 1GHz with

I. where npn peaks.
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Figure 4-21 is the schematic of the OP-amp. The structure is very simple. It has only
one stage with a common-mode feedback and two output buffers. The active loads are
pnps. The reason in the OP-amp design we can use pnps is that in DAC and flash design, it
requires to operate at |6GHz, way beyond the FT of pnp while the OP-amp only requires
to operate at 250MHz. Although the inputs are changing at 16GHz, the OP-amp is acting
as an integrator, which smooths the high frequency component. Therefore, the OP-amp
only need to be able to amplifier the major signal which has a bandwidth of 250MHz. The
active loads provide extra gain comparing to resistive loads, making a single-stage OP-
amp structure possible. Notice the Vp¢ of pnp is set to be 1V, corresponding to an early
voltage of 30V. This makes pnp a better active load than a PMOS because of bigger output
resistance.

2.5V

s
) Lo

Qs

N

Figure 4-21: schematic of the OP-amp

Figure 4-22 is the common-mode feedback schematic. It stabilizes the common-mode
voltage of the OP-amp output at 1.5V. The two input resistances average the differential
outputs and comparing the average voltage to 1.5V. The output is connected back to the

bases of active loads to control the /. of pnps, hence controlling the output voltages.
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Figure 4-22: schematic of CMFB block

The output stage is a buffer as in Figure 4-23. Tt is composed of two stages of emitter
follower. It helps separating outputs from the inputs of the next stage and it is able to
provide currents to the next stage. Since the OP-amp is connected to conductance to convert
voltage into currents, a diamond buffer output stage is necessary to provide such currents.

The stage has a gain of -0.43 dB.
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Figure 4-23: schematic of output stage
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Figure 4-24: bode plot of the OP-amp

Figure 4-24 is the bode plot of the OP-amp. It has a DC gain of 38dB, and a 3dB
bandwidth to be 400MHz. The phase margin is 61 degrees. The design results are a little
off the original target. The best way to test it is to put the OP-amp in the DS loop to see how
much SQNR degrades. Notice there is a right half-plane zero around 1MHz. It is due to
the large Cpr of Q4. The junction capacitance creating a bridge between the output and the
output from the first stage, leading to the feedforward effect. Similarly, at IGHz, the Cy of
QS5 creates another right half-plane zero, leading to the phase increase around 1GHz. The
architecture simulation results with the blocks discussed in Chapter 4 will be discussed in

Chapter 5.
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Chapter 5

Simulation results

The best way to test how well a component is designed is to put the transistor-level circuit
in the Delta-Sigma loop. In this chapter, the emphasis is on a Fourier analysis of the signal

quality.

Figure 5-1 is the simple representation of the test bench. The input is a sine wave. The
amplitude 1s 1dB smaller than full scale (1V) to avoid clipping. The output is processed
to give a SQNR. The script of signal analysis is in the appendix B. A Hann? window is

applied to reduce the number of points needed to acquire a correct calculation.

Sine wave ond order 3- ideal 3-bit Dlgltlzed
input bit DS ADC DAC output

Figure 5-1: schematic of IDAC

In this chapter, I will first analysis the behavioral model circuit with only one transistor-
level circuit. Then I will analysis the behavioral model with multiple transistor-level circuit

to identify the limiting blocks.

67



(DeciBels)

The output signal spectrum of the ideal behavioral model is in Figure 5-2. Because
of Hann® window, the signal is separated into five different bins. In this plot, the bins
are around 9MHz,which is the input frequency for the simulation test bench. The noise
is shaped according to the optimized NTF generated from the MATLAB toolbox. The
SQNR of the ideal model is 78.4dB, about the same as the MATLAB toolbox prediction.
The environment for the simulation is in 125 degree Celsius, which is the worst working
condition in real life. High temperature slows down the electron movement, leading to

slower circuit and worse noise.

Temperature: 125 Degrees Celsius
—>» outhandb

-20
- / BW = 250MHz
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Figure 5-2: FFT of the output from the behavioral model without any transistor
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5.1 Individual block analysis

Figure 5-3 is the output signal spectrum of the ideal model with the real transistor-level
flash ADC. The SQNR drops to 67.4dB. The in-band noise power density is increased by
about 10dB. Also there is a peak of NTF at very high frequency. The major reason for
the significant degradation and incorrect noise-shaping is the speed of the comparators.
Each clock cycle (0.5/16G), there is only enough time for two regeneration time constants
( 14ps). That means a large range of inputs to the comparator (absolute value less than
125mV/10% = 1.25mV) will increase the probability of a metastability output. The high rate
of being metastable and the 3.5mV hysteresis leads to an incorrect NTF. In order to improve

the NTF, the solution is either increasing the power or reduce the sampling frequency.
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Figure 5-3: FFT of the output from the behavioral model with a transistor-level flash ADC
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Figure 5-4: FFT of the output from the ideal model with the transistor-level IDACs

Figure 5-4 is the FFT of the ADC with IDAC to be transistor-level. This simulation was
run in ideal environment (no Monte-Carlo variation considered). The SQNR is 78.3dB,
which is almost the same as the ideal SQNR. It makes sense because without Monte-Carlo
variables, there is no offset or mismatch in the IDACs. Therefore, the only degradation of
the IDACs to the ADC is the speed. With a careful design, the degradation due to the speed

of the IDACs 1s minimized.
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Figure 5-5: FFT of the output with IDACs under Monte-Carlo analysis

Figure 5-5 is the FFT with the IDACs with mismatch. The specific Monte-Carlo trial
shown here is one which stored 3o- mismatch in simulations of the IDAC on its own. The
SQNR drops to 66.3dB. In the power spectrum, there are large harmonics, especially at
twice and three times of the input frequency due to non-linearity. The mismatch of a 30
case is 0.04 % in the IDAC. Moreover, since there are eight pairs of diff inputs in the
IDAC, the relative mismatch between each branch of IDAC could be smaller than 0.04%.
Therefore, the output SQNR of 66.3dB matches the prediction of SQNR to be a little higher
than 10-bit or 61.8dB.

Noise-shaping could improve the performance of IDACs. Mismatch-shaping includes
methods like element rotation and swapping. Some initial analysis has been done in MAT-
LAB as in Figure 5-6. The idea of element rotation is to use the DAC elements in a rotation
way. For example, suppose a 3-bit IDAC, at time 1, the first 8 IDAC cells are used. At

time 2, the second 8 IDAC cells are used. At time 3, the first 8 IDAC cells are used again.
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; filter to the mismatch [14]. Some initial analysis has been

1

1-Z-
done in MATLAB as in Figure 5-6. The predicted perfect SQNR for this case is 107dB.

The SQNR without mismatch shaping method is 57dB. The SQNR with element rotation is
97dB. Therefore, after implementing one mismatch-shaping method, the SQNR is expected

to be very close to the ideal SQNR.
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Figure 5-6: FFT of non-element rotation and with element rotation in MATLAB
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Figure 5-7: FFT of the output with VDAC

Figure 5-7 is the FFT with the VDAC. The SQNR is 78.1dB, almost the same as the
ideal SQNR. Under the simulation with a trial that gives 30- mismatch, the SQNR is 76.9dB,
still similar to the ideal SQNR. This makes sense because the mismatch can be loop-filtered.
Hence even there could be a huge non-ideality of the VDAC, the DS loop significantly

reduces the impact of non-ideality from the VDAC.
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Figure 5-8: FFT of the output with OP-amp

Figure 5-8 is the FFT with the OP-amps under Monte-Carlo 30~ condition. We can see
there is a large DC offset here. The offset is not a big problem because we can always
adjust the offset voltage of the inputs. Therefore, in this signal analysis, we will ignore
the DC offset. Then the SQNR is 74.4dB. As discussed in the OP-amp design in chapter
4, an ideal voltage controlled voltage source with DC gain of 200 and a 3dB bandwidth
of S00MHz gives the SQNR to be 76.4 dB. My design has DC gain of 100 and a 3dB
bandwidth of 400MHz. There is a 2dB gap possibly due to a smaller gain and a smaller
bandwidth. A non Monte-Carlo simulation of the OP-amps gives a similar SQNR to be
75dB. The OP-amp has a less degradation in the DS ADC loop comparing to the IDACs
and the flash ADC.
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5.2 Multi-block analysis

Figure 5-9 is the simulation with the flash ADC, OP-amps and DACs to be transistor level,
leaving latches and summing block to be behavioral. The SQNR is 66.0dB. The noise
transfer function is dominated by the flash ADC behavior because the noise level are closer
to the noise level from the FFT plot of only Flash ADC to be transistor-level. This implies
the flash ADC is the limiting block of the design.

Temperature: 125 Degrees Celsius

—
.10 outhandb

-20
-30
BW = 250MHz
-40
-50
-60

-70

(DeciBels)

-80"

.90

-100——

-110}
-120

=8l
7

leé6 le7 le8 le9 lelo
freq (Hz)

-130°

Figure 5-9: FFT of the output with flash, DAC and OP-amp
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Table 5.1: Performance in different simulations

Situation Ideal Flash IDACs VDAC orP
Non Monte-Carlo(dB) | 78.4 67.4 78.3 78.1 75.0
Monte-Carlo (dB) / 64.9 66.8 76.9 74.4

DAC,Flash | OP,DAC | Flash,OP | Flash,OP,DAC

66.4 74.1 66.2 66.0

64.2 65.9 66.0 63.3

Table 5.1 is the summary of the performances of different situations. The worst case
senario is all three blocks with 30- mismatch. The SQNR is 63.3dB, slightly higher than
the target 10-bit. The margin is unlikely be enough to meet the requirement after adding
thermal noise and layout parasitics. Also from this table, we can see in order to boost the
performance, we need to work on the flash to make it faster and the IDAC to shape the

mismatch noise. Fortunately, we still have some room within the power budget.

Table 5.2: Power consumption of each block

Block integrator | IDAC1 | IDAC2 | VDAC | comparator | flash ref- | Latch | total
erence

Power(mW) 21 0.75 0.25 0.5 8 1 3 140

Number of components | 2 8 8 8 8 2 8

Table 5.2 is the summary of power consumption. The total power consumption is
140mW and there is a 60mW room for performance improvement. I would revise the
comparator design and allocate more power for each comparator. An initial simulation
shows with a power of 20mW, the regeneration time constant can be reduced to 4ps, one-
third of the current design. I am confident in improving the performance of the flash ADC,
hence the Delta-Sigma ADC. Another way to make the ADC better is to reconsider the
architecture choice. With a fourth order and 3-bit loop filter, the OSR only needs to be 4
to hit the target. Then the requirement for the comparator speed decreases to 2GHz. At
2GHz, it is possible to implement a reset switch, eliminating the reset time, which is the

dominant factor of determining the speed of the comparator.
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Chapter 6

Conclusion

This thesis explores designing blocks of a Delta-Sigma ADC using a BiCMOS technology.
A BiCMOS technology allows the circuit to operate at a very high frequency by reducing
the clock swing. It also allows for an easy OP-amp design because of the large intrinsic

gain of the bipolars

The design of a Delta-Sigma ADC involves the process of choosing a proper archi-
tecture, designing the transistor-level circuits and signal analysis. The architecture is also
determined by the specifications of the design goal. The architecture determines the design
specifications of each block. The signal analysis indicates which part of the circuit is the

limiting factor and points back to where can be improved.

Regarding the future work, a review of the comparator design is necessary. An increase
of the speed is expected to significantly improve the performance. More exploration of
mismatch-shaping might be useful. The non-linearity of the first feedback IDAC greatly
determines the highest SNR we can achieve. Furthermore, the summing block and the
latches need to be replaced with transistor-level circuits. The summing block could be built
with resistor and capacitances instead of using active elements. Some initial simulations
have been done and the result shows a passive summing block is promising. The latches
can be build as the same structure of comparator output stage, probably adding buffers to
isolate the outputs from the inputs to the next stage. A redesign of the top level architecture

is also worth trying. By increasing the order, I can reduce the operating speed of the ADC

7



to become much smaller, possibly yielding a better result. Finally, a layout is needed to tape
out this ADC. I have done a small amount of layout for sanity check for the comparator.

More of layout needs to be done in the future.
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Appendix A

MATLAB DS modulator model

A.1 simulate the behavior of a flash ADC

function [y]= flash2(x.full,level)
Isb = 2*full / (level-1);
j=-0.5;
while (jj=level-1)
if' (xj=-full)
y=-full;
elseif (x;=full)
y=full; end
if (x¢-full+j*1sb) &&(xj=-full+(j+1)*Isb)
y = -full + (j+0.5)* Isb;
J=level;
else
j=ith
end
end

end
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A.2 1st order modulator

function [v,x] = simulateMOD1(u)
x = zeros(1,length(u));
x1 =0;
for 1 = l:length(u)
[v(D)] = flash2( x1,1,2 );
x1 = x1 + u(i) - v(i);
x(1) = x1;
end

return

A.3 SONR analysis script. It starts from OSR =2 to OSR
= 1024

1s=[2:1:107];
SQ=zeros(1,9);
ns = zeros(1,9);
for iwq = 1:1:length(is)
osr = 2ls(iwg));
BW = 250;
fs = 250*osr*2;
Nfft = 2'7;
ftest = 13;
Atest = 0.99;
t = O:Nfft-1;
u = Atest*sin(2*pi*ftest/Nfft*t);
v = simulateMOD 1 (u);
V = fit(v)/(Nfft)*2;
V2 = fit(v2)/(Nfft)*2;
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f = linspace(0,fs,Nfft+1); f=f(1:Nfft);
figure(2); clf;
semilogx(f,dbv(V), ¢’);

hold on;

TTT = abs(V);

signal = TTT(ftest + 1)*;

noise = 0;

bwi = BW/(fs/Nfft);

no = [TTT(1:ftest), TTT(ftest+2:bwi)];
for iww = 1:bwi-1

noise = noise + no(iww)*no(iww);
end

ns(iwq) = noise;

SQ(iwq) = (10* log10(signal/noise))
end

figure

semilogx(2.'is),SQ);
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Appendix B

DS modulator coefficients

These coeflicients are used in ADICE simulator of Analog Devices
set flsb = 0.2/(8/5) ;flash ADC LL.SB
set visb = 2/10/(8/5) ;direct feedback VDAC LL.SB
set sc = 1/1.04 ;input scale
set g1 1=0 ;conductance between S1 and input of first stage
set g12=-49.51u ;conductance between s2 and input of first stage
set glu=3.623m ;conductance between input and input of first stage
set rn1=72.13 ;non-ideality model of first integrator model
set c1=578.3f ;first integrator capacitance
set e1=0 ;summing block coefficients of s1
set ilsb1=-447.3u ;first feedback IDAC ilsb (thermal code IDAC)
set ¢2=100f ;second integrator capacitance
set g21=1.186m ;conductance between sl and input of second stage
set g22=0
set g2u=0
set €2=252.6m*10/(8/5)/1.4 ;summing block coeflient of s2
set ilsb2=-148.1u ;second feedback IDAC ilsb
set ev=-18.83m*100/1.2/1.4 ; summing block coeflicient of direct feedback VDAC
set rn2=224 8 ;non-ideality model of second integrator model

set eu=0 ;summing block coefficients of input

83



84



Appendix C

ADICE simulation script

This script includes sizes of transistor-level circuits, DS modulator coefficients and signal

analysis script.

sett = 1/(16G)

set f = 16G

set tbin =9

set bw = 250me

set osr = f/(2*bw)

set npts = 256*0sr*8/16
set fsin = f/npts*fbin

setvdd = 1.8

************Clk set up o kokskok

set velk = 1

set clkh = vclk-0.2

set clkl = vclk

set low_voltage = 0.8
set high_voltage = |

set high_threshold = 0.9

set low_threshold = 0.9
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*****************‘k*ldac parameter*********

set dwin = 0.8u

setdwl = 4u
set dw2 = 60u
setdll =0.12u
set d12 = 10u

set ibias = 447.3u
set ib1as2 = 148.1u

ool dokdckaok kR ¥ comparator parameter

set vpos = 0.9
set tdege = 125
set ww= 24u

set ww2 = 9u

set wb = 2.5u .
set wb2 = 2.5u
set wb3 = 1.2u

set wl = 10u
set wnn = 4.02u
set welk = 2u
set cload = 30f
set rr = 50
setrload = 1T
set 12 = 250
setrl =400

set r = 500/2
set vem = 1.25
set bias = 0.75
set pre_bias = 0.75

%*‘%‘*******************Op amp********-k**
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set vddop = 3
set offset = 1.5
set pl = 6u
setnl = 3u

set nnl = 10u
set ppl = 10u
setrol = 1k
setnlc = 12u
setrol = 1k
set vbias = 1.7
set vbias2 = 2.1
set ibiasl = Im*1.0
set pl2 = 6u

set nl2 = 3u

setnlc?2 = 12u

shofsklsf ol ROkt R kR ok o o f ok R

set flsb = 0.2/(8/5)
set vlsb = 2/10/(8/5)
setsc = 1/1.04

set gl 1=0

set g12=-49.51u
set glu=3.623m
setrnl1=72.13

set c1=578.3f
setel=0

set ilsb1=-447.3u
set veft1=1

set ¢2=100f

set g21=1.186m
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set g22=0

set g2u=0

set veff2=1

set €2=252.6m*10/(8/5)/1.4

set ilsb2=-148.1u

set ev=-18.83m*100/(8/5)*(8/5)/1.2/1.4
set rn2=224.8

set eu=0

*****tk************coeﬁ' finish F#F & & kEkHxk

monte = |

xyz=18

eval ad_random(’seed”,xyz)

sim sdct test8_flash_idac op3.ckt
set t]l = 1/fsin+10n

set t2 = (fbin+1)/fsin+10n

q=0

***hann square window

while (qjnpts)

han[q] = (0.5*%(1-cos(2*pi*q/(npts-1))))**2
ptime2[q]=t1+q*(t2-t1)/npts

q=q+l

endwhile

alter savetime = 1

sweep time from t1 to t2 by (t2-t1)/npts
*sweep time from t1 to t2

go

timex =adi_waveform(”indep_array”,v(out))
outx = wilt(v(out)*4, npts,t1,t2-(t2-t1)/npts,2)
outx2 = wift(v(out2)*4 npts,t1,t2-(t2-t1)/npts,2)
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outxa =wiTt(v(u[1],u[0])*4,npts,t1,t2-(t2-t1)/npts,2)
outxdb = wittdb(v(out)*4,npts,t1,t2-(t2-t1)/npts,2)
outxdb2 = wiftdb(v(out2)*4,npts,t1,t2-(t2-t1)/npts,2)
outxadb =wfttdb(v(u[1],u[0])*4,npts,t1,t2-(t2-t]1)/npts,2)
outtx =adi_waveform(’dep_array”,outx)

outtx2 =adi_waveform(”dep_array”,outx2)

outtxa =adi_waveform(’dep_array”,outxa)
inband_bins_max = npts/(2*osr)

vvv =adi_waveform(”’dep_array”,v(out))
*#xkapply hann square window *#%#%

ppp=0

while (ppp j npts)
outju[ppp]=han[ppp]*vvvippp]
ppp=ppp+1

endwhile

hanned2 = adi_waveform(”make”,’indep_array”,ptime2,’indep_name”,’time”, dep_array”,outju,”’dep_nam
outhan = fft(hanned2*4,npts,t1,t2-(t2-t1)/npts)
outhandb = fftdb(hanned2*4,npts,t1,12-(t2-t1)/npts)
outhanx =adi_waveform(”dep_array”,outhan)

ooop =0

signal = 0

signal2 =0

noise2 =0

noise = 0

signal3 =0

noise3=0

signal4=0

noise4=0
#*#*calculate in-band signal and noise™***
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while (ooopj=inband_bins_max)

if ((ooop == fbin - 1) or (ooop == fbin) or (ooop==fbin+1))

signal = abs((outtx[ooop]))**2 + signal

signal2 = abs((outtx2[ooop]))**2 + signal2

signal3 = abs((outtxa[ooop]))**3 + signal3

ooop=000p+1

else

noise = noise + abs((outtx[ooop]))**2

noise2 = noise2 + abs((outtx2[ooop]))**2

noise3 = noise3 + abs((outtxa[ooop]))**2

ooop=oo0op+1

endif

endwhile

ooop=0

while (ooop;j=inband_bins_max)

if ((ooop == fbin - 1) or (0oop == fbin) or (coop==fbin+1) or (ooop == fbin-2) or
(ooop == ftbin+2))

signal4 = abs((outhanx[ooop]))**2 + signal4

ooop=ooop+1 else

noise4 = noise4 + abs((outhanx[ooop]))**2

000op=000p+1

endif

endwhile

SNDR = db(signal/noise)/2

SNDR?2 = db(signal2/noise2)/2

sndr3 = db(signal3/noise3)/2

sndr4 = db(signal4/noise4)/2

plot v(out),v(u[1],u[0]),v(out2);<i0>v(dfb[1]),<i0>v(dfb[0]);<i0O>v(y[1]),<i0>v(y[0]);<iO>v(x 1[1]),<

radar window new

plot mark outxdb vs log freq
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radar window new

plot mark outxdb2 vs log freq
radar window new

plot mark outhandb vs log freq

print sndr,sndr2,sndr3,sndr4
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